


 
 

ABSTRACT 

Miniaturized Electron Paramagnetic Resonance (EPR) 

Spectrometer Based on a Fully-Integrated Full-Duplex 

Transceiver in Silicon  

by 

Xuebei Yang 

Electron Paramagnetic Resonance (EPR) or Electron Spin Resonance (ESR) 

phenomenon is based on the interaction of electromagnetic radiation with electron 

magnetic dipole moment in the presence of a DC magnetic field. It has a broad range of 

applications, including cancer detection and treatment, magnetic nanoparticle detection, 

biomedical sensing, and flow assurance in oil and gas industry. However, conventional 

EPR spectrometers are typically bulky, heavy, and expensive. Therefore, the utilization of 

EPR has long been restricted inside laboratories. 

In this dissertation, we address the deficiencies of conventional EPR spectrometers 

by integrating the entire electrical transceiver onto a single silicon chip. The resulting 

spectrometers are therefore small, light-weighted, and cost-effective. Specifically, three 

works will be presented in this dissertation. 

Firstly, we introduce the first continuous-wave (CW) absorption-power-based EPR 

spectrometer based on a single-chip transceiver. The transceiver has a tunable operation 

frequency from 885MHz to 979MHz. Utilizing a custom-built planar resonator, a EPR 

spectrometer is assembled and it successfully measures the EPR responses from a set of 

different samples, including DPPH powder, Fe2O3 nanoparticles, and Fe3O4 nanoparticles. 



 
 

During the operation of the first spectrometer, it is observed that the sensitivity of 

the system is limited by the transmitter self-interference signal. In order to mitigate this 

problem, we next introduce a single-chip transceiver with self-interference cancellation for 

EPR spectroscopy. The transceiver operates from 4.6GHz to 5.35GHz with a maximum 

transmitter output power of 22dBm. During the measurement, the self-interference 

cancellation circuit can cancel up to 38dB of self-interference signal. It improves the 

interference input-referred 1dB compression point from -25dBm to -8dBm, and increases 

the receiver gain by up to 15dB. Utilizing this transceiver, the EPR spectrometer sees a 

drastic improvement of more than 10dB in sensitivity even under a significantly lower 

isolation between the transmitter and the receiver. Moreover, for the first time, it enables a 

frequency-sweep method for the EPR measurement. 

In order to further improve the sensitivity of the EPR spectrometer, thirdly, we 

present a single-chip 3.8GHz-5.2GHz transceiver with an upgraded self-interference 

cancellation circuit, whose noise contribution to the receiver is significantly reduced. In 

the measurement, the receiver achieves a noise figure of 3.1dB/6.3dB at 10MHz/50kHz 

baseband frequencies when the transmitter and the cancellation circuit are off. The 1/f noise 

corner is 60kHz. When the transmitter and the cancellation circuit are turned on, at -10dBm 

interference power, the noise figure is 6.8dB/11.1dB at 10MHz/50kHz baseband 

frequencies. This is lower by 5.6dB/9.6dB at 10MHz/50kHz baseband frequencies 

compared to the noise figure with the cancellation circuit off at the same interference power. 

Utilizing this transceiver, the sensitivity of the EPR spectrometer is further improved by 

10dB compared to the spectrometer in our second work. 



 

 

Acknowledgments 

I would like to express my sincerest gratitude to my advisor, Prof. Aydin Babakhani 

for all his guidance, patience and support throughout the PhD study. Aydin has spent 

countless hours teaching me technical skills hand by hand, listening to me and guiding me 

to be a better researcher. When I encountered obstacles during my PhD life, getting rejected 

from a top conference or messing up an expensive tapeout, what I received from Aydin 

was always encouragement to overcome these obstacles instead of blame and criticism. I 

couldn’t ask for any more from an adviser. Without the help and encouragement from 

Aydin, this dissertation would never be possible. 

I am grateful to my defense committee members Prof. Edwards W. Knightly, Prof. 

Junichiro Kono, and Prof. Douglas Natelson, as well as Prof. Behnaam Aazhang who 

served on my proposal committee, for their time and valuable comments. Despite their 

ever-increasingly busy schedule, they have continuously helped me to improve the quality 

of this dissertation. 

I would also like to thank Mr. Namik Kocaman and Dr. Hairong Yu for their help 

and guidance during my internship at Broadcom. As a manager and a principle engineer at 

a well-established company, they always had endless deadlines to meet and countless work 

to finish. However, they were always patient with me, again and again spending their 

valuable time helping me solve problems and improve technical skills.  

The members at Rice Integrated Systems and Circuits (RISC) lab are great and we 

have spent a wonderful five years together. I would like to thank Charles Chen, Mohammad 

M. Assefzadeh, Peiyu Chen, Himanshu Aggrawal, Yuxiang Sun, Babak Jamali, Dai Li, 



iv 
 

Mohammad Kazempour, Hamed Rahmani, Yaswanth K. Cherivirala, Tulong Yang, Sean 

Lu, and Payam Seifi, for their help on my research and life at Houston. 

Finally, I would like to thank my parents and my wife for their support during my 

PhD study. No matter what obstacles I face and how desperate and frustrated I am, they 

have never lost faith in me and have always supported me with their deepest love. I cannot 

imagine how I could finish my PhD journey without their support behind me. 

 



 

 

Contents 

Acknowledgments ............................................................................................................ iii 

Contents ............................................................................................................................. v 

List of Figures ................................................................................................................... ix 

List of Tables ................................................................................................................... xv 

List of Equations ............................................................................................................ xvi 

Chapter 1. Introduction ................................................................................................... 1 

1.1. Organization ............................................................................................................. 7 

Chapter 2. Background .................................................................................................. 10 

2.1. Background on EPR ............................................................................................... 10 

2.2. Background on EPR spectrometer ......................................................................... 19 

2.2.1. Architecture of the absorption-power-based EPR spectrometer ..................... 20 

2.2.2. Sensitivity of the absorption-power-based EPR spectrometer ........................ 25 

2.3. Chapter summary ................................................................................................... 26 

Chapter 3. Prior Works on Miniaturized EPR Spectrometers .................................. 27 

3.1. A 9GHz EPR spectrometer .................................................................................... 28 

3.2. A 27GHz EPR spectrometer .................................................................................. 30 

3.3. Summary of prior works ........................................................................................ 31 

Chapter 4. A Single-Chip Electron Paramagnetic Resonance Transceiver in 0.13μm 

SiGe BiCMOS.................................................................................................................. 33 



vi 
 

4.1. Design considerations ............................................................................................ 34 

4.2. Transceiver design .................................................................................................. 38 

4.2.1. 900MHz VCO .................................................................................................. 40 

4.2.2. 900MHz transmitter buffers ............................................................................ 42 

4.2.3. 900MHz PA ..................................................................................................... 43 

4.2.4. 900MHz LNA .................................................................................................. 45 

4.2.5. Down-conversion mixer .................................................................................. 45 

4.2.6. Baseband amplifiers ......................................................................................... 46 

4.3. Resonator design .................................................................................................... 47 

4.4. Measurement results ............................................................................................... 50 

4.4.1. Transceiver measurement results ..................................................................... 50 

4.4.2. EPR spectrometer measurement ...................................................................... 55 

4.5. Chapter summary ................................................................................................... 61 

Chapter 5. A 4.6-5.35GHz EPR Transceiver with 38dB On-Chip Self-Interference 

Cancellation for EPR Spectroscopy .............................................................................. 63 

5.1. Transceiver architecture ......................................................................................... 65 

5.2. Transceiver design .................................................................................................. 69 

5.2.1. 5GHz VCO ...................................................................................................... 71 

5.2.2. 5GHz PA .......................................................................................................... 72 

5.2.3. 5GHz LNA ....................................................................................................... 73 

5.2.4. Self-interference cancellation block ................................................................ 75 



vii 
 

5.2.5. Down-conversion Mixer .................................................................................. 79 

5.3. Measurement results ............................................................................................... 80 

5.3.1. Transceiver measurement results ..................................................................... 80 

5.3.2. EPR spectrometer measurement results ........................................................... 85 

5.3.2.1. Traditional magnetic-field-sweep measurement ....................................... 85 

5.3.2.2. Frequency-sweep measurement ................................................................ 87 

5.4. Comparison with the previous spectrometer .......................................................... 90 

5.5. Chapter summary ................................................................................................... 92 

Chapter 6. A 3.8-5.2GHz EPR Transceiver with On-Chip Self-Interference 

Cancellation and Improved Noise Performance .......................................................... 94 

6.1. Impact of the voltage gain in the cancellation circuit on the RX NF ..................... 95 

6.2. Transceiver design .................................................................................................. 98 

6.2.1. 9GHz VCO and frequency divider .................................................................. 98 

6.2.2. 4.5GHz PA ..................................................................................................... 101 

6.2.3. 4.5GHz LNA .................................................................................................. 102 

6.2.4. 4.5GHz Gm-cell .............................................................................................. 104 

6.2.5. Down-conversion mixer ................................................................................ 105 

6.2.6. Baseband amplifiers ....................................................................................... 106 

6.2.7. Self-interference cancellation circuit ............................................................. 108 

6.3. Measurement results ............................................................................................. 115 

6.3.1. Transceiver measurement results ................................................................... 115 



viii 
 

6.3.2. EPR spectrometer measurement .................................................................... 123 

6.4. Conclusion ............................................................................................................ 125 

Chapter 7. Conclusion .................................................................................................. 127 

References ...................................................................................................................... 130 

 

 



 

 

List of Figures 

Figure 2.1: The split of energy levels of electrons in a spin ½ system. ....................... 13 

Figure 2.2: A typical EPR absorption curve. ............................................................... 17 

Figure 2.3: Architecture of a typical CW absorption-power-based EPR 

spectrometer. ................................................................................................................... 20 

Figure 3.1: Architecture of the single-chip detector reported in [41]. ....................... 29 

Figure 3.2:  Architecture of the single-chip detector reported in [42]. ...................... 30 

Figure 4.1: Architecture of the reported EPR spectrometer based on a fully-

integrated single-chip transceiver. ................................................................................ 34 

Figure 4.2: (a) Lumped circuit model for the PCB inductor. (b) Simulated R versus 

the square root of frequency. (c) Simulated ω0Q versus frequency. .......................... 36 

Figure 4.3: Architecture of the single-chip transceiver. .............................................. 38 

Figure 4.4:  Simulated NF of the receiver under different LNA gain values. ........... 39 

Figure 4.5: Schematic of the VCO. ................................................................................ 41 

Figure 4.6: Schematic of the transmitter buffers. ........................................................ 42 

Figure 4.7: Schematic of the PA. ................................................................................... 43 

Figure 4.8: Schematic of the LNA. ................................................................................ 44 



x 
 

Figure 4.9: Simulated noise figure of the LNA............................................................. 44 

Figure 4.10: Schematic of the mixer. ............................................................................. 46 

Figure 4.11: Schematic of the baseband amplifiers. .................................................... 47 

Figure 4.12: (a) An image of the fabricated resonator. (b) An image of the resonator 

with loaded sample. (c) The equivalent lumped circuit model of the resonator. ...... 48 

Figure 4.13: Measured reflection coefficient of the resonator. ................................... 49 

Figure 4.14: Layout of the designed chip. ..................................................................... 50 

Figure 4.15: Micrograph of the fabricated transceiver. .............................................. 51 

Figure 4.16: PCB assembly for the chip testing. .......................................................... 51 

Figure 4.17: Measured tuning range of the VCO. ....................................................... 52 

Figure 4.18: Measured phase noise of the VCO. .......................................................... 52 

Figure 4.19: Measured transmitter output power versus frequency. ........................ 53 

Figure 4.20: Measured receiver conversion gain versus baseband frequencies. ....... 54 

Figure 4.21:  Measured conversion gain of the receiver versus the input RF power.

........................................................................................................................................... 54 

Figure 4.22: Measured EPR signal voltage of DPPH. ................................................. 57 

Figure 4.23: Measured EPR signal voltage of Fe2O3 nanoparticle. ............................ 58 



xi 
 

Figure 4.24: Measured EPR signal voltage of Fe3O4 nanoparticle. ............................ 58 

Figure 5.1: Architecture of a conventional EPR spectrometer. .................................. 66 

Figure 5.2: Architecture of the reported transceiver with self-interference 

cancellation. ..................................................................................................................... 67 

Figure 5.3: Simulated NF of the RX frond-end. ........................................................... 68 

Figure 5.4: Architecture of the reported transceiver. ................................................. 70 

Figure 5.5: Schematic of the VCO. ................................................................................ 72 

Figure 5.6: Schematic of the PA. ................................................................................... 73 

Figure 5.7: Schematic of the LNA. ................................................................................ 74 

Figure 5.8: Schematic of the attenuator. ....................................................................... 75 

Figure 5.9: Schematic of the I/Q generation block. ...................................................... 76 

Figure 5.10: Schematic of the phase shifter. ................................................................. 78 

Figure 5.11: Schematic of the VGA. .............................................................................. 79 

Figure 5.12: Layout of the transceiver chip.................................................................. 80 

Figure 5.13: Micrograph of the fabricated transceiver chip....................................... 81 

Figure 5.14: Measured VCO frequency versus the tuning voltage. ........................... 82 

Figure 5.15: Measured TX output power versus frequency. ...................................... 83 



xii 
 

Figure 5.16: Normalized self-interference power with cancellation circuit on and off.

........................................................................................................................................... 84 

Figure 5.17: The RX conversion gain with and without self-interfernece 

cancellation. ..................................................................................................................... 84 

Figure 5.18: Measured EPR response from DPPH powders in (a) linear scale and (b) 

log scale. ........................................................................................................................... 86 

Figure 5.19: Measured EPR response from a MgO-Cr+ crystal in (a) linear scale and 

(b) log scale. ..................................................................................................................... 88 

Figure 5.20: The measured EPR response of DPPH powder using the frequency-

sweep method in (a) linear scale and (b) log scale........................................................ 89 

Figure 6.1: The RX front-end used in simulation. ....................................................... 95 

Figure 6.2: Simulated RX NF against different voltage gain of the cancellation 

circuit. .............................................................................................................................. 96 

Figure 6.3: Architecture of the transceiver. ................................................................. 97 

Figure 6.4: Schematic of the VCO. ................................................................................ 99 

Figure 6.5: Schematic of the frequency divider. ........................................................ 100 

Figure 6.6: Simplified view of the frequency divider................................................. 101 

Figure 6.7: Schematic of the PA. ................................................................................. 102 



xiii 
 

Figure 6.8: Schematic of the LNA. .............................................................................. 103 

Figure 6.9: Schematic of the Gm-cell. .......................................................................... 104 

Figure 6.10: Schematic of the current-mode passive mixer. ..................................... 105 

Figure 6.11: Schematic of the baseband amplifiers. .................................................. 106 

Figure 6.12: Schematic of the self-interference cancellation circuit. ....................... 107 

Figure 6.13: Illustration for the inductor-assisted tuning for varactor capacitance. 

(a)  ideal inductor and (b) real inductor with a finite quality factor. ....................... 109 

Figure 6.14: (a) Simulation results for the dividing ratio under different inductor Q. 

(b) Simulation results for the phase shift of the divider output under different 

inductor Q. ..................................................................................................................... 113 

Figure 6.15: Simulated noise power at the LNA output and the cancellation circuit 

output when the gain of the cancellation circuit is set at the maximum value. ....... 114 

Figure 6.16: Layout of the transceiver chip................................................................ 115 

Figure 6.17: Micrograph of the fabricated transceiver chip..................................... 116 

Figure 6.18: Measured frequency tuning range of the TX signal............................. 116 

Figure 6.19: Measured TX output power versus frequency. .................................... 117 



xiv 
 

Figure 6.20: (a) Measured self-interference cancellation at 4.3 GHz under different 

interference power and phase. (b) Measured self-interference cancellation at -

10dBm interference power under different frequencies. .......................................... 118 

Figure 6.21: Measured 1dB compression point of the RX with and without the 

cancellation circuit. ....................................................................................................... 120 

Figure 6.22: Measurement results for the NF of the RX. .......................................... 121 

Figure 6.23: Measured EPR response from the DPPH sample. ............................... 124 

 



 

 

List of Tables 

Table 1: Comparison with prior integrated transceivers for EPR spectrometers .... 59 

Table 2: Performance comparison between the new spectrometer and the 

spectrometer reported in Chapter 4. ............................................................................. 91 

Table 3: Performance comparison between the reported transceiver with 

previously-published in-band full-duplex transceivers. ............................................ 122 

 



 

 

List of Equations 

Equation 1: Energy of a magnetic dipole. ..................................................................... 11 

Equation 2: Current generated from a charged particle. ........................................... 12 

Equation 3: Magnetic moment of a charged particle. ................................................. 12 

Equation 4: Magnetic moment from an electron. ........................................................ 13 

Equation 5: Possible energy levels of an electron inside magnetic field B. ................ 14 

Equation 6: Requirements to excite the electron transistion. ..................................... 15 

Equation 7: The ratio between the number of electrons oppucying a low energy level 

and the number of electrons oppucying a high energy level. ...................................... 15 

Equation 8: Effective magnetic field experienced by an electron............................... 18 

Equation 9: Expression of the effective magnetic field using a effective Zeeman 

factor. ............................................................................................................................... 18 

Equation 10: Sensitivity of a CW absoprtion-power-based EPR spectrometer. ...... 25 

Equation 11: Resonance frequency of a parallel LC network. ................................... 41 

Equation 12: Input impedance of a transmission line terminated by a short-circuit 

load. .................................................................................................................................. 74 

Equation 13: Relationship of R and C in the I/Q generation block. ........................... 77 



xvii 
 

Equation 14: Variation of the amplitude of the divider output. ............................... 109 

Equation 15: Admittance of a parallel LC network. .................................................. 110 

Equation 16: Effective capacitance of a parallel LC network................................... 110 

Equation 17: Tuning range for the effective capacitance of a parallel LC network.

......................................................................................................................................... 110 

Equation 18: Admittance of a parallel LC network with a inductor of a finite quality 

factor. ............................................................................................................................. 111 

Equation 19: Tuning range of the dividing ratio of the divider when an inductor 

with finite quality factor is placed in parallel with the varactor. ............................. 111 

 



 

1 
 

Chapter 1 

Introduction 

During the mid-40s of the last century, several important inventions were made, the 

impacts of which were so strong that they have remained highly-influential even today. For 

one example, in the year of 1945, the human race first witnessed the mighty power of 

nuclear weapons. Since then, ever-increasingly-powerful weapons have been created from 

the potent nuclear energy, while the same energy has also been utilized to generate 

electricity, which has lighted up the home of millions in the world and brought countless 

joy and smiles to people. For another example, around the same time when nuclear 

weapons were invented, the great ancestors of modern computers, such as Electronic 

Numerical Integrator And Computer (ENIAC) [1] and Colossus [2], were also introduced 

to the world. Nowadays, their descendants have long become an integral part of our 

everyday lives. We use them to work, to entertain, to communicate, to study, and for many 

of us, it would be impossible to imagine how lives could continue if computers are 

suddenly deprived from us.  
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Compared to these great inventions, when Zavoisky first observed the interesting 

physical phenomenon of Electron Paramagnetic Resonance (EPR) in mid-1940s [3], much 

less attention was drawn to this discovery. For common people having common lives, this 

physical phenomenon seems too far away from the everyday lives they are familiar with. 

Over seventy years have passed since the initial discovery. At first glance, it doesn’t seem 

that things have changed too much compared to the situation seventy years ago. Nowadays, 

the equipment to perform EPR measurement is still highly costly, bulky, and complicated, 

and the application of EPR is still within a small amount of universities and research labs. 

Chemists are using EPR spectroscopy to study the magnetic properties of high-nuclearity 

transition-metal complexes [4, 5, 6]; material scientists are using this technique to 

characterize the point defects in semiconductor lattice, including silicon, silicon carbide, 

zinc oxide, and etc [7, 8, 9]; geophysicist and petroleum engineers are using it to study the 

concentration of different types of materials in the oil sample, such as asphaltene and 

vanadyl complex VO2+ [10, 11, 12]. For most of the common people, these applications 

have hardly any connections with their normal lives, and it doesn’t seem ridiculous to 

predict that EPR will never have any direct impact on their lives in future. 

Interestingly, while it may sound unbelievable nowadays, similar predictions have 

also been made towards computers as well. When computers were in their infantry stage, 

Professor Douglas Hartree, one of the pioneers in computer design and also a fellow of 

Royal Society in the United Kingdom, predicted that “All the calculations that would ever 

be needed in this country could be done on the three digital computers…No one else would 

ever need machines of their own, or would be able to afford to buy them.” [13] From 

today’s perspective, this prediction seems rather amusable. However, it wouldn’t be 
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difficult to understand why such prediction was made if we consider the form of computers 

at his time. When ENIAC was introduced in 1946, it had to be housed in a room 30 by 50 

feet and consumed a power of 130kW. Moreover, of the time when ENIAC might have 

been used to perform computing, 25% of the time was used to setup the problem and 

another 25% of the time was used to repair the machine [14]. Clearly, it wouldn’t be 

difficult to image that a common people may never want or afford to own such a bulky, 

power-hungry and unreliable monster. However, nowadays, thanks to the advancement of 

technology, computers have been substantially improved. They are tremendously faster, 

smaller, lighter, consume much less power and yet cost a tiny fraction of their ancestors. 

The result of this unbelievable evolvement is, more than one billion computers are being 

used nowadays across the globe [15]. Therefore, if anyone from our era who has witnessed 

the power of computers could go back to the last century, it is for sure that he/she would 

oppose to Professor Douglas Hartree’s comment by claiming that the need for computers 

was simply limited by their capability at that time. Once the computer has evolved to a 

better form, the need would be sky-high, allowing it to unleash its full power and to create 

a huge impact on the human society. 

After visiting the stories of computers, it would be interesting to re-evaluate the 

prediction for EPR. The current EPR spectrometers, which are the equipment used to 

perform EPR measurements, are like computers in their early stages: large, heavy, costly, 

and complicated to use. What would happen if EPR spectrometers could undergo the same 

improvement and evolvement that computers have experienced? Would their applications 

still be limited in a few universities and labs, or would they create a much more significant 
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influence on the human race? To answer these questions, it is beneficial to visit a few recent 

studies and discoveries in EPR spectroscopy: 

1. In the United States, the cumulative lifetime risk for an invasive melanoma is 

estimated at 1/75. This number is 1/25 in Australia [16]. While the estimated 5-

year survival rate is nearly 100% for superficial melanoma diagnosed early, it 

is less than 10% for melanoma that has disseminated to major organs such as 

lungs [17]. Therefore, early detection of melanoma is crucial for favorable 

outcome of patients. Among various techniques, EPR spectroscopy has recently 

emerged as one of the most promising and effective approaches for early 

detection [18, 19].  

2. Among all the cancer treatments, radiation therapy is one of the most 

commonly-used method. For example, among women diagnosed with early 

stage breast cancer, over 50% of them will receiver radiation therapy during 

their illness. This number is 45% for patients with early-stage testicular cancers 

caused by testicular germ cell tumors [20]. During the radiation treatment, the 

concentration or partial pressure of oxygen (pO2) is a crucial factor affecting 

the response of tumors and it should be closely monitored. Among all the 

existing techniques, EPR spectroscopy provides the only way to monitor pO2 

directly and non-invasively. Moreover, it is capable of providing detailed pO2 

information from the same area over an extended period of time, making it ideal 

for the measurement during the course of treatment [21, 22, 23].  

3. In many applications, it is usually important, and sometimes crucial, to closely 

monitor the concentration of certain materials in order to obtain a favorable 
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outcome. For example, in oil and gas industry, the concentration of asphaltene 

in the crude oil is of great importance in flow assurance [10]; in winery industry, 

people would like to know the concentration of ions such as Mn2+ in the wine 

because they serve as natural antioxidant and increase the value of the wine [24, 

25]; in automobile industry, it is desirable to monitor the concentration of free 

radicals in the engine lubricant as it is a good indication of the aging of the 

lubricant [26, 27]. For many of these applications, EPR spectroscopy usually 

provides the best, and sometime the only solution. 

The aforementioned studies represent only a small portion of recent progresses in 

EPR spectroscopy. Clearly, after several decades’ investigation and research, there have 

emerged many new applications that demand the adoption of EPR spectroscopy outside 

laboratories. Unfortunately, the development of EPR spectrometers has been left behind. 

For many of these applications, existing EPR spectrometers are simply too large, too heavy, 

and too costly. With the current EPR spectrometers, doctors and patients cannot afford to 

constantly perform EPR spectroscopy measurement; it is also impossible to massively 

deploy these spectrometers alongside the oil pipeline to monitor the concentration of 

asphaltene in real time. Just like computers in the old days, the current form of EPR 

spectrometers has significantly limited the potential application of EPR spectroscopy. 

After seventy years of its discovery, EPR spectroscopy is finally about to move outside 

laboratories and create a much larger impact on the human society, but this move would 

be impossible without a novel miniaturized EPR spectrometer, a spectrometer that is 

significantly smaller, lighter, and cheaper, just like computers nowadays compared to their 

ancestors. 
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How shall we build a miniaturized EPR spectrometer? As will be illustrated later 

in this dissertation, the bottleneck that limits the miniaturization of the conventional EPR 

spectrometer is the electrical transceiver, which is traditionally implemented using a large 

number of discrete and expensive components. Nowadays, thanks to the advanced 

integrated circuit technology, billions of transistors have been integrated onto a single chip 

at an extremely low cost, allowing it to have tremendous computation power and 

functionality [28, 29, 30]. Therefore, at first glance, one may find it difficult to understand 

why the miniaturization of electrical transceiver is even a problem and why it has not been 

done for such a long time. After all, if an ultra-complicated processor can be integrated 

onto a tiny chip, why can’t we just easily put the entire electrical transceiver onto a single 

chip as well at a very low cost, achieving the miniaturization of the transceiver and hence 

the EPR spectrometer?  

In reality, miniaturizing the electrical transceiver requires far more efforts than it 

seems. Firstly, for a typical EPR spectrometer, the core part of the electrical transceiver 

consists of a large amount of radio-frequency (RF)/analog circuits. While the scaling of 

CMOS technology has enabled increasingly powerful and power-efficient digital circuits, 

RF/analog circuits do not always benefit as much from the scaling of technology. For 

example, as the size of transistor shrinks, the breakdown voltage reduces as well [31], 

making it increasingly difficult to generate power. Moreover, as the supply voltage 

decreases, some circuit topologies, such as the ones requiring multi-layer transistor 

stacking, gradually become obsolete [32]. This significantly increases the difficulty in 

circuit design and calls for innovative design techniques. Therefore, although transistors 
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tend to have higher fT/fmax as technology scales, designing a high-performance RF/analog 

circuit at advanced technology nodes remains a very challenging task. 

Secondly and more importantly, if the entire transceiver is integrated onto a single 

silicon chip, its operation may face a number of new challenges, which do not exist when 

the transceiver is implemented using a large amount of discrete components. For example, 

different circuit blocks on the same chip may interfere with each other through capacitive 

coupling and substrate coupling, altering each other’s behavior and potentially destroying 

the entire system. Fortunately, some of these challenges also appear in circuits designed 

for other applications, such as wireless communication, so we may be able to find good 

solutions to these problems in prior publications [33]. However, some challenges are so 

unique that they only show up in EPR spectroscopy. Therefore, creative solutions have to 

be proposed to overcome these obstacles, otherwise the miniaturization efforts will be in 

vain. 

At this point, let us summarize the introduction chapter. During this chapter, the 

urgent necessity for a miniaturized EPR spectrometer is first identified. The bottleneck is 

then narrowed down to the design of a single-chip electrical transceiver using advanced 

integrated circuit technology. Finally, the design challenges for the fully-integrated EPR 

transceiver are described. 

1.1. Organization 

The organization of this dissertation is as follows: 



 
8 

Chapter 2 presents the background for this dissertation. Firstly, the basic physics 

concept of EPR is introduced. As a comprehensive review of EPR would require 

sophisticated quantum physics theory, which is out of the scope of this dissertation, a semi-

classical approach is adopted to illustrate the basic concepts for EPR. Secondly, we present 

the architecture of a typical EPR spectrometer. Specifically, we focus on the continuous-

wave absorption-power based EPR spectrometer, which is one of the most commonly-used 

type of spectrometer and also the miniaturization target of this dissertation. The 

functionality of each component in the spectrometer as well as the sensitivity of the system 

will be discussed in detail, and the operation of the spectrometer will be introduced. 

Chapter 3 introduces the prior efforts towards a miniaturized EPR spectrometer. To 

the best knowledge of the authors, there have been no prior works trying to integrate the 

electrical transceiver of a continuous-wave absorption-power-based EPR spectrometer 

onto a single chip. Therefore, two miniaturization efforts that targeted at continuous-wave 

frequency-shift-based EPR spectrometers will be introduced. As will be described in the 

chapter, the integration level of existing works remains low, and the operation of the 

spectrometer is rather inconvenient and complicated. 

Chapter 4 presents our first work in implementing a miniaturized EPR spectrometer. 

The core part of this spectrometer is a custom-designed single-chip transceiver, which 

includes all the RF circuits required for EPR spectroscopy. The design of the transceiver 

will first be discussed in great detail. Next, measurement results for the transceiver will be 

given. Utilizing this transceiver and a custom-built printed-circuit-board (PCB) resonator, 

a proof-of-concept EPR spectrometer has been assembled. The spectrometer successfully 

measures the EPR response from several different samples, including DPPH powder, Fe2O3 
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nanoparticles, and Fe3O4 nanoparticles. This demonstrates the feasibility and functionality 

of our design. 

During the operation of the proof-of-concept transceiver, a bottleneck that limits 

the sensitivity of the EPR spectrometer has been identified. This bottleneck is the 

transmitter self-interference problem. In order to overcome this problem and to increase 

the sensitivity of the EPR spectrometer, a new transceiver that includes a transmitter self-

interference cancellation circuit is implemented. This transceiver will be described in 

Chapter 5. Utilizing this transceiver, a new EPR spectrometer has been built. The 

sensitivity of this spectrometer improves drastically by over 10dB from our first work 

under a much lower isolation between the transmitter and the receiver, demonstrating the 

effectiveness of our solution. 

In Chapter 6, an improved design for the EPR transceiver with an upgraded self-

interference cancellation circuit will be presented. By minimizing the noise contribution 

from the self-interference cancellation circuit, the noise figure of the receiver is greatly 

reduced. Based on this new transceiver, the assembled EPR spectrometer further improves 

the sensitivity by another 10dB compared to our second work.  

Finally, this dissertation is concluded in Chapter 7. 
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Chapter 2 

Background 

In this chapter, the physical concept of EPR will first be presented. Next, the 

architecture of a typical continuous-wave absorption-power-based EPR spectrometer will 

be discussed. 

2.1. Background on EPR 

Electron Paramagnetic Resonance is also known as Electron Spin Resonance. This 

phenomenon was first observed in mid-1940s by Zavoisky, who detected an RF absorption 

line from a CuCl2·2H2O sample [3]. EPR is based on the interaction of electromagnetic 

radiation with electron magnetic dipole moment in the presence of a static magnetic field. 

It is in concept highly similar to nuclear magnetic resonance (NMR). However, in NMR 

the magnetic moments that interact with electromagnetic radiation results from nuclei such 

as 1H and 13C [34]; while in EPR the magnetic moments arise from unpaired electrons. Due 

to the larger magnetic moment of electrons compared to nuclei (660 times larger compared 
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to 1H), the signal intensity per spin of EPR is considerably higher than that of NMR, giving 

EPR a distinct advantage over NMR in sensitivity per spin [3, 34, 35]. 

In the following part of this sub-chapter, the physical principle of EPR will be 

presented. A complete review of EPR would require a comprehensive treatment using 

quantum mechanics, which is out of the scope of this dissertation. Therefore, a semi-

classical approach is adopted to present the basic concepts of EPR.  

We begin by considering a magnetic dipole of moment �⃗� in a static magnetic field 

�⃗⃗�. Assuming the magnetic field �⃗⃗� is taken along the 𝑧 direction, the magnetic dipole will 

preserve a potential energy U of: 

𝑈 = −�⃗� ∙ �⃗⃗� = −𝜇𝐵cos(�⃗�, �⃗⃗�) = −𝜇𝑧𝐵 

Equation 1: Energy of a magnetic dipole. 

Here 𝜇𝑧 is the component of �⃗� along the 𝑧 direction. It is observed that for a given 

value of B, there exists a minimum energy −𝜇𝐵, corresponding to the situation where the 

angle between �⃗� and �⃗⃗� is 0º. There is also a maximum energy 𝜇𝐵, corresponding to the 

case where the angle between �⃗� and �⃗⃗� is 180º. 

Next, we consider the magnetic moment generated from a particle of mass m and 

charge q, which rotates with velocity v in a circle in xy plane with radius r. From classical 

physics, the particle possesses a magnetic moment of IA. Here, I is the current generated 

by the electron and A is the area of the circuit it is rotating in. The current I generated by 

this charged particle, which is defined as the amount of charge flowing through a cross-

section in a unit time, is evaluated as: 
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𝐼 =
𝑞𝑣

2𝜋𝑟
 

Equation 2: Current generated from a charged particle. 

Since A=πr2, the charged particle possesses a magnetic moment μz of 

𝜇𝑧 = ±
𝑞𝑣

2𝜋𝑟
∙ 𝜋𝑟2 = ±

𝑞

2𝑚
𝐼𝑧 = 𝛾𝐼𝑧 

Equation 3: Magnetic moment of a charged particle. 

Here the sign of μz is determined by the direction in which the charged particle rotates. Iz 

is the angular momentum of the particle. It can be expressed as 𝐼𝑧 = 𝑚𝑣𝑟. γ is denoted as 

magnetogyric ratio. It converts angular momentum to magnetic moment and can be 

expressed as q/2m. 

Now, let us consider the magnetic moment of an electron. Vaguely speaking, since 

an electron is a charged particle which rotates around the nuclei and generates a current 

loop, the magnetic moment of an electron can also be expressed using Equation 3. For an 

electron, the magnetogyric ratio is equal to -ge/2me, where e is the charge of an electron 

and g is known as the Zeeman splitting constant or g factor. In a measurement conducted 

in 2006, Zeeman splitting constant was measured to be 2.0023193043617 for free electrons 

[36]. Meanwhile, resulted from the electron spins, an electron possesses a spin angular 

momentum of ℏ𝑀𝑠  in the z direction, where ℏ is the Planck’s constant and Ms is the 

secondary spin quantum number. For a simple spin ½ system, the possible values of Ms are 

±½. Substituting Iz in Equation 3 using the electron spin angular momentum, the spin 

magnetic moment μz of an electron can be derived as: 



 
13 

𝜇𝑧 = −
𝑔𝑒

2𝑚
∙ ℏ𝑀𝑠 = −𝑔𝛽𝑀𝑠  

Equation 4: Magnetic moment from an electron. 

Here β is named as the Bohr magneton. It is evaluated as 𝛽 =
𝑒ℏ

2𝑚
= 9.2740154 ×

10−24 JT−1. The negative sign from the equation arises from the fact that the charge of an 

electron is negative. 

 

Figure 2.1: The split of energy levels of electrons in a spin ½ system. 

If an electron is placed inside a static magnetic field B, according to Equation 1 and 

substitute 𝜇𝑧 using Equation 4, the electron would have a set of possible energy levels, as 

shown in the following equation: 

B0B0=0

Ms

+1/2

-1/2

ΔU=gβB0 

Uupper=+1/2gβB0

Ulower=-1/2gβB0
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𝑈 = 𝑔𝛽𝐵𝑀𝑠 

Equation 5: Possible energy levels of an electron inside magnetic field B. 

For a spin ½ system, where the possible values of Ms are +½ and -½, there are two 

possible energy states. 𝑈upper =
1

2
𝑔𝛽𝐵, 𝑈lower = −

1

2
𝑔𝛽𝐵, and ∆𝑈 = 𝑈upper − 𝑈lower =

𝑔𝛽𝐵, as shown in Figure 2.1. Note that in this case, the difference in the energy levels ∆𝑈 

will be proportional to the magnetic field B. In an atomic system, the Pauli exclusion 

principle illustrates that no more than two electrons can occupy a given orbital. When two 

electrons occupy any given orbital, their secondary spin quantum numbers Ms have to be 

different. Therefore, if a chemical species always has paired electron, both of these two 

energy states 𝑈upper and 𝑈lower will be occupied and an electron transition cannot happen. 

On the other hand, if one chemical species has unpaired electron, at least one orbital will 

contain only one electron. Therefore, one energy state will be vacant and an electron 

transition is possible.  

For those chemical species with unpaired electron, an electron transition from 

𝑈lower  to 𝑈upper  may be induced by an excitation energy. This excitation energy is 

generally realized in the form of electromagnetic energy. Specifically, an electron 

transition may be excited by an electromagnetic field B1 with appropriate frequency ω such 

that the photon energy satisfies 
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ℏ𝜔 = ∆𝑈 = 𝑔𝛽𝐵 

Equation 6: Requirements to excite the electron transistion. 

The frequency ω typically falls into the region of microwave frequency. As a matter of fact, 

most of the EPR research thus far has been conducted in the frequency range between 

1GHz to 100GHz [3]. Besides the criteria shown in Equation 6, the transition also poses 

requirement for the angular momentum of the incoming photon. A detailed explanation for 

this requirement would require a sophisticated derivation in quantum mechanics, which is 

out of the scope of this dissertation and hence is omitted here. The consequence of the 

second requirement is that the direction of the field B1 has to be perpendicular to the 

direction of the static magnetic field B [3]. When both of the requirements are satisfied, an 

electron transition may happen, where the electron would absorb the incoming 

electromagnetic energy and transits from 𝑈lower to 𝑈upper.  

While an incoming photon with proper frequency ω may be absorbed by an electron 

and excites a transition between different energy levels, for any particular sample with a 

huge amount of electrons, the electrons in the low energy level must out-number the 

electrons in the high energy level in order to have a net absorption of microwave energy. 

This requirement is usually guaranteed through Boltzmann distribution: 

𝑛(𝑈lower)

𝑛(𝑈upper)
= 𝑒

∆𝑈
𝑘𝑇  

Equation 7: The ratio between the number of electrons oppucying a low energy level 

and the number of electrons oppucying a high energy level. 
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Here n(E) is the number of electrons that possesses an energy E. k is the Boltzmann 

constant; T is the temperature in Kelvin; ∆𝑈 is the energy difference between 𝑈upper and 

𝑈lower. Clearly, n(𝑈lower) is always larger than n(𝑈upper). On the other hand, the extent 

of net absorption is determined by the difference between n(𝑈lower) and n(𝑈upper). As 

𝑛(𝑈lower)

𝑛(𝑈upper)
 increase, the net absorption will become stronger. From the equation, it is 

observed that when the temperature drops, the ratio between n(𝑈lower) and n(𝑈upper) 

would increase. As an illustrative example, assuming that the microwave frequency is 

1GHz, the ratio between n(𝑈lower) and n(𝑈upper) is 1.00016 if the temperature is 300K. 

If the temperature drops to 10K, the ratio would increase to 1.0048. Moreover, the ratio 

between n(𝑈lower) and n(𝑈upper) would also increase if ∆𝑈 becomes larger. For example, 

if the microwave frequency is 10GHz, the ratio between n(𝑈lower) and n(𝑈upper) would 

increase to 1.0016 and 1.049 if the temperature is 300K and 10K, respectively. 

The discussion so far has introduced the very basic concept of EPR. It suggests that 

for a given microwave frequency ω, the absorption of the microwave energy will only 

occur at a particular magnetic field B which satisfies ℎ𝜔 = 𝑔𝛽𝐵. In other words, if the 

microwave frequency ω is fixed while the absorption of microwave energy is plotted versus 

the magnetic field B, there would be a single line at 𝐵0 = ℎ𝜔/𝑔𝛽, where g is equal to the 

Zeeman splitting constant of a free electron. In reality, fortunately, this is not the case, 

otherwise the spectra of EPR would be extremely dull and boring as all the samples would 

show the same response. The following paragraphs will explain what a practical EPR 

spectra would be. 
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Figure 2.2: A typical EPR absorption curve. 

Firstly, for a given microwave frequency ω, the absorption of the microwave 

energy usually occurs across a range of magnetic field instead of at a particular field B [3]. 

The broadening of this absorption line can be attributed to the interaction between electrons 

with the nearby environment, such as nearby electrons and lattice. Figure 2.2 illustrates a 

typical EPR absorption curve, where ω is fixed and the absorption of the microwave power 

is plotted versus the magnetic field. Clearly, the absorption peaks at 𝐵0 = ℎ𝜔/𝑔𝛽. As the 

magnetic field B deviates from B0, the absorption gradually decreases, but it doesn’t drop 

to zero immediately. 

Secondly, g usually differs from the Zeeman splitting constant of a free electron [3]. 

In some cases, this difference could be substantial. The reason for this phenomenon is that 

when an external magnetic field �⃗⃗� is applied on the sample, electrons of the sample not 

only experiences the external field �⃗⃗�, but also experiences a local magnetic field 𝐵local
⃗⃗ ⃗⃗ ⃗⃗ ⃗⃗ ⃗⃗ ⃗. 
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Therefore, the effective magnetic field 𝐵eff
⃗⃗⃗⃗⃗⃗⃗⃗  applied on an electron would be the vector sum 

of �⃗⃗� and 𝐵local
⃗⃗ ⃗⃗ ⃗⃗ ⃗⃗ ⃗⃗ ⃗ , and it can be expressed as: 

𝐵eff
⃗⃗⃗⃗⃗⃗⃗⃗ = �⃗⃗� + 𝐵local

⃗⃗ ⃗⃗ ⃗⃗ ⃗⃗ ⃗⃗ ⃗ 

Equation 8: Effective magnetic field experienced by an electron. 

The local magnetic field 𝐵local
⃗⃗ ⃗⃗ ⃗⃗ ⃗⃗ ⃗⃗ ⃗ is usually produced by the nearby electrons and lattice of 

the sample itself. In many cases, 𝐵local
⃗⃗ ⃗⃗ ⃗⃗ ⃗⃗ ⃗⃗ ⃗ is induced by the external magnetic field. It has a 

magnitude determined by �⃗⃗� and can be expressed as -σ�⃗⃗�. In practice, it is usually much 

more convenient to deal only with the external field �⃗⃗� . As a result, 𝐵eff
⃗⃗⃗⃗⃗⃗⃗⃗  is normally 

expressed as 

𝐵eff
⃗⃗⃗⃗⃗⃗⃗⃗ = (1 − σ)�⃗⃗� =

𝑔

𝑔𝑒
�⃗⃗� 

Equation 9: Expression of the effective magnetic field using a effective Zeeman factor. 

Here ge is the Zeeman splitting constant of a free electron and g is the effective Zeeman 

factor. The value of g can differ greatly between different chemical species. For some 

transition ions, g≈ge. However, for ions such as Fe+ and Co2+ in MgO, g can be larger than 

4, a value substantially larger than ge [3]. (Recall that ge is very close to 2.) Therefore, for 

a given microwave frequency ω, the magnetic field B0 where the absorption peaks can be 

very different from hω/g
e
β. 

 At this point, it is clear that a practical absorption line from a EPR sample could be 

far beyond a simple line at B0=hω/g
e
β. In fact, both the center position and the width of 

the absorption line could differ between different chemical species. The uniqueness of this 
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absorption line provides valuable information for the atomic structure of the sample, and 

in many cases it can be utilized as a detection signature. 

2.2. Background on EPR spectrometer 

As illustrated in the previous sub-chapter, each chemical species generates its 

unique EPR response. This response can typically be measured by equipment called EPR 

spectrometers. In this sub-chapter, the basic architecture of a typical EPR spectrometer will 

be introduced. Note that during over seventy years of research in EPR, many different types 

of EPR spectrometers have been proposed. In generate, they can be divided into two 

categories based on their operation: continuous-wave (CW) operation and pulsed operation 

[3]. Under each category, there also exist multiple sub-categories. For example, CW-

operation-based EPR spectrometers can be further divided into at least two sub-categories: 

absorption-power-based and frequency-shift-based. Each category of EPR spectrometers 

usually has different architecture and is suitable for measuring different samples. In this 

sub-chapter, it is impossible to give a comprehensive review of all the different types of 

EPR spectrometers, as it would probably require the space of the entire dissertation. 

Therefore, in this sub-chapter, we will focus on the CW absorption-power-based EPR 

spectrometer. It is the most fundamental and the one of the most commonly-used type of 

EPR spectrometer [3]. It is also the type of EPR spectrometer that the miniaturization 

efforts in this dissertation targets at. In the remaining part of this dissertation, unless 

otherwise stated, “EPR spectrometers” always refer to CW absorption-power-based EPR 

spectrometers. 
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Figure 2.3: Architecture of a typical CW absorption-power-based EPR spectrometer. 

2.2.1. Architecture of the absorption-power-based EPR spectrometer 

In Figure 2.3, the architecture of a typical CW absorption-power-based EPR 

spectrometer is presented. In most of the cases, this type of spectrometers is utilized to 

measure the absorption line of the sample under a fixed microwave frequency ω and a 

varying magnetic field B0. While different configurations do exist, a CW absorption-

power-based EPR spectrometer usually includes the following major components: 

 Microwave source. The microwave source of a EPR spectrometer serves to 

generate the excitation microwave signal. In traditional EPR spectrometers, the 

microwave source is usually a klystron [3]. Recently, thanks to the 

advancement of the semiconductor industry, microwave sources built with 

solid-state devices are increasingly being used in EPR spectrometers. In order 

to maximize the sensitivity of the EPR spectrometers, a key requirement for 

the microwave source is the spectrum purity, i.e., it is desired that the 
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microwave source only generates a clean single-tone signal with frequency ω. 

In reality, the output signal of a microwave source is usually contaminated by 

the noises. Therefore, the output signal usually has a broad range of frequency 

components centered around the desired frequency ω. The “cleanness” of the 

signal is typically quantified by its phase noise, which describes the noise 

power at a particular frequency offset compared to the desired signal power. 

 Resonator. The resonator of a EPR spectrometer serves to create a strong field 

B1 to interact with the sample. The performance of a resonator is usually 

quantified by its filling factor η and quality factor Q. The filling factor indicates 

the volume of the sample interacting with the field of the resonator compared 

to the total resonator volume. The quality factor is defined as the energy stored 

in the resonator divided by the energy dissipated per cycle [35]. For EPR 

spectrometer used today, it is not uncommon to have a resonator with a large 

filling factor and a quality factor on the order of several thousand or even 

higher [37, 38, 39]. Therefore, the resonator can significantly increase the 

opportunity for the sample to absorb the microwave energy. Traditionally, the 

resonator is typically implemented using a cavity structure. Recently, several 

new types of resonator have been proposed, such as loop-gap resonators [40], 

which have superior performance when measuring lossy samples such as 

samples that contain water. 

 Circulator. A circulator is typically a three-port device. In an ideal situation, 

the power transmission in a circulator is perfectly directional, i.e., the 

microwave power can only transmit from port one to port two, and from port 
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two to port three. During the operation of a EPR spectrometer, port one of the 

circulator is typically connected to the output of the microwave source, port 

two is connected to the resonator, and port three is connected to the input of 

the receiver detector. As a result, the circulator serves to deliver the microwave 

signal generated by the microwave source to the resonator, and to deliver the 

reflected signal from the resonator to the receiver detector, while the output of 

the microwave source and the input of the receiver detector are isolated. In 

reality, however, there is always some unwanted coupling from port one to port 

three. As a result, the output of the microwave source and the input of the 

receiver detector cannot be fully isolated. For a commercial modern circulator, 

the isolation value between port one and port three is typically limited to 

around 30dB.  

 Receiver detector. The receiver detector in a EPR spectrometer serves to 

detect the reflected microwave power from the resonator. When a sample 

inside magnetic field absorbs the microwave power, the reflected power from 

the resonator varies. By monitoring this change, electron resonance behavior 

can be detected. The key requirement for the receiver detector is that it needs 

to have high sensitivity, as the change of the reflected power is typically very 

small. The sensitivity of the detector can be quantified by its noise factor. 

Intuitively, noise factor illustrates how much noise the detector adds to the 

single compared to the noise coming with the signal at the detector input. The 

lower the noise factor is, the higher the sensitivity the detector has. 
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 Magnet. The magnet in a EPR spectrometer serves to provide the required 

magnetic field B0. During most of the measurements, the absorption behavior 

of a sample is measured at different field strength, and thus the magnetic field 

needs to be tunable. Towards this purpose, the magnet is usually implemented 

as an electromagnetic coil. By injecting different amount of current into the 

coil, the magnetic field generated can be varied. Moreover, during the 

operation of the spectrometer, while the magnetic field is being swept, it is also 

modulated by a modulation signal. The frequency of the modulation signal 

typically ranges from tens to a hundred kHz. The modulation of the magnetic 

field is necessary because receiver detectors usually have poor noise figure at 

DC. By modulating the field, the receiver detector will detect the signal at the 

modulation frequency. Therefore, the DC and low-frequency noise from the 

receiver detector can be avoided and the noise figure will improve. Due to the 

modulation of the magnetic field, the measured EPR response from the sample 

will not be the absorption line as shown in Figure 2.2. Instead, it is the first-

order derivative of the absorption line that is measured. 

As indicated before, a CW absorption-power-based EPR spectrometer typically 

operate using a magnetic-field-sweep method. During the measurement, the microwave 

source delivers a microwave signal with a constant frequency and power to the sample. 

The magnetic field B0 is slowly swept and modulated, and the receiver detector monitors 

the input signal at the modulation frequency to detect the EPR signal. 

At this moment, it is beneficial to study what is the major obstacle that prevents the 

miniaturization of a CW absorption-power-based EPR spectrometer. Among all the major 
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components of a spectrometer, circulators and resonators utilized in conventional 

spectrometers already have small footprints. Therefore, they will not be the major obstacles 

of the miniaturization effects. The magnets used in conventional spectrometers, on the 

other hand, are typically bulky and heavy. This is because the magnets are required to 

generate a magnetic field with large tunability of the field strength. Such tunability is 

required if no prior information about the potential sample to be measured is know when 

the spectrometer is designed. However, if a spectrometer is designed to measure some 

particular sample, the requirement for the tunability of the magnetic field will be 

significantly relaxed. The second reason why large magnets are typically used in 

conventional EPR spectrometers is that the uniformity of the magnetic field is better for 

large magnets. However, if the sample to be measured has a relatively small footprint, the 

requirement for field uniformity will also be relaxed. Therefore, if the type of sample to be 

measured as well as the sample size is restricted, the current bulky magnet can be easily 

replaced by a small rare-earth magnet plus a small electromagnetic coil. The other bulky 

components in conventional EPR spectrometers are the microwave sources and the receiver 

detectors. In order to maximize the sensitivity of the spectrometer, these electrical circuits, 

in their current form, are mostly implemented using a large number of discrete circuits built 

from dedicated and expensive technologies. As described in Chapter 1, even with advanced 

integrated circuit technologies, it remains challenging to integrate these electrical circuits 

onto a single silicon chip while maintaining their performance. Therefore, it is clear that 

the major obstacles that prevent the miniaturization of EPR spectrometers are the 

microwave sources and the receiver detectors of the spectrometers. Since the microwave 

source “transmits” the excitation signal to the sample and the receiver detector “receives” 
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the EPR signal, the microwave source and the receiver are also referred to as the 

transceivers in this dissertation,  

2.2.2. Sensitivity of the absorption-power-based EPR spectrometer 

For a typical CW absorption-power-based EPR spectrometer, the sensitivity of the 

system, defined as the minimum number of spins that can be detected, is expressed as [35]: 

(
4𝑘𝐵

𝑔2𝛽2𝜇0
𝑉𝑠𝑇) (
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Equation 10: Sensitivity of a CW absoprtion-power-based EPR spectrometer. 

Here kB is the Boltzmann constant. g is the g factor of the sample. β is the orbital magnetic 

moment of an electron. µ0 is the vacuum permeability. Vs is the sample volume. T is the 

temperature of the sample. ω0 is the operation frequency of the EPR spectrometer. Δω is 

the spectral linewidth of the sample. η and Q are the filling factor and the quality factor of 

the resonator, respectively. F is the noise factor of the receiver. P is the microwave power 

sent to the sample.  

Clearly, there are multiple factors that determine the sensitivity of a EPR 

spectrometers. Firstly, the sensitivity depends on the type of sample that is being measured. 

This is reflected by the g factor and the spectral linewidth of the sample shown in Equation 

10. Secondly, the sensitivity depends strongly on the design of the spectrometer. By 

operating the spectrometer at a higher frequency, the energy split between two energy 

levels Uupper and Ulower increases. This leads to a larger ratio between n(Ulower) and n(Uupper) 

and hence improves the sensitivity. Moreover, a larger incident microwave power and a 

receiver detector with lower noise factor also enhance the sensitivity. Thirdly, the 



 
26 

sensitivity also depends on the temperature where the measurement is performed. As 

indicated in Chapter 2.1, lower temperature increases the ratio between n(Ulower) and 

n(Uupper) and hence enhances the sensitivity. However, performing measurement at 

extremely low temperature would require highly complex cooling systems, and hence it is 

not always a viable option. 

2.3. Chapter summary 

In this chapter, the basic physics concept of EPR is firstly presented. Next, the 

background of a typical CW absorption-power based EPR spectrometer is discussed. We 

have reviewed the architecture of this type of spectrometer, and different factors that affect 

the sensitivity of the system are studied. 
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Chapter 3 

Prior Works on Miniaturized EPR 

Spectrometers 

In this chapter, prior miniaturization efforts of EPR spectrometers will be 

introduced. Specifically, we focus on the works that miniaturized the electrical transceiver 

of the spectrometer, because (1) This is the most challenging part among all the 

miniaturization efforts of the spectrometer, and (2) This is also the target and focus of this 

dissertation. Unfortunately, although the physical phenomenon of EPR has been 

discovered long time ago, miniaturization efforts of EPR spectrometers have only started 

very recently. As a result, to the best knowledge of the author, researchers have only tried 

to miniaturize the transceivers of CW frequency-shift-based EPR spectrometers [41, 42]. 

No prior works have been reported that tried to miniaturize the electrical transceiver of 

other types of EPR spectrometers, including CW absorption-power-based EPR 

spectrometers studied in this dissertation. However, due to the similarity between CW 

frequency-shift-based EPR spectrometers and CW absorption-power-based spectrometers, 
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prior miniaturization works targeted at the former still prove to be highly valuable to this 

dissertation work. Therefore, they will be introduced in this chapter. Specifically, two 

works will be presented here [41, 42]. In both of these works, a portion of the electrical 

transceiver was integrated onto a single CMOS chip, and the operation of the assembled 

EPR spectrometers was successfully demonstrated. Unfortunately, as will be discussed 

later in this chapter, the integration level of these works remains low, and a lot of discrete 

electrical components have to be used in order to perform the measurement. Moreover, the 

spectrometers are only suitable to measure samples with extremely small volume and the 

operation of the spectrometers is rather complicated. These deficiencies serve as the 

motivation for this dissertation work. 

3.1. A 9GHz EPR spectrometer 

We first introduce the work conducted by T. Yalcin and G. Boero, who presented 

a 9GHz EPR spectrometer based on a single-chip detector in [41]. The architecture of the 

detector is replotted here in Figure 3.1. The detector included the following on-chip 

components: two voltage-controlled oscillators (VCO), a mixer, a voltage buffer, and two 

frequency dividers that divided the frequency of the signal by 4 and by 32, respectively. 

The operation principle of the reported EPR spectrometer was to detect the 

frequency shift of the output signal. To realize the operation, two VCOs were utilized in 

the design, whose oscillation frequency was around 8.4GHz and 9.4GHz, respectively. The 

oscillation frequency of the VCOs were set by the resonance frequency of L1 and C1, and 

L2 and C2 respectively. If the inductance of L1 or L2 changes, the oscillation frequency of 

VCO1 or VCO2 would change as well. During the operation, the sample needed to be 
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carefully placed on top of the inductor coil L1 and L2. Since L1 and L2 were implemented 

on-chip and had a footprint on the order of 0.01 mm2, precise placement of the sample was 

not a trivial task. The detector and the sample were put under a magnetic field B0 during 

the measurement. As B0 was swept, if the VCO frequency and B0 satisfied the relationship 

described in Equation 6, the inductance of L1 or L2 would vary slightly, resulting a shift in 

the oscillation frequency. Since the output signal of VCO1 and VCO2 were multiplied using 

a mixer and then divided by 128×, the shift of the oscillation frequency of VCO1 or VCO2 

would result in a change in the frequency of the output signal Vout of the detector. 

 

Figure 3.1: Architecture of the single-chip detector reported in [41]. 
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To detect the frequency shift of Vout, a number of off-chip discrete components were 

utilized, including an inverting buffer, a low-frequency mixer, a complex phase-locked 

loop (PLL) that was constructed using multiple components, a power amplifier, and a lock-

in amplifier. The assembled spectrometer successfully measured the EPR response from a 

1,1-diphenyl-2-picryl-hydrazyl (DPPH) sample. 

 

Figure 3.2:  Architecture of the single-chip detector reported in [42]. 

3.2. A 27GHz EPR spectrometer 

We next introduce the work conducted by J. Anders, A. Angerhofer and G. Boero, 

who presented a 27GHz EPR spectrometer based on a single-chip detector in [42]. The 

architecture of the detector is replotted here in Figure 3.2. It included the following on-chip 
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components: a fixed-frequency oscillator, three buffers, and two frequency dividers that 

divided the frequency of the signal by 2 and 64, respectively. 

The operation principle of this EPR spectrometer was very similar to the 

spectrometer introduced in [41]. During the operation, the sample needed to be precisely 

placed on top of the inductor coil of the oscillator. Since the oscillation frequency of the 

oscillator was three times higher than the work in [41], the footprint of the inductor coil 

was even smaller. (In this work, the inductor was implemented as a single-turn octagonal 

loop with an inner diameter of only 80μm.) Therefore, sample placement was even more 

difficult. The output of the oscillator was connected to a series of buffers and frequency 

dividers. When electron resonance occurred, the inductance value, and hence the 

oscillation frequency of the oscillator changed. Therefore, the frequency of the output node 

Vout would vary. 

Similar to the spectrometer reported in [41], this spectrometer utilized a set of off-

chip discrete components as well to detect the frequency shift of Vout. The discrete 

components included a number of amplifiers/buffers, a VCO, a mixer, a phase-locked loop 

core, and many other active/passive devices. The reported spectrometer also successfully 

measured the EPR response of a DPPH sample. 

3.3. Summary of prior works 

In this chapter, two prior works are introduced that tried to integrate the electrical 

transceivers of EPR spectrometers using CMOS technology. While some achievements 

have been made, there are still two key deficiencies of these works: 
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1. The integration level is still low. In both works, the on-chip components merely 

compose of one or two oscillators, some buffers and frequency dividers. (The 

work in [41] also has one mixer.) On the other hand, the off-chip components 

that is necessary for the measurement significantly out-numbered the on-chip 

components, reflecting a low level of miniaturization. 

2. These spectrometers pose stringent requirement on the sample. Not only the 

sample has to have very small volume, it also needs to be precisely placed on 

top of the on-chip inductor. In a more conventional scenario, as the authors 

written in [41], sample volume could be much larger and the loading/unloading 

process needs to be much easier. In these scenarios, the spectrometers 

introduced in this chapter will be unsuitable to use. 

Clearly, both deficiencies have limited the potential application of the spectrometer. 

Furthermore, the second deficiency results to a large extent from the fundamental operation 

principle of CW frequency-shift-based EPR spectrometers, and it could be highly difficult 

to mitigate. This is because for CW frequency-shift-based EPR spectrometers, the inductor, 

which interacts with the sample, has to be implemented on chip as part of the oscillator. 

This limits the footprint of the inductor, which as a result limits the sample volume and 

increases the difficulty of the sample loading/unloading process. On the other hand, in CW 

absorption-power-based EPR spectrometers, the resonator that interacts with samples does 

not have this design constraint. Therefore, the sample volume of CW absorption-power-

based EPR spectrometers is not strictly restricted as in the case of CW frequency-shift-

based EPR spectrometers, and the sample loading/unloading process is also much easier. 

These are two significant advantages of CW absorption-power-based EPR spectrometers.  
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Chapter 4 

A Single-Chip Electron Paramagnetic 

Resonance Transceiver in 0.13μm SiGe 

BiCMOS 

In previous chapters, we have introduced the background of EPR. Some prior 

miniaturization efforts of EPR spectrometers have also been introduced, but the 

miniaturization level is still low and substantial improvement is required. In this chapter, 

we report our first work towards a miniaturized EPR spectrometer [43, 44]. Specifically, 

we report the first single-chip transceiver for CW absorption-power-based EPR 

spectroscopy. The chip is implemented in a 0.13μm SiGe BiCMOS process technology. 

The transmitter generates and delivers a CW microwave signal with a frequency range 

from 895MHz to 979MHz and the receiver adopts a direct-conversion architecture. Based 

on the single-chip transceiver and a PCB-based planar resonator, a EPR spectrometer is 

assembled and tested. The spectrometer successfully measures the EPR response from 

samples including DPPH powder, Fe2O3 nanoparticles, and Fe3O4 nanoparticles. 
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This chapter is organized as follows: firstly, design considerations for the single-

chip transceiver will be discussed. In this sub-chapter, we will study the optimal operation 

frequency for the EPR spectrometer. We will also determine the transmitter output power 

that should be targeted in the design. Next, design details for the transceiver will be 

described. We will present schematics for different circuit blocks in the transceiver and 

discuss the simulation results. Thirdly, we will discuss the design for the resonator. 

Equivalent lumped circuit models will be shown and the measurement results for the 

resonator will be reported. Finally, we present the measurement results for both the 

fabricated transceiver and the assembled EPR spectrometer. 

 

Figure 4.1: Architecture of the reported EPR spectrometer based on a fully-

integrated single-chip transceiver. 

4.1. Design considerations 

The EPR spectrometer presented in this chapter adopts the architecture shown in 

Figure 4.1. The architecture is very similar to that of a conventional CW absorption-power-
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based EPR spectrometer, which is shown in Figure 2.3 in Chapter 2, except that the entire 

microwave source and the receiver detector are now integrated onto a single silicon chip. 

Moreover, in order to further reduce the cost and size of the proposed spectrometer, a planar 

PCB-based resonator is utilized in this work. This type of resonator is easy to fabricate, 

easy to operate, and has a small physical dimension. Therefore, it is an ideal candidate for 

the miniaturized EPR spectrometer. 

We next determine the optimal operation frequency for the EPR spectrometer. As 

illustrated in Equation 10, the sensitivity of a CW absorption-power-based EPR 

spectrometer, defined as the minimum number of spins that can be detected,  is determined 

by the operation frequency and the quality factor of the resonator. For the ease of reading, 

the equation is re-written here: 

(
4𝑘𝐵

𝑔2𝛽2𝜇0
𝑉𝑠𝑇) (

∆𝜔

𝜔0
) (

1

𝑄𝜂
) (

𝐹𝑘𝐵𝑇

𝑃
)

1/2

 

To improve the sensitivity of the system, it is clear that the operation frequency ω0 

should be increased. Moreover, the quality factor Q of the resonator should also be 

maximized. Unfortunately, in most cases, ω0 and Q usually cannot be maximized 

simultaneously. For the PCB-based planar resonator used in this work, as the frequency 

increases, the quality factor Q may decrease due to the skin effect, substrate loss, and 

radiation effect. As shown in the equation, maximizing ω0 or Q alone does not provide the 

best sensitivity. Consequently, in this work, the product of ω0Q is used as a metric to 

investigate the optimal operating frequency, i.e., we need to find the frequency which 

maximizes the product of ω0Q. 
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Figure 4.2: (a) Lumped circuit model for the PCB inductor. (b) Simulated R versus 

the square root of frequency. (c) Simulated ω0Q versus frequency. 

In order to investigate the optimal operation frequency of the spectrometer, the 

quality factor of the resonator is simulated at different frequencies. In this work, the 

resonator is fabricated on a 20mil-thick Rogers 4350B PCB. To simplify the simulation 

process, the quality factor of the resonator is assumed to be equal to the quality factor of a 

PCB inductor, which has the lowest quality factor among all the components used in the 

resonator. During the simulation, the diameter of the inductor is set to be 8mm, as the 

resonator is expected to accommodate samples 5-6mm wide. The inductor is modeled using 

an RLC circuit shown in Figure 4.2(a). As shown in Figure 4.2(b), the resistance value is 

observed to increase with frequency, which represents the increase in loss at higher 

frequencies. At low frequencies, the resistance is proportional to the square root of the 

frequency. This behavior is due to the skin effect. However, at higher frequencies, the 

resistance increases much faster. This rapid increase of resistance can be attributed to other 

loss mechanisms, such as increased coupling to the ground, substrate loss, and radiation 

loss [33]. The quality factor of the inductor is calculated using ω0L/R. In Figure 4.2(c), the 

simulation results of ω0Q versus different frequencies is presented. As shown in this figure, 
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ω0Q reaches the maximum value at 900MHz. At higher frequencies, the quality factor Q 

drops so rapidly that ω0Q decreases despite an increasing frequency. Therefore, the 

operation frequency of the EPR spectrometer is designed to be around 900MHz in order to 

achieve the best sensitivity. 

We next determine the performance requirements for the fully-integrated 

transceiver. According to the equation for sensitivity, in order to obtain the highest 

sensitivity, the receiver noise figure (NF) should be minimized and the transmitter output 

power should be maximized. In practice, however, while the receiver NF is targeted at the 

lowest value, there are several non-idealities that restrict the largest power that can be 

delivered to the sample. Firstly, the equation for sensitivity does not include the effects of 

sample saturation. It has been reported that as the incident microwave power exceeds the 

saturation power of the sample, the EPR signal would stop increasing or even decrease if 

the microwave power keeps rising. The amount of saturation power is usually determined 

by multiple factors, including the sample type, sample volume, temperature, and etc. In 

EPR spectroscopy, the value of the saturation power usually ranges from several hundred 

microwatts to tens of milliwatts [45, 46, 47]. Secondly, a portion of the transmitter power 

always leaks to the input of the receiver. This leakage power is present due to two major 

coupling mechanisms: (1) The circulator cannot provide infinite isolation between the 

output of the transmitter and the input of the receiver, and (2) The resonator cannot be 

perfectly matched so there will always be some reflected microwave power. This leakage 

power can be expressed as Pout-I, where Pout is the transmitter output power (in dBm) and 

I is the isolation between the transmitter output and the receiver input (in dB). In order not 

to saturate the receiver and thus reduce the sensitivity, the leakage power is designed to be 
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lower than the input-referred 1dB compression power of the receiver (P1dB). In practice, I 

is approximately 30-40dB. As will be discussed later in the chapter, the receiver requires 

an RF gain of at least 30dB before down-conversion to minimize the receiver NF. For this 

amount of voltage gain, the receiver P1dB is assumed to be -35dBm. Therefore, Pout is 

targeted at I+P1dB=5dBm. 

 

Figure 4.3: Architecture of the single-chip transceiver. 

4.2. Transceiver design 

Figure 4.3 presents the architecture of the fully-integrated transceiver reported in 

this work. In the transmitter path, a differential voltage-controlled oscillator (VCO) 

generates a microwave signal with tunable frequency. The differential signal is amplified 

by a buffer following the VCO. It is then converted into a single-ended signal through a 

differential-to-single-ended converter. The single-ended signal is delivered to the 50Ω 

resonator through a power amplifier (PA). In the receiver path, a single-ended low-noise-

amplifier (LNA) amplifies the reflected signal from the resonator. The amplified signal is 

then down-converted to the baseband through a differential mixer. The LO signal of the 
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mixer is provided from the same VCO in the transmitter path. This approach minimizes 

the effects of VCO phase noise on the EPR signal, because the LO signal and the 

transmitter signal originate from the same VCO and hence are highly correlated. The down-

converted signal is further amplified by the baseband amplifiers. It is finally delivered to 

off-chip equipment for processing. 

 

Figure 4.4:  Simulated NF of the receiver under different LNA gain values. 

One important task of the design is to determine the gain allocation in the receiver. 

In wireless communication, many receivers provide a strong amplification at the baseband 

with much smaller gain at the RF frequency [33]. Such receivers usually consume less 

power, ease the design of the LNA, and impose minimal impact on the receiver NF. In this 

work, unfortunately, such design strategies cannot be adopted. The reason is explained as 

follows: in the reported EPR spectrometer, the EPR signal is down-converted to the 

baseband for processing. In order to reduce the effects of low-frequency flicker noise and 
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to improve the sensitivity of the system, the static B0 field is modulated and the reflected 

power is measured at the modulation frequency after down-conversion. Theoretically, a 

higher modulation frequency could reduce the flicker noise to a larger extent, but the 

modulation coil would require a much larger voltage to generate the same modulation field. 

To ease the burden of modulation voltage source and reduce safety concerns, the 

modulation frequency is typically within 100kHz. At such low frequency, the flicker noise 

from the mixer and baseband amplifier may dominate the receiver NF if insufficient 

voltage amplification before down-conversion is used. In Figure 4.4, the simulated NF of 

the receiver is plotted under different LNA gain values. The simulation is performed under 

the assumption that each block is matched to 50Ω and the LNA NF is 3dB. The combined 

NF of the mixer and baseband amplifier is assumed to be 20dB, which is a typical value at 

low baseband frequencies. As shown in the figure, the NF of the receiver decreases 

drastically as the LNA gain increases, and it saturates at 3dB as the LNA gain reaches 30dB. 

As a result, to minimize the receiver NF, the LNA gain is targeted at 30dB. 

Next, the circuit implementation details of the transceiver will be reported. 

4.2.1. 900MHz VCO 

In this work, the microwave signal is generated using a VCO. The choice of a VCO 

instead of an oscillator with a fixed oscillation frequency is to compensate for the effects 

of process variation, which may alter the optimal operation frequency of on-chip amplifiers 

as well as the resonance frequency of the resonator. Figure 4.5 shows the schematic of the 

VCO, which adopts a differential cross-coupled structure. In this structure, the two cross-

coupled transistors provide the negative resistance that is necessary for the oscillation. The 
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oscillation frequency is determined by the resonance frequency of the LC tank at the load. 

In this work, a symmetric inductor is utilized to provide a reactance of 122Ω at 900MHz. 

The quality factor Q of the inductor is 10.2 at this frequency. 

 

Figure 4.5: Schematic of the VCO. 

The varactors of the VCO are implemented using reverse-biased diodes. The 

capacitance versus the reverse bias of the varactors is simulated. It is observed that the 

capacitance decreases by 60% as the reverse bias increases from 0V to 3V. Since the 

resonance frequency of a parallel LC network is 

𝜔 =
1

√𝐿𝐶
 

Equation 11: Resonance frequency of a parallel LC network. 

The resonance frequency of the LC tank, and hence the oscillation frequency of the VCO, 

can be tuned by varying the bias voltage of the varactors. 
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Figure 4.6: Schematic of the transmitter buffers. 

4.2.2. 900MHz transmitter buffers 

The VCO is followed by two buffers, whose schematics are presented in Figure 4.6. 

The first buffer adopts a fully-differential structure. The input of this buffer is designed to 

have high impedance so that it does not degrade the quality factor Q of the LC tank in the 

VCO. This is important as the phase noise of the VCO will be deteriorated if the quality 

factor of the LC tank reduces. The load of the first buffer is also an LC tank. The resonance 

frequency of the LC tank is designed to be 900MHz, taking into accounts of the capacitance 

from transistors and metal interconnects. The 3dB bandwidth of the buffer is simulated to 

be 190MHz. 

The second buffer serves to convert the differential microwave signal into single 

ended. Two p-type MOSFETs are used as the load. The dimension of the p-type MOSFETs 

and bipolar NPN transistors are carefully tuned such that the DC voltage of the output is 

VDD/2. This approach maximizes the output voltage swing. 
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Figure 4.7: Schematic of the PA. 

4.2.3. 900MHz PA 

As described in the previous section, the maximum output power of the PA is 

targeted at 5dBm. Figure 4.7 shows the schematic of the PA. It adopts a single-ended 

cascode structure to increase the reverse isolation and hence to improve the stability. The 

input of the PA is co-designed with the preceding buffer to maximize the input voltage. 

The output of the PA is matched to 50Ω using on-chip capacitors and inductors. The load 

network is carefully tuned to enable maximum output power at 900MHz. To improve the 

stability of the PA, a capacitor is used at the base of M2. This capacitor provides a low 

impedance from the base of M2 to the ground at high frequencies, reducing the high-

frequency voltage swing at this node and increasing the reverse isolation. Moreover, a 

small series resistor is added at the base of the transistor M1. The resistor introduces some 

loss to the PA and increases the stability. 
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Figure 4.8: Schematic of the LNA. 

 

Figure 4.9: Simulated noise figure of the LNA. 
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4.2.4. 900MHz LNA 

As described previously, the LNA gain is targeted at 30dB. The schematic for the 

LNA is presented in Figure 4.8, which incorporates a three-stage design. The input of the 

LNA is matched to 50Ω. An AC-coupling capacitor is used between different stages so 

that each stage can be biased separately. As the LNA has a large voltage gain, extra care 

must be taken to prevent oscillation. As shown in the figure, capacitors are added at the 

load to reduce the bandwidth of the LNA. This improves high frequency stability as well 

as noise performance. Moreover, since each stage of the LNA is AC coupled, the ground 

node of each stage is separated on chip. This reduces the undesirable coupling between 

different stages and increases the stability of the LNA. The simulated NF of the LNA versus 

different frequencies is presented in Figure 4.9. It is observed that the NF is approximately 

3.89dB at 900MHz. 

4.2.5. Down-conversion mixer 

In this work we adopt a double-balanced active mixer with Gilbert cell structure. 

The schematic of the mixer is presented in Figure 4.10. The mixer is co-designed with the 

last stage of the LNA to maximize the input voltage. The singled-ended output of the LNA 

is AC coupled to the base of M1. The base of M2 is tied to the same voltage as the DC bias 

of M1 for symmetry. The load of the mixer is an RC network, which behaves as a low-pass 

filter with a bandwidth of 160MHz. This low-pass filter passes only the desired low-

frequency EPR signal while attenuates the high-frequency component at around 1.8GHz at 

the output of the mixer.  
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Figure 4.10: Schematic of the mixer. 

4.2.6. Baseband amplifiers 

The baseband amplifier incorporates a two-stage design, as shown in Figure 4.11. 

At the output of the mixer, the signal has been down-converted to low-frequency at kHz. 

As the frequency of the EPR signal is very low, it is extremely difficult to use any on-chip 

AC-coupling capacitors in the signal path to remove the DC component. However, the DC 

components of the mixer output is around 1.65V, which must be shifted to a lower value 

so that the baseband amplifiers can operate properly. To that purpose, the first stage of the 

baseband amplifier is a source follower. It serves to shift the DC components of the signal 

to 0.85V. The second stage of the baseband amplifier adopts a common-source structure. 

The output of the amplifier is matched to 50Ω.  
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Figure 4.11: Schematic of the baseband amplifiers. 

4.3. Resonator design 

The resonator is a crucial component in the EPR spectrometer. As illustrated in 

Equation 10 previously, the quality factor of the resonator should be maximized to achieve 

the best sensitivity. However, to build a high-Q resonator, one usually has to utilize a 

dedicated and complicated 3D structure, which increases the cost and complexity of the 

resonator. Since the goal of this work is to build a EPR spectrometer with low cost and 

small physical dimensions, a high-Q resonator with a dedicated structure and high cost may 

be unsuitable. Therefore, a medium-Q PCB-based planar resonator is used in this work, 

which enjoys the advantages of low cost, easy fabrication and ease of use. On the other 

hand, if the sensitivity is of a higher concern, the planar resonator can always be replaced 

by a high-Q resonator, as is the case in conventional commercial EPR spectrometers. Note 

that the adoption of different resonators does not affect the operation of the remaining of 

the spectrometer. 
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Figure 4.12: (a) An image of the fabricated resonator. (b) An image of the resonator 

with loaded sample. (c) The equivalent lumped circuit model of the resonator. 

The design of the proposed planar resonator is presented in Figure 4.12(a). The 

PCB structure is fabricated in house using a 20mil-thick Rogers 4350B board. The 

resonator includes a PCB-based inductor and three capacitors. During the EPR 

measurement, the sample is placed at the center of the inductor loop where the magnetic 

field is the strongest. The position of the sample is illustrated in Figure 4.12(b). Thanks to 

the planar geometry, the resonator can be easily used in in vivo measurement. Moreover, 

unlike the high-Q 3D resonator, the quality factor of the planar resonator will not be 

significantly impacted when measuring lossy samples.  
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Figure 4.13: Measured reflection coefficient of the resonator. 

The equivalent lumped circuit model of the resonator is shown in Figure 4.12(c). 

The inductor provides an inductance of 4.1nH at 900MHz in simulation, with a quality 

factor of 72. The capacitor C1 provides a capacitance of 6.8pF, resonating with the inductor 

at 965MHz. The capacitors C2 and C3 serve to match the input impedance of the resonator 

to 50Ω. During the design, C2 is fixed at 1pF while C3 is implemented using a tunable 

capacitor. The adoption of a tunable capacitor is important as it compensates for process 

variation during the fabrication as well as the sample loading effects, both of which can 

deviate the input impedance of the resonator from the simulation value. The reflection 

coefficient of the fabricated resonator without any loaded sample is measured. As presented 

in Figure 4.13, the resonator has a resonance frequency of 913MHz. The quality factor of 

the resonator is approximately 30. 
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4.4. Measurement results 

In this sub-chapter, we first describe the measurement results of the integrated 

transceiver. The performance of both the transmitter and the receiver will be measured and 

studied. We next present the measured EPR response from different samples using the 

assembled EPR spectrometer. 

 

Figure 4.14: Layout of the designed chip. 

4.4.1. Transceiver measurement results 

The fully-integrated transceiver is implemented using IBM 0.13µm SiGe BiCMOS 

process technology. The layout of the design chip and the micrograph of the fabricated chip 

are presented in Figure 4.14 and Figure 4.15, respectively. The fabricated chip occupies an 

area of 1.5mm by 2.5mm. For testing purposes, the chip is wirebonded onto a PCB, as 

shown in Figure 4.16. 
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Figure 4.15: Micrograph of the fabricated transceiver. 

 

Figure 4.16: PCB assembly for the chip testing. 
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Figure 4.17: Measured tuning range of the VCO. 

 

Figure 4.18: Measured phase noise of the VCO. 
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The 900MHz VCO is measured using internal testing points. Figure 4.17 plots the 

VCO frequency versus the tuning voltage at a supply voltage of 1.5V, measured using an 

Agilent signal analyzer N9030A. The VCO can be tuned from 885MHz to 979MHz with a 

tuning range of 10.2%. The phase noise of the VCO at 900MHz is plotted in Figure 4.18, 

measured using the same Agilent signal analyzer. A phase noise of -118dBc/Hz at 1MHz 

frequency offset is measured. 

 

Figure 4.19: Measured transmitter output power versus frequency. 

Figure 4.19 plots the transmitter output power versus frequency. It is observed that 

the transmitter can deliver a maximum power of 5.2dBm. However, it is noticed that the 

maximum output power appears at 885MHz instead of at the center frequency. We believe 

that this observation is most likely due to the off-tune of the buffer and/or the PA in the 

transmitter path. 
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Figure 4.20: Measured receiver conversion gain versus baseband frequencies. 

 

Figure 4.21:  Measured conversion gain of the receiver versus the input RF power. 
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Figure 4.20 plots the conversion gain of the receiver versus the input RF frequency. 

During the measurement, the VCO frequency is fixed at 935MHz. The input of the on-chip 

LNA is excited by an RF source. The frequency of the RF source is varied, and the 

corresponding down-converted signal at the output of the on-chip baseband amplifier is 

measured. The measured receiver conversion gain is 40.5dB with a 3dB bandwidth of 

25MHz. The measured conversion gain of the receiver versus the input RF power is 

presented in Figure 4.21. The measured input-referred 1dB compression point P1dB of the 

receiver is -40dBm. This is approximately 5dB lower than the designed value, but it can be 

compensated by using a circulator with a higher isolation value in the EPR measurement. 

4.4.2. EPR spectrometer measurement 

A EPR spectrometer based on the fully-integrated transceiver and the PCB-based 

planar resonator is assembled and tested. A circulator with a maximum isolation value of 

45dB is adopted in this work. As the maximum transmitter power is 5dBm and the receiver 

P1dB is -40dBm, the isolation value of the circulator is high enough so that the receiver gain 

is not significantly compressed. In order to minimize the sensitivity degradation resulting 

from the VCO phase noise, the relative path delay between the transmitter leakage and the 

LO of the mixer is kept small. As shown in [48], the effect of phase noise would quickly 

vanish as the relative path delay is reduced, because the same VCO is used for the 

transmitter and the LO of the receiver. It should be noted that although fabricated on a 

separate PCB currently, the planar resonator can be easily fabricated on the same PCB that 

holds the fully-integrated transceiver. With the adoption of a surface-mount circulator and 

a rare-earth magnet, the entire spectrometer will be as small as a human hand. 
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In this work, three different samples, DPPH powder, Fe2O3 nanoparticles, and 

Fe3O4 nanoparticles, are measured using the proposed EPR spectrometer to demonstrate 

its functionality. Due to the placement of samples onto the resonator, the resonance 

frequency of the resonator varies slightly. Therefore, each time a different sample is placed, 

the resonance frequency of the resonator is re-measured using a network analyzer, and the 

VCO frequency in the transmitter is adjusted accordingly to match the resonance frequency 

of the resonator. The measurement of the resonance frequency can be easily achieved 

without changing the setup by inserting a power coupler between the circulator and the 

receiver. Therefore, by sweeping the oscillation frequency of the VCO and monitor the 

power at the coupler node of the power coupler, the resonance frequency of the resonator 

can be determined. As introduced previously in the dissertation, the static magnetic field is 

modulated in this work to avoid the low-frequency flicker noise and to improve the 

sensitivity of the system. This is achieved by exciting a custom-fabricated coil with 10kHz 

signal to generate the modulation magnetic field. The modulation field is measured to be 

1.2Gauss at the resonator location. 

We first measure the absorption line of 4mg DPPH powder sample. The frequency 

of the incident microwave signal is fixed at 914MHz. The static magnetic field is swept 

from 310Gauss to 322Gauss. The measured response curve of the DPPH sample is 

presented in Figure 4.22. As indicated before, due to the modulation of the magnetic field, 

the measured response curve is the first order derivative of the absorption line instead of 

the absorption line itself, which takes a Lorentzian shape. The linewidth of the sample, 

defined as the separation between the positive and negative peaks of the curve, is 3Gauss. 

This matches well with previously published experimental results [49]. The difference 
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between the magnitudes of the two peaks is possibly due to the superposition of the 

dispersion curve on the absorption curve. This can be potentially improved by matching 

the time delay of the RF and LO paths in the active mixer. It can also be potentially 

improved by using an I-Q architecture in the receiver. 

 

Figure 4.22: Measured EPR signal voltage of DPPH. 

We next measure the EPR response of 61mg Fe2O3 nanoparticle sample, the 

average particle size (APS) of which is 20nm. The frequency of the incident microwave 

signal is fixed at 900MHz. The static magnetic field is swept from 0Gauss to 1000Gauss. 

The measured response curve of the Fe2O3 sample is presented in Figure 4.23. As is shown 

in the figure, the linewidth, or the separation between the positive and negative peaks of 

the curve, is 500Gauss. 
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Figure 4.23: Measured EPR signal voltage of Fe2O3 nanoparticle. 

 

Figure 4.24: Measured EPR signal voltage of Fe3O4 nanoparticle. 
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We finally report the measured EPR response of 63mg Fe3O4 nanoparticle sample, 

the APS of which is 15-20nm. During this measurement, the frequency of the incident 

microwave signal is fixed at 902MHz. The static magnetic field is swept from 0Gauss to 

500Gauss. The measured response curve of the Fe3O4 sample is presented in Figure 4.24. 

As is shown in the figure, the separation between the positive and negative peaks of the 

curve is 200Gauss. 

Table 1: Comparison with prior integrated transceivers for EPR spectrometers 

 [41] [42] This work 

System 

architecture 

CW Frequency-shift 

based 

CW Frequency-shift 

based 

CW Absorption-

power based 

Frequency ~9GHz ~27GHz ~900MHz 

On-chip blocks VCO, mixer, and 

divider 

Fixed-frequency 

oscillator and divider 

Complete 

transceiver including 

VCO, PA, LNA, 

mixer, and baseband 

amplifiers 

Active off-chip 

components 

required?1 

Yes. (PA, mixer, 

multiple operational 

amplifiers, and 

phase-locked loop) 

Yes. (PA, mixer, 

multiple operational 

amplifiers, and 

phase-locked loop) 

No 

Effective 

sample volume 

(order) 

10-3 mm3 10-3 mm3 10mm3 

Process 0.35μm CMOS 0.13μm CMOS 0.13μm BiCMOS 

Area 1mm2 1mm2 3.75mm2 

1. Power supply and data acquisition systems are not counted here. 
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From the measurement results presented above, it is clear that the proposed EPR 

spectrometer can measure the EPR response from various samples with different line 

shapes. This demonstrates the functionality of the spectrometer and the feasibility of our 

design. As shown in Table 1, compared to previous works that tried to integrate the 

electronics of the EPR spectrometer, the proposed work represents the first CW absorption-

power-based EPR spectrometer based on a fully integrated single-chip transceiver. It 

achieves a significantly higher integration level and is more suitable for in vivo 

measurement of relatively large samples. 

We now estimate the sensitivity of the proposed EPR spectrometer. It is known that 

DPPH contains 1.53×1021 unpaired electrons per gram [50]. Considering the fact that 4mg 

of DPPH is used in the experiment and the signal-to-noise ratio is approximately 10 without 

averaging at 60 seconds measurement time, the sensitivity of the spectrometer is estimated 

as 1.53×1021×0.004/10=6×1017spin. Since the EPR response of a sample is proportional to 

its linewidth, the sensitivity can be further normalized by the linewidth of DPPH to 

2×1017spin/Gauss. As a comparison, the sensitivity of existing EPR spectrometers that are 

costly and bulky is usually below 1014spin/Gauss (e.g., a Fizepr EPR VIGT.421400.012 

spectrometer, an Adani EPR CMS8400 spectrometer, and [51]). The high sensitivity of 

existing spectrometers mostly results from the adoption of a high-Q resonator with a larger 

filling factor (2-3 orders of magnitude higher than in this work) and a higher operation 

frequency (typically more than one order of magnitude higher than in this work). If the 

sensitivity is of a higher concern, instead of the cost and physical size, the PCB-based 

planar resonator used in this work can always be replaced by a high-Q resonator. This will 

bring the sensitivity of the proposed EPR spectrometer to be comparable to that of existing 
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products, while the cost and physical size are still much lower due to the adoption of a 

fully-integrated transceiver. 

The sensitivity obtained during the measurement for the proposed spectrometer is 

also compared with the theoretical value calculated using Equation 10. The parameters 

related to the spectrometer in the equation, such as P and F, are substituted by the values 

of the proposed system. The theoretical minimum number of spins that can be detected is 

calculated to be on the order of 1015spin for DPPH. It is two order of magnitude better than 

the sensitivity in measurement, which is 6×1017spin. We believe this difference can be 

attributed to multiple reasons, including: (1) the theoretical sensitivity does not take into 

account of the sample saturation behavior, (2) the noise contribution from the data 

acquisition system, (3) other noise sources such as the phase noise of the oscillator. As a 

comparison, the difference between the theoretical and measured sensitivity for 

commercial EPR spectrometers is usually under one order of magnitude, which is possibly 

due to the superior data acquisition system and oscillator. 

4.5. Chapter summary 

In this chapter, we report the first CW absorption-power-based EPR spectrometer 

by integrating the entire transceiver on a single silicon chip. The chip is implemented in a 

0.13μm SiGe BiCMOS process technology, occuping an area of 1.5mm by 2.5mm. It works 

within the frequency range from 895MHz to 979MHz, and delivers a maximum microwave 

power of 5.2dBm to the sample. The reported work significantly reduces the cost and 

physical dimensions of the existing EPR spectrometers. In order to demonstrate the 

feasibility and functionality of the EPR transceiver, a complete spectrometer is assembled 
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using the fully-integrated single-chip transceiver and a custom-built resonator. The 

spectrometer successfully measures the EPR responses of various samples such as DPPH 

powder, Fe2O3 nanoparticles, and Fe3O4 nanoparticles.   
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Chapter 5 

A 4.6-5.35GHz EPR Transceiver with 38dB 

On-Chip Self-Interference Cancellation for 

EPR Spectroscopy 

In the previous chapter, the first CW absorption-power-based EPR spectrometer 

based on a single-chip transceiver is presented. It successfully detected the EPR responses 

from a variety of samples, and represented the highest level of integration at the time of 

the work. However, during the design and operation of the spectrometer, a key problem 

that limited the sensitivity was identified. The key problem is the transmitter (TX) self-

interference signal. For a CW absorption-power-based EPR transceiver, the TX and 

receiver (RX) operate simultaneously. During the operation, a small portion of the TX 

power always couples to the input of the RX. This TX self-interference signal, due to the 

small frequency offset between the TX and RX signal, cannot be removed at the RX front-

end by a filter. As a result, it could easily saturate the RX and prevent the detection of the 

weak EPR signal. In order to avoid RX saturation, in the previous spectrometer, even under 
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a relatively large TX-RX isolation of 45dB, the TX power was still limited to about 5dBm. 

Unfortunately, as derived in Equation 10, the EPR signal power from the sample is 

proportional to the TX excitation power. Therefore, by restricting the TX output power to 

within 5dBm, the sensitivity of the spectrometer is also limited. 

In order to improve the sensitivity of the EPR spectrometer, the TX self-

interference problem must be mitigated. Recently, several TX self-interference-resilient 

transceivers have been published [52, 53, 54, 55, 56, 57, 58, 59, 60], where the RX is able 

to operate without performance degradation under a large interference signal. Among those 

works, the circuits reported in [57, 58, 59, 60] targeted at in-band full-duplex wireless 

communication applications, which had the closest operation condition as the EPR 

spectroscopy. Unfortunately, the interference-resilient techniques proposed in those works 

still cannot be directly adopted in EPR transceivers, as those works all utilized mixer-first 

or current-mode mixer-first architectures for the RX. These architectures can provide good 

RX linearity and bandwidth, yet the RX noise figure (NF) is typically poor, especially at 

low baseband frequencies. This is due to the lack of a strong voltage gain before down-

conversion, which results in a large noise contribution from the flicker noise of mixers and 

baseband circuitries. In EPR spectroscopy, the frequency of the baseband signal is typically 

lower than 100kHz, as introduced previously in this dissertation. Therefore, interference-

resilient techniques based on mixer-first architectures cannot be used in EPR spectroscopy. 

In this chapter, in order to mitigate the TX self-interference problem, we report the 

first single-chip transceiver with self-interference cancellation for EPR spectroscopy [61]. 

The operation principle of the transceiver is based on the observation that in EPR 

spectroscopy, the interference signal results from the transceiver itself. As the transmitted 
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signal is generally known, it is possible to generate a cancellation signal on the same chip 

to cancel the interference signal before down-conversion. During the measurement, the 

reported transceiver is able to reduce the TX leakage by up to 38dB at RF. For 30dB voltage 

gain at RF, the self-interference cancellation circuit increases the interference input-

referred 1dB compression point (P1dB) of the RX from -25dBm to -8dBm. Due to the strong 

voltage amplification at RF, the flicker noise from mixer and baseband circuitries is 

significantly suppressed, improving the noise figure (NF) of the RX. To demonstrate the 

effectiveness of the reported transceiver with self-interference cancellation, a EPR 

spectrometer is assembled and tested. During the measurement, it is observed that more 

than 10dB improvement in SNR of the EPR signal can be achieved compared to our 

previous work even under a much lower isolation between the TX and the RX. Furthermore, 

in addition to the traditional method of magnetic-field sweep, for the first time, the method 

of frequency-sweep in EPR spectroscopy is demonstrated. 

This chapter is organized as follows: firstly, the architecture of the reported 

transceiver is introduced. Secondly, design details for the transceiver will be discussed. We 

next present the measurement results for the transceiver as well as the assembled EPR 

spectrometer and finally conclude this chapter. 

5.1. Transceiver architecture 

In order to better illustrate the TX self-interference problem, the architecture of a 

conventional EPR spectrometer is shown in Figure 5.1. In this architecture, the TX 

transmits an excitation signal at frequency fTX to a sample. The reflected signal is captured 

by the RX to extract the EPR response. To avoid low-frequency 1/f noise, the magnetic 
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field B0 is modulated at a frequency fM, which is typically less than 100kHz due to the 

constraints imposed by the modulation coil. The received EPR signal is down-converted to 

fM for baseband amplification and digitization. During the measurement, a portion of the 

TX power leaks to the input of the RX through two major coupling mechanisms: (1) the 

finite isolation of the circulator, and (2) the reflected TX power from the resonator, which 

rises drastically as the TX frequency deviates from the resonance frequency of the 

resonator. The TX leakage appears as a large interference signal with frequency offset of 

fM from the RX, prohibiting a strong amplification at RF and deteriorating the SNR of the 

EPR response from the sample. 

 

Figure 5.1: Architecture of a conventional EPR spectrometer. 
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In this work, we propose to insert a self-interference cancellation block between the 

TX and RX, as shown in Figure 5.2. This block generates a precise cancellation signal with 

the same amplitude but inverted phase as the TX leakage, and combines it with the RX 

signal after the LNA. Therefore, the TX leakage is cancelled and removed from the RX. 

Furthermore, as the cancellation signal mitigates the TX leakage, the TX noise is reduced 

by the same amount. This further improves the RX sensitivity. 

 

Figure 5.2: Architecture of the reported transceiver with self-interference 

cancellation. 
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injected after the EPR signal has been amplified by a LNA. In Figure 5.3, the NF of the 

RX front-end is simulated under different noise from the self-interference cancellation 

block. Two cases are studied: injecting the cancellation signal at the RX input or injecting 

the cancellation signal after the EPR signal has been amplified by a LNA for 10dB. During 

the simulation, the NF of the LNA is assumed to be 2dB, while the output noise power of 

the cancellation circuit is swept. Clearly, injecting the cancellation signal after 10dB LNA 

gain would significantly reduce the NF of the RX if the noise from the cancellation circuit 

is relatively large. 

 

Figure 5.3: Simulated NF of the RX frond-end.  

After picking the location to inject the cancellation signal, the next task is to 

determine the gain of the LNA. This choice represents a tradeoff between RX linearity and 

Cancellation signal injected after the 

EPR signal has been amplified by 10dB

Cancellation signal injected at RX input
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the noise from the self-interference cancellation block. If the LNA gain is too small, the 

noise from the self-interference cancellation block cannot be sufficiently suppressed, and 

thus the NF of the RX will be deteriorated. On the other hand, if the LNA gain is too large, 

the RX will already be saturated before the cancellation signal cancels the TX self-

interference, defeating the purpose of a self-interference cancellation block. In this work, 

the TX output power is targeted at 20dBm, because the saturation power of samples is 

usually below this value [45, 46, 47]. The TX-RX isolation is assumed to be 30dB, which 

is the typical isolation value of a commercial circulator. Therefore, the TX self-interference 

power at the input of the RX can be estimated as -10dBm. Under this condition, considering 

the tradeoff between the RX linearity and the noise from the self-interference cancellation 

block, the gain of the LNA is designed to be 12dB. 

5.2. Transceiver design 

In this sub-chapter, the design details of the transceiver will be presented. For the 

spectrometer presented previously in Chapter 4, the operation frequency was set to be 

900MHz, which is mostly determined by the quality factor of the PCB resonator. As the 

resonator was designed to accommodate samples with radius from 5 to 6mm, the PCB 

inductor in the resonator has a relatively large footprint. As a result, the quality factor of 

the resonator quickly drops at high frequencies, making 900MHz an optimal operation 

frequency. In this design, in order to further improve the sensitivity of the system, it is 

desirable to increase the operation frequency of the spectrometer. Towards this goal, the 

sample radius is targeted at 2-3mm. This results in a smaller PCB inductor for the resonator, 
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which is now able to provide high quality factor at higher frequencies. Utilizing this new 

resonator, the operation frequency for this spectrometer is increased to around 5GHz.  

 

Figure 5.4: Architecture of the reported transceiver. 

Figure 5.4 presents the architecture of the fully-integrated transceiver reported in 

this work. Different from the transceiver presented in Chapter 4, where part of the circuit 

blocks are single-ended and part of them are differential, the transceiver in this work is a 

fully-differential design. Compared to single-ended designs, a fully-differential design is 

much less vulnerable to noises in VDD and ground. Moreover, if designed properly, the 

stability of a differential circuit is much better in the presence of parasitic such as 

bondwires. As shown in Figure 5.4, in the TX path, a differential VCO generates the 

excitation signal with tunable frequency. The differential signal is amplified by a set of 

buffers, and finally delivered to off chip through a differential PA. In the RX path, the EPR 

signal is first amplified by a LNA. The self-interference cancellation block then injects the 
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cancellation signal into the RX and cancels the self-interference signal. After cancellation, 

the remaining EPR signal is further amplified by another two amplifiers before a mixer 

down-converts the signal to baseband. As in the previous transceiver, the LO signal of the 

mixer is produced from the same VCO that generates the TX signal. At the baseband, a DC 

offset cancellation block first cancels any possible DC offset from the signal. Two 

amplifiers then provide further amplification to the signal and finally deliver the signal to 

off-chip equipment for processing. 

 Next, the design for the major blocks in the transceiver will be described in detail. 

5.2.1. 5GHz VCO 

In this work, the TX excitation signal is generated using a VCO, the schematic of 

which is presented in Figure 5.5. Similar to the transceiver described in Chapter 4, the VCO 

in this transceiver also takes a differential cross-coupled design. In this VCO, the 

oscillation frequency is determined by the resonance frequency of the LC tank. Therefore, 

by varying the voltage on the tuning node, the capacitance of the varactor can be tuned, 

changing the resonance frequency of the LC tank and hence the oscillation frequency of 

the VCO. 

Different from the VCO presented in Chapter 4, no current source is used at the 

emitter node of the cross-coupled transistor pair. Instead, a resistor is used at this location. 

As indicated in [62], the flicker noise of the current source will be up-converted to the 

oscillation frequency of the VCO, contaminating the signal and increasing the phase noise. 

By using a resistor which does not generate flicker noise, the phase noise of the VCO at 

small offset frequency can be improved. 
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Figure 5.5: Schematic of the VCO. 

5.2.2. 5GHz PA 

Different from the PA described in Chapter 4, the PA in this work takes a fully-

differential design. Its schematic is shown in Figure 5.6. At the input of the PA, two 

inductors (L1 and L2) and two capacitors (C1 and C2) perform impedance matching so that 

the previous stage can deliver the maximum amount of power to the PA. In order to 

increase the low frequencies stability of the PA, a parallel RC network is inserted at its 

input so that extra losses can be introduced at low frequencies. At high frequencies, the 

capacitor will shunt the resistor so that the parallel RC network incurs small loss penalties. 

At the collector of the transistors, the output of the PA is carefully matched to 50Ω using 

on-chip capacitors and inductors. Since the PA has differential outputs while a commercial 
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circulator usually has single-ended connections, the outputs of the PA are combined off-

chip using a balun. 

 

Figure 5.6: Schematic of the PA. 

5.2.3. 5GHz LNA 

The schematic for the LNA implemented in this transceiver is presented in Figure 

5.7. Since the LNA is a differential design while a commercial circulator usually provides 

single-ended connections, an off-chip balun is used to convert the single-ended signal into 

differential. The input of the LNA is matched to 50Ω using on-chip inductors and 

capacitors. For this LNA, due to the area limitations and routing issues in the layout, it 

would be difficult to use inductors at the emitter of the transistors to perform impedance 

matching. As a result, a differential transmission lines that is 490μm in length is used to 

provide the desired inductance.  
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Figure 5.7: Schematic of the LNA. 

As described in [63], the input impedance of a transmission line terminated by a 

short-circuit load is: 

𝑍𝑖𝑛(𝑙) = 𝑗𝑍0tan (
2𝜋𝑙

𝜆
) 

Equation 12: Input impedance of a transmission line terminated by a short-circuit 

load. 

Here Z0 is the characteristic impedance of the transmission line, λ is the wavelength, and l 

is the distance to the load. For the transmission line used in the LNA, Z0 is 33.8Ω, λ is 

32mm at 5GHz, and l is 490μm. Therefore, the input reactance of the transmission line is 

calculated to be 3.3Ω. In the simulation, the LNA achieves a gain of 12dB and NF of 2.7dB. 
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5.2.4. Self-interference cancellation block 

The self-interference cancellation block is the core part of the reported transceiver. 

In this work, no assumption is made on the phase of the TX self-interference signal, so the 

self-interference cancellation circuit is required to generate a cancellation signal with 360◦ 

phase tunability. Moreover, as indicated before, the maximum TX self-interference signal 

is assumed to be -10dBm. Since the EPR signal will be amplified by the LNA gain of 12dB 

before combining with the cancellation signal, the cancellation signal needs to have a 

maximum amplitude no smaller than 2dBm. 

As shown in Figure 5.4, the self-interference cancellation block is composed of four 

major blocks: an attenuator, an I/Q generation block, a phase shifter and a variable gain 

amplifier (VGA). Next, the implementation of each block will be described. 

 

Figure 5.8: Schematic of the attenuator. 

Firstly, we discuss the design of the attenuator. In this work, the input of the self-

interference cancellation block is the PA output. Since the voltage swing at the output of 

the PA is excessively large, the PA output must be attenuated first before connecting to the 

self-interference cancellation circuit, otherwise it may cause severe linearity/transistor 

breakdown issues. The attenuator in this work is implemented using a simple RC divider, 
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as shown in Figure 5.8. The resistance is 3.3kΩ and the capacitance is 1pF. Therefore, the 

attenuation is approximately 40dB at 5GHz. 

 

Figure 5.9: Schematic of the I/Q generation block. 

Secondly, the schematic for the I/Q generation block is shown in Figure 5.9. The 

same I/Q generation block is also utilized to generate the I/Q signal for the mixer LO, as 

shown in Figure 5.4. For the self-interference cancellation block, an I/Q generation block 

is required because the phase shifter that will be introduced later is a Cartesian phase shifter, 

which needs both I and Q branch of the signal to perform phase shift. In order to generate 

the I and Q signals with the same amplitude, the capacitance and the resistance values are 

chosen such that 
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𝑅 =
1

𝜔𝐶
 

Equation 13: Relationship of R and C in the I/Q generation block. 

Here ω is the operation frequency. Clearly, there are infinite combination of the R 

and C values that can satisfy this relationship. In this work, the resistance and the 

capacitance are chosen to be 200Ω and 160fF, respectively. These values are selected such 

that they are much smaller than the input impedance of the following stage, so that the 

loading effect would be small; while the input impedance of the I/Q generation block is 

large enough so that it doesn’t significantly affect the performance of the previous stage. 

In Figure 5.10, the schematic of the phase shifter is presented. It is a Cartesian phase 

shifter, which shifts the phase of the signal by combining the I and Q branch of the signal 

with different weight. Here, the control voltage Vtune adjusts the amount of bias current for 

the two amplifiers, which amplify the I and Q branch of the signal, respectively. As the 

bias current changes, the gain of the amplifier also varies. Therefore, the I and Q branch of 

the signal can be assigned different weight during the combination. Since the total amount 

of bias current for two amplifiers is fixed, the gain of the phase shifter is relatively constant 

across different phase shifts. In order to produce a variable phase shift from 0° to 360°, two 

digital bits, VI and VQ are utilized to determine the quadrant during the combination of I 

and Q branch of the signal. 
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Figure 5.10: Schematic of the phase shifter. 

The design of the VGA is presented in Figure 5.11. For this VGA, two amplifiers 

amplify the EPR signal with different polarities and their outputs are combined. Therefore, 

by tuning the ratio of the bias current for these two amplifiers using the control voltage 

Vtune, the gain of the VGA can be varied. In order to increase the maximum gain of the 

VGA, an LC resonance network is used as the load to increase the load impedance. The 

resonance frequency of the LC network is tuned to 5GHz. During the simulation, the VGA 

is able to provide a variable gain from -25dB to 20dB.  
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Figure 5.11: Schematic of the VGA. 

5.2.5. Down-conversion Mixer 

In this transceiver, a passive down-conversion mixer is utilized instead of the active 

mixer shown in Chapter 4. Compared to active mixers, passive mixers usually provide a 

better linearity, since the transistors are utilized as switches. Moreover, passive mixers 

typically provide better 1/f noise performance than active mixers. As described in [33], this 

advantage results from the fact that passive mixers do not need DC bias currents. Since the 

frequency of the down-converted EPR signal is typically lower than 100kHz, passive 

mixers will be more suitable for EPR spectroscopy.  
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5.3. Measurement results 

In this sub-chapter, we first describe the measurement results of the transceiver with 

self-interference cancellation. We next assemble the EPR spectrometer and present the 

measured EPR responses. 

 

Figure 5.12: Layout of the transceiver chip. 

5.3.1. Transceiver measurement results 

The fully-integrated transceiver is implemented using IBM 0.13µm SiGe BiCMOS 

process technology. The layout of the designed chip and the micrograph of the fabricated 
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chip are presented in Figure 5.12 and Figure 5.13, respectively. The entire transceiver 

occupies an area of 2.35mm by 3.05mm. 

 

Figure 5.13: Micrograph of the fabricated transceiver chip. 

In Figure 5.14, the oscillation frequency of the VCO is plotted versus the tuning 

voltage. The measurement is performed using an Agilent signal analyzer N9030A. For a 

tuning voltage ranging from 2V to 4.5V, the VCO frequency can be tuned from 4.6GHz to 

5.35GHz. The tuning range is 16.3%. The measured phase noise is -121dBc/Hz at 1MHz 

offset frequency. 
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Figure 5.14: Measured VCO frequency versus the tuning voltage. 

In Figure 5.15, the measured TX output power versus the frequency is presented. 

During the measurement, the oscillation frequency of the VCO is swept from 4.6GHz to 

5.3GHz, and the TX output power is measured using the signal analyzer at the output of 

the PA. It is observed that the TX is capable of generating a maximum output power of 

22dBm at 4.75GHz. The variation of the TX output power is within 3dB across the 

frequencies from 4.6GHz to 5.25GHz. As the TX frequency further increases to 5.3GHz, 

the TX output power quickly drops to below 16dBm. One possible reason for this drop is 

that the on-chip LC matching network becomes off-tuned at high operation frequencies, 

resulting in poor power transmission and low output power.  
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Figure 5.15: Measured TX output power versus frequency. 

The behavior of the self-interference cancellation block is studied next. During this 

measurement, the TX output is sent to the RX input through an external variable-gain 

attenuator to mimic the TX self-interference. The self-interference power is adjusted by 

tuning the attenuation value. The TX self-interference power at the power monitoring node 

in the RX is measured to evaluate the effect of cancellation and to guide the tuning of the 

VGA and phase shifter in the cancellation block. During the tuning, both the tuning 

voltages for the phase shifter and VGA are adjusted from 0V to 1.2V with a step resolution 

of 10mV. Figure 5.16 presents the signal spectrum measured at the monitoring node under 

a TX self-interference power of -20dBm. By carefully adjusting the tuning voltages, it is 

observed that 38dB cancellation of the TX self-interference signal can be achieved. 
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Figure 5.16: Normalized self-interference power with cancellation circuit on and off. 

 

Figure 5.17: The RX conversion gain with and without self-interfernece cancellation. 
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 Figure 5.17 plots the conversion gain of the RX at various TX self-interference 

power levels. If the self-interference cancellation block is turned off, the interference input-

referred 1dB compression point (P1dB) of the RX is only -25dBm. On the other hand, if the 

self-interference cancellation block is turned on and cancels the TX self-interference signal, 

the P1dB of RX increases to -8dBm. At -8dBm TX self-interference power, the self-

interference cancellation block increases the RX gain by as much as 15dB. This 

demonstrates the effectiveness of the self-interference cancellation design. 

5.3.2. EPR spectrometer measurement results 

After calibrating the transceiver, a CW absorption-power-based EPR spectrometer 

is assembled. The spectrometer utilizes the same architecture as introduced in the previous 

chapters. The resonator is also a PCB-based planar design with a quality factor around 30. 

Since the design of the resonator is very similar to the design discussed in Chapter 4, except 

that the resonator for this spectrometer is tuned to operate at 5GHz, the detailed design of 

the resonator is omitted here for the sake of brevity. 

5.3.2.1. Traditional magnetic-field-sweep measurement 

We first use the traditional method of magnetic-field sweep to perform the EPR 

measurement. For this method, the TX frequency is fixed during the measurement, while 

the magnetic field is swept. Similar to the spectrometer discussed in Chapter 4, when a new 

sample is placed onto the resonator, the resonance frequency of the resonator will be re-

measured. However, in order to test the effectiveness of the self-interference cancellation 

block in real EPR measurement, the VCO frequency of the transceiver is deliberately off-

tuned slightly compared to the resonance frequency of the resonator. This mimics the 
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impacts of non-idealities, such as impedance mismatch caused by the sample and 

process/temperature variation in in vivo EPR measurements. As a result, the TX self-

interference power at the input of RX is approximately -10dBm for each measurement. 

 

Figure 5.18: Measured EPR response from DPPH powders in (a) linear scale and (b) 

log scale. 

We first present the measurement results of 10mg DPPH powder sample. During 

the measurement, the magnetic field is swept from 1630Gauss to 1670Gauss. The 
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measurement results are plotted in both linear scale and log scale in Figure 5.18. It is clear 

that at -10dBm TX self-interference power, the self-interference cancellation block is 

capable of increasing the SNR of the EPR signal by 5dB. Compared to the spectrometer 

presented in Chapter 4, although more DPPH samples have been used in this measurement, 

the filling factor is estimated to be similar due to the sample placement. Hence, at a similar 

filling factor, the sensitivity of the new spectrometer is drastically improved by over 10dB, 

although the isolation between the TX and the RX is more than 10dB lower.  

We next present the measurement results for 52mg of MgO-Cr+ crystal sample. 

During the measurement, the magnetic field is swept from 1680Gauss to 1692Gauss. The 

measurement results are plotted in both linear scale and log scale in Figure 5.19. Again, 

the self-interference cancellation block can improve the SNR of the EPR response by 5dB. 

5.3.2.2. Frequency-sweep measurement 

Traditionally, to perform EPR measurements in a CW absorption-power-based 

EPR spectrometer, one has to use the method of magnetic-field sweep, as introduced 

previously. When using this method, the frequency of the microwave excitation signal is 

kept constant during the measurement, while the magnetic field is swept. However, 

sweeping the magnetic field is not a trivial task. It usually requires the generation of a 

strong and varying current, which increases the complexity of the spectrometer. On the 

other hand, if the magnetic field can be kept constant during the measurement while the 

frequency of the microwave excitation signal is varied, the complexity of the system can 

usually be reduced. For example, in our transceiver, the VCO frequency can be easily 

varied by changing the voltage on the frequency tuning node. 
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Figure 5.19: Measured EPR response from a MgO-Cr+ crystal in (a) linear scale and 

(b) log scale. 

Unfortunately, this frequency-sweep method can rarely be applied in conventional 

EPR spectrometer. The major obstacle for this method is the reflection power from the 

resonator, which appears as the TX self-interference at the RX input. In the magnetic-field 

sweep method, the TX frequency is fixed and matches with the resonance frequency of the 

resonator. Therefore, as long as the resonator is well-matched, the reflected power from 

the resonator is usually low and do not have a major impact on the RX performance.  
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Figure 5.20: The measured EPR response of DPPH powder using the frequency-

sweep method in (a) linear scale and (b) log scale. 

On the other hand, if the frequency-sweep method is used, the TX frequency will 
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resonator. As a result, the RX will be saturated and the EPR signal will be distorted. Hence, 

this frequency-sweep method is rarely used in a EPR spectrometer. 

In this work, in addition to the method of magnetic-field sweep, for the first time, 

the method of frequency sweep is successfully performed in the EPR spectroscopy. In 

Figure 5.20, the measurement results using the frequency-sweep method are presented for 

the same DPPH powder sample studied in the previous sub-section. It is demonstrated that 

the self-interference cancellation block is able to keep the RX gain flat, even when the 

frequency deviates from the resonance frequency of the resonator by more than 10MHz. 

This feature reduces the distortion by up to 15dB, which is sufficient to capture the EPR 

response of samples with a narrow line-width, including DPPH 

5.4. Comparison with the previous spectrometer 

In this chapter, a new CW absorption-power-based EPR spectrometer which 

utilizes a single-chip transceiver with self-interference cancellation block has been 

presented. At this moment, it is beneficial to compare the performance of the new 

spectrometer with the spectrometer discussed in Chapter 4. 

In Table 2, the performance comparison between two EPR spectrometers are 

presented. As shown in the table, the new spectrometer operates at a higher frequency, 

includes a novel self-interference cancellation circuit, and generates a much stronger TX 

excitation power. As a result, under a similar filling factor, the sensitivity of the new 

spectrometer is over 10dB higher when using the traditional magnetic-field-sweep method 

although the isolation between the TX and the RX is considerably lower. Moreover, thanks 
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to the self-interference cancellation block, the new spectrometer is capable of measuring 

the EPR responses using the frequency-sweep method. This eases the measurement process 

and reduces the complexity of the measurement setup. 

Table 2: Performance comparison between the new spectrometer and the 

spectrometer reported in Chapter 4. 

 Previous work This work 

Operation frequency 885-979MHz 4.6-5.35GHz 

Self-interference cancellation No Yes 

B0-sweep method Yes Yes 

Frequency-sweep method No Yes 

Maximum TX power 5.2dBm 22dBm 

TX self-interference P1dB -40dBm -25dBm (without self-

interference cancellation) 

-8dBm (with self-

interference cancellation) 

Isolation between TX-RX 

required at interference P1dB 

and maximum TX power 

45dB 47dB (without self-

interference cancellation) 

30dB (with self-

interference cancellation) 

SNR improvement when 

measuring DPPH sample using 

B0-sweep method 

- More than 10dB 
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5.5. Chapter summary 

In this chapter, a new CW absorption-power-based EPR spectrometer is presented. 

The spectrometer is based on a fully-integrated transceiver that incorporates a self-

interference cancellation block to mitigate the TX self-interference problem. The 

transceiver chip is fabricated using IBM 0.13μm SiGe BiCMOS process. It occupies an 

area of 2.35mm by 3.05mm. During the measurement, the transceiver is capable of 

generating a TX excitation signal ranging from 4.6GHz to 5.35GHz. It can deliver a 

maximum TX excitation power of 22dBm with a 3dB bandwidth of 700MHz. When the 

on-chip self-interference cancellation block is turned on, it can cancel up to 38dB of TX 

self-interference signal. It improves the self-interference P1dB from -25dBm to -8dBm, and 

increases the conversion gain of the RX by up to 15dB.  

The assembled EPR spectrometer can operate in two modes: the traditional 

magnetic-field-sweep mode and a new frequency-sweep mode. When a traditional 

magnetic-field-sweep method is used to perform the EPR measurement, at -10dBm TX 

self-interference power, the sensitivity of the spectrometer increases by 5dB when the self-

interference cancellation block is turned on to cancel the self-interference signal. 

Compared to the spectrometer reported in Chapter 4, the sensitivity of the new 

spectrometer improves by over 10dB under a considerably lower TX-RX isolation. 

Moreover, in addition to the traditional magnetic-field-sweep method, to the best 

knowledge of the author, for the first time, the method of frequency-sweep is realized in 

EPR spectroscopy. Compared to the magnetic-field-sweep method, the frequency-sweep 

method doesn’t require the generation of a strong and varying current, and hence the setup 

of the spectrometer can be simplified. Thanks to the self-interference cancellation block, 
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the conversion gain of the RX can be kept flat as the TX frequency is swept and deviates 

from the resonance frequency of the resonator. This results in an authentic reconstruction 

of the EPR responses without distortions.
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Chapter 6 

A 3.8-5.2GHz EPR Transceiver with On-Chip 

Self-Interference Cancellation and Improved 

Noise Performance 

In the previous chapter, we report a EPR transceiver with self-interference 

cancellation block. The cancellation circuit reduces the TX self-interference signal by as 

much as 38dB during the operation, improves the noise figure (NF) of the RX, and 

increases the sensitivity of the spectrometer. In this chapter, we report a new transceiver 

with an upgraded self-interference cancellation circuit that further improves the 

performance of the transceiver presented in the previous chapter. Specifically, the major 

improvement is that the noise generated from the self-interference cancellation circuit will 

be significantly reduced by minimizing the voltage gain in this block. As the noise 

generated from the cancellation circuit decreases, the NF of the RX will improve. Besides 

an upgraded self-interference cancellation circuit, the performance of several other circuit 

blocks in the new transceiver will be improved as well, including the LNA, the mixer, and 
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the frequency generation block. This also leads to a better performance of the transceiver 

reported in this chapter. 

This chapter is organized as follows: firstly, we describe why the voltage gain in 

the cancellation circuit has to be minimized to improve the NF of the RX. Secondly, the 

architecture of the reported transceiver is introduced and design details for the transceiver 

will be discussed. We next present the measurement results for the transceiver as well as 

the assembled EPR spectrometer. Finally, this chapter will be concluded. 

 

Figure 6.1: The RX front-end used in simulation. 

6.1. Impact of the voltage gain in the cancellation circuit on the RX NF 

To understand why the voltage gain in the cancellation circuit will affect its noise 

contribution to the RX, the NF of the RX front-end is simulated against different voltage 

gain of the cancellation circuit. The structure of the RX front-end used in the simulation is 

shown in Figure 6.1, which is the same as the structure of the RX front-end presented in 

Chapter 5. During the simulation, the cancellation signal is injected into the RX at the LNA 

output. The cancellation circuit is modeled as an attenuator at the input, followed by a VGA 
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and a phase shifter. The “voltage gain in the cancellation circuit” studied in the simulation 

refers to the voltage gain from the output of the attenuator to the output of the cancellation 

circuit. In the simulation, the LNA gain and NF are assumed to be 10dB and 2dB, 

respectively. The equivalent noise power at the output of the attenuator (or at the input of 

the VGA and phase shifter) is assumed to be the thermal noise power of a 50Ω resistor, 

and it is fixed as the voltage gain of the cancellation circuit is swept.  

 

Figure 6.2: Simulated RX NF against different voltage gain of the cancellation circuit. 

As shown in Figure 6.2, the NF of the RX front-end rises quickly as the voltage 

gain of the cancellation circuit increases beyond 5dB. This observation can be understood 

as follows: as the voltage gain of the self-interference cancellation block increases, the 

noise from the cancellation circuit also gets amplified. When the voltage gain of the 

cancellation circuit is small, its noise contribution to the RX remains negligible and has 
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limited impact on the NF of the RX. However, when the voltage gain of the cancellation 

circuit is large, the cancellation circuit injects a great amount of noise into the RX, 

deteriorating the NF of the RX significantly. A very similar observation has also been made 

in a previous publication [64]. In the transceiver presented in Chapter 5, since the TX 

output signal is attenuated by approximately 40dB at the input of the cancellation circuit, 

the VGA needs to provide a voltage gain of 20dB in order to cancel a large TX self-

interference signal. This large voltage amplification inevitably amplifies the noise from the 

cancellation circuit as well, deteriorating the NF of the RX. Therefore, in order to further 

improve the sensitivity of the spectrometer, the self-interference cancellation circuit must 

be optimized to reduce the voltage gain. 

 

Figure 6.3: Architecture of the transceiver. 
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6.2. Transceiver design 

In this sub-chapter, the design details of the transceiver will be presented. The 

architecture of the transceiver is plotted in Figure 6.3. The frequency of the transceiver is 

targeted around 4.5GHz. Similar to the transceiver described in Chapter 5, this transceiver 

is also a fully-differential design, which improves the stability as well as noise performance 

of the circuits. On the TX side, a VCO working at twice the operation frequency generates 

the TX excitation signal. The frequency of this signal will then be divided by two using a 

frequency divider. After frequency division, the TX signal will be amplified by a set of 

amplifiers and delivered to off-chip through a differential PA. On the RX side, a differential 

LNA first amplifies the EPR signal. At the output of the LNA, the cancellation signal 

generated by the on-chip self-interference cancellation block will be injected into the RX 

and cancels the TX interference. After cancellation, the EPR signal will be further 

amplified by a voltage amplifier and then converted into RF current by a Gm-cell. This RF 

current will be down-converted to baseband frequencies by a current-mode passive mixer. 

The EPR signal receives further amplification at baseband and is finally delivered to off-

chip loads for processing. As shown in the figure, this new architecture differs from the 

architecture described in Chapter 5 in a few places, such as the adoption of a frequency 

divider as well as a current-mode passive mixer. The motivation and reasons for these 

differences will be illustrated as we go through the design details of each individual block. 

6.2.1. 9GHz VCO and frequency divider 

In this transceiver, the generation of the TX excitation signal is achieved through a 

9GHz VCO and a frequency divider. This is different from the previous two transceivers, 
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where the excitation signal is generated using a single VCO working at the TX frequencies. 

In this work, the new structure is chosen because the I and Q branch of the excitation signal 

can be generated simultaneously from the frequency divider, while a differential VCO can 

only provide one branch of the signal. As described in previous chapters, the excitation 

signal is also used as the LO signal for the mixer. Since the mixer requires both I and Q 

branch of the LO signal to perform the I/Q down-conversion, the new structure eliminates 

the need for a separate I/Q generation block.  

 

Figure 6.4: Schematic of the VCO. 

 As shown in Figure 5.9, the I/Q generation block utilized in the previous transceiver 

is implemented using an RC-CR structure. In order to make sure that the achieved I/Q 

signals have the desired phase difference and the same amplitude, the resistance and 

capacitance values have to satisfy the relationship described in Equation 13 precisely.  
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Figure 6.5: Schematic of the frequency divider. 

Unfortunately, due to process variations in the fabrication, the resistance and 

capacitance values usually deviate from the desired value. Therefore, the achieved I/Q 

signals will have different amplitude and their phase difference will not be ideal. This might 

be acceptable for the phase shifter in the cancellation circuit as it can adjust the weight for 

the I/Q signals to achieve the desired phase shift, but it may greatly affect the performance 

of the mixer. Hence, in order to guarantee the phase/amplitude relationship between the 

I/Q signals for the mixer LO, a VCO working at twice the operation frequency and a 

frequency divider are used here, eliminating the need for an extra I/Q generation block. 
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Figure 6.4 presents the schematic of the VCO. It utilizes the same differential cross-

coupled structure as described in the previous chapter. Its frequency is designed to be 

tunable around 9GHz, which is twice the frequency of the TX excitation signal. 

 

Figure 6.6: Simplified view of the frequency divider. 

Figure 6.5 presents the schematic of the frequency divider. A simplified single-

ended view of the divider, which illustrates the basic operation principle of the circuit, is 

shown in Figure 6.6. Here, the VCO output drives the CLK terminal of a D flip-flop. The 

output Q̅ is connected to the input of flip-clop. Therefore, the output Q and Q̅ will have a 

frequency that is half of the frequency of the VCO signal. Utilizing the frequency divider, 

the I and Q branch of the excitation signal can be provided simultaneously. This eliminates 

the RC-CR I/Q generation block that is prone to process variation. 

6.2.2. 4.5GHz PA 

The schematic of the PA is presented in Figure 6.7 (the input matching network is 

not shown in the figure). The PA is a fully-differential design, and its output power is 

combined off-chip using a balun. In order to enhance the common-mode stability, a resistor 

is added at the common-node of inductor L1. This introduces extra losses to common-mode 

signals while incurring no effects on the differential outputs. 
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Figure 6.7: Schematic of the PA. 

6.2.3. 4.5GHz LNA 

Figure 6.8 presents the schematic of the LNA. It is a cascode design with inductive-
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cascode LNA is less affected by the load impedance, and thus it is easier to match the input 

impedance of the LNA to 50Ω. The load of this LNA is a LC resonance network, whose 

resonance frequency is tuned to be the operation frequency of this transceiver. Since the 

impedance of the LC resonance network is too large at the resonance frequency, which 

would result in an excessively high gain of the LNA, a resistor is added in parallel with the 

network. This resistor reduces the impedance of the network and hence the gain of the LNA. 

Moreover, since the resistance also reduces the quality factor of the LC resonance network, 
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the operation of the LNA is now less vulnerable to process variations. In addition to the 

LNA, Figure 6.8 also shows that the cancellation signal is injected into the RX through a 

cascode buffer. The buffer shares the same load with the LNA so that the cancellation 

signal is injected at the LNA output. 

 

Figure 6.8: Schematic of the LNA. 
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Figure 6.9: Schematic of the Gm-cell. 

6.2.4. 4.5GHz Gm-cell 

In this work, a current-mode passive mixer is utilized to down-convert the signal. 

(The reason for choosing a current-mode passive mixer will be discussed in the next 

section.) Therefore, the EPR signal needs to be converted from the voltage domain into the 

current domain before down-conversion. This task is accomplished by a Gm-cell, whose 

design is shown in Figure 6.9. One important requirement for the Gm-cell is that it should 

have a high linearity. This is because the Gm-cell is the last stage before down-conversion 

and its linearity performance has the strongest impact on the linearity of the entire RX. In 
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CMOS cell. As the voltage swing at the Gm-cell increases, at least one transistor, either 

PMOS or NMOS, will be on during the operation. Therefore, this Gm-cell can achieve a 

VDD

G
m

-c
e
ll 

in
p
u

t

G
m

-c
e
ll o

u
tp

u
t

BIAS

+

-

+

-

100μm

/0.12μm

300μm

/0.12μm



 
105 

very high linearity [52]. In simulation, the input voltage swing would need to exceed 1.4V 

to compress the trans-conductance gain by 1dB.  

 

Figure 6.10: Schematic of the current-mode passive mixer. 
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input impedance of the baseband trans-impedance amplifier (TIA), the current-mode 

passive mixer provides a high linearity. This is because large voltage swings, which cause 

device nonlinearities, are avoided in the circuit. The LO signal of the passive mixer in this 

work is generated from the I/Q outputs of the frequency divider following the VCO. By 

using four NAND gates, the LO signals for the mixer are shaped to have 25% duty cycle. 

Compared to 50% duty cycle LO, a 25% duty cycle LO increases the conversion gain of 

the mixer by 3dB [65]. 

 

Figure 6.11: Schematic of the baseband amplifiers. 
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at 10Ω. A low-pass filter is added at the TIA load to reduce the amplitude of unwanted 

signals. The signal is finally amplified and delivered to off chip through a 50Ω driver. 

 

Figure 6.12: Schematic of the self-interference cancellation circuit. 
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6.2.7. Self-interference cancellation circuit 

Similar to the cancellation circuit described in Chapter 5, the self-interference 

cancellation circuit in this work also needs to generate a cancellation signal with tunable 

phase and amplitude to cancel the TX self-interference. In this work, we again do not make 

any assumptions on the phase of the TX self-interference signal, so the self-interference 

cancellation circuit is required to generate a cancellation signal with 360◦ phase tunability. 

The amplitude of the TX self-interference signal is also assumed to have a maximum value 

around -10dBm, because the targeted TX output power is still 20dBm and 30dB TX-RX 

isolation is assumed. Moreover, the P1dB of the RX is estimated to be around -25dBm. 

Therefore, it is important that the cancellation signal has at least 15dB of amplitude 

tunability so that not only a strong self-interference signal around -10dBm can be cancelled, 

a relatively weak self-interference signal around -25dBm can be cancelled as well. 

Figure 6.12 presents the schematic design for the self-interference cancellation 

circuit. Since the TX output exceeds 20dBm, it must be attenuated first before being sent 

to the input of the cancellation block; otherwise the active devices in the cancellation circuit 

may face severe reliability/breakdown concerns. As shown in Figure 6.12, the attenuator 

at the input of the cancellation circuit is realized through a voltage divider. In order to 

minimize the noise contribution of the divider, it is constructed using capacitors instead of 

resistors. To further reduce the noise from the self-interference cancellation circuit, the 

amplitude tuner is merged with the attenuator instead of adding an extra stage to perform 

amplitude tuning for the cancellation signal. This design also reduces the voltage gain in 

the cancellation circuit because the signal is directly attenuated to the desired amplitude 

instead of being attenuated first and then amplified again. Since the divider input is a large 
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signal, it is difficult to use any active devices in the divider to tune the dividing ratio. 

Therefore, in this work, two reserve-biased diode varactors are used. By changing the 

capacitance of the varactors, the dividing ratio will be varied. For a simple divider 

containing only two capacitors C1 and C2, if the varactor capacitance C1 can be increased 

by N×, without considering the load impedance, the amplitude of the divider output will 

vary: 

𝑁𝐶1 + 𝐶2

𝐶1 + 𝐶2
 

Equation 14: Variation of the amplitude of the divider output. 

 

Figure 6.13: Illustration for the inductor-assisted tuning for varactor capacitance. (a)  

ideal inductor and (b) real inductor with a finite quality factor. 

Clearly, to achieve a large tuning range of the divider output, the tuning range of 

the varactor capacitance should be maximized. Unfortunately, in the process where the 

reported transceiver is implemented, the tuning range of the varactor capacitance is limited 

to approximately 2-3×. Therefore, the amplitude tunability of the output of a simple 

capacitive divider is restricted to within 6-10dB. Note that this number could be further 

reduced if the load impedance is considered. In order to enlarge the amplitude tuning range 

of the divider output, in this work, a parallel LC resonance network is utilized to increase 
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the tunability of the effective varactor capacitance. As shown in Figure 6.13(a), if an ideal 

inductor is connected in parallel to the varactor, the admittance of the network is 

𝑌 = 𝑗𝜔𝐶1 +
1

𝑗𝜔𝐿
 

Equation 15: Admittance of a parallel LC network. 

If the value of L and C1 are chosen such that the admittance always has a positive 

imaginary part, the effective capacitance of this LC network would be  

𝐶𝑒𝑓𝑓 = 𝐶1 −
1

𝜔2𝐿
 

Equation 16: Effective capacitance of a parallel LC network. 

Now the tuning range of Ceff is 

𝑁𝐶1 −  
1

𝜔2𝐿

𝐶1 −  
1

𝜔2𝐿

 

Equation 17: Tuning range for the effective capacitance of a parallel LC network. 

By choosing C1 to be slightly larger than  1/ω2L, the tuning range of Ceff could be 

much larger than 3, and therefore the divider output could achieve a large tuning range. 

Moreover, since the admittance of the LC network is purely imaginary and remains positive, 

the phase shift of the voltage divider is constant across all the dividing ratios. 

In reality, the quality factor of the inductor may limit the tuning range of the divider 

output. Assume the inductor has a quality factor of Q, the admittance of the parallel LC 

network is 
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𝑌 = 𝑗𝜔𝐶1 +
1

𝑗𝜔𝐿+
𝜔𝐿

𝑄

= 𝑗𝜔𝐶1 −
𝑗𝜔𝐿

𝜔2𝐿2(1+
1

𝑄2)
+

𝜔𝐿

𝑄

𝜔2𝐿2(1+
1

𝑄2)
≈ 𝑗𝜔𝐶1 −

𝑗

𝜔𝐿
+

1

𝜔𝐿𝑄
  

Equation 18: Admittance of a parallel LC network with a inductor of a finite quality 

factor. 

Note that the effective capacitance remains the same as the case where the inductor 

is ideal, but the admittance now has a positive real part, whose value is equal to 1/ωLQ. 

The resulting tuning range of the dividing ratio is 

|
1 + 𝑗𝜔2𝐿𝑄(𝐶2 + 𝐶𝑒𝑓𝑓−𝑚𝑎𝑥)

1 + 𝑗𝜔2𝐿𝑄(𝐶2 + 𝐶𝑒𝑓𝑓−𝑚𝑖𝑛)
| 

Equation 19: Tuning range of the dividing ratio of the divider when an inductor with 

finite quality factor is placed in parallel with the varactor. 

Here Ceff-max and Ceff-min are the maximum and minimum values of the effective 

capacitance Ceff. From Equation 19, it is clear that for the same values of Ceff and C2, a 

lower quality factor of the inductor would result in a lower tuning range of the dividing 

ratio. Moreover, the phase shift of the divider output would also vary at different dividing 

ratios due to the finite quality factor of the inductor. Figure 6.14 plots the simulated output 

of the voltage divider under different quality factor of the inductor. The simulation is 

performed at 4.5GHz. This is also the frequency where the quality factor of the inductor is 

determined. C2 is set at 200fF such that the divider provides high input impedance to the 

TX output. C1 is varied from 2pF to 5pF, while the inductance is chosen to be 0.8nH such 

that Cmin is equal to 400fF and the signal will be attenuated by at least 10dB. As is evident 

from the figure, the quality factor of the inductor should be maximized to achieve a larger 

tuning range of the divider ratio. Moreover, as the quality factor of the inductor increases, 
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the phase shift of the divider output has a smaller variation. In this work, the quality factor 

of the inductor is 13. This corresponds to a tuning range of 14dB and the variation of phase 

shift across the entire tuning range is within ±4◦ in simulation. 

In this work, a high input-impedance buffer follows the divider. The input 

impedance of the buffer can be absorbed into the quality factor of the inductor when 

analyzing the performance of the voltage divider. As the amplitude of the divider output 

can still be large, high breakdown transistors are used when constructing the buffer. To 

provide additional tuning of the amplitude of the cancellation signal, the voltage gain of 

the buffer is adjustable by tuning the bias voltage and the load impedance. The design of 

the phase shifter is similar to the design described in Chapter 5. Firstly, an RC-CR I/Q 

generation block converts the differential signal into quadrature. The quadrature signal is 

sent to a Cartesian phase shifter, which combines the I and Q branch of the signal with 

tunable weights. The weights of the I and Q signals are controlled by varying the gain of 

the two buffers that passes the signal. Two control signals are used to determine the 

quadrant where the I and Q signals are combined to achieve 360◦ phase tunability. The 

cancellation signal is finally injected into the RX through the buffer shown in Figure 6.8. 
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Figure 6.14: (a) Simulation results for the dividing ratio under different inductor Q. 

(b) Simulation results for the phase shift of the divider output under different 

inductor Q. 

(a)

(b)

Ideal indutor

Inductor Q=20

Inductor Q=5

Ideal indutor

Inductor Q=20

Inductor Q=5
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Figure 6.15: Simulated noise power at the LNA output and the cancellation circuit 

output when the gain of the cancellation circuit is set at the maximum value.  

In order to improve the NF of the RX, the noise generated from the self-interference 

cancellation block has to be minimized. As indicated earlier in this chapter, to achieve this 

goal, voltage amplification in the cancellation circuit has been avoided or kept as small as 

possible. Figure 6.15 presents the simulation results for the noise contribution of the 

cancellation circuit. The simulation is performed when the cancellation circuit is 

configured to output the largest cancellation signal. At the LNA output, where the 

cancellation signal is injected to the RX, it is clear that the noise generated from the 

cancellation circuit is much smaller than the noise coming from the LNA (including the 

noise from the 50Ω LNA input and the noise produced by the LNA). This translates to a 

noise penalty of only 0.2dB in simulation. 

Output of LNA

Output of self-interference 

cancellation circuit
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6.3. Measurement results 

In this sub-chapter, we first describe the measurement results of the transceiver with 

self-interference cancellation. We next assemble the EPR spectrometer and present the 

measured EPR responses. 

 

Figure 6.16: Layout of the transceiver chip. 

6.3.1. Transceiver measurement results 

The fully-integrated transceiver is implemented using IBM 0.13µm SiGe BiCMOS 

process technology. The layout of the design chip and the micrograph of the fabricated chip 

are presented in Figure 6.16 and Figure 6.17, respectively. The entire transceiver occupies 

an area of 4.8mm by 2.5mm. 
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Figure 6.17: Micrograph of the fabricated transceiver chip. 

 

Figure 6.18: Measured frequency tuning range of the TX signal. 
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The measured frequency tuning range of the TX signal is shown in Figure 6.18. 

During this measurement, the voltage of the frequency tuning node of the on-chip VCO is 

varied, and the frequency of the frequency divider output is measured. As shown in the 

figure, the frequency of the signal can be varied from 3.8GHz to 5.2GHz.  

 

Figure 6.19: Measured TX output power versus frequency. 

The TX output power versus the frequency is shown in Figure 6.19. It is observed 

that the TX can generate a maximum output power of 22dBm. The measured 3dB 

bandwidth is 1GHz (from 3.8GHz to 4.8GHz.) As the frequency further increases, the on-

chip amplifiers become off-tuned, and the output power quickly drops. At 5.2GHz, which 

is the maximum TX frequency, the TX output power is 12dBm, 10dB lower than the 

maximum output power of the TX. 
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Figure 6.20: (a) Measured self-interference cancellation at 4.3 GHz under different 

interference power and phase. (b) Measured self-interference cancellation at -10dBm 

interference power under different frequencies. 
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The performance of the self-interference cancellation circuit is shown in Figure 

6.20. The purpose of this measurement is to determine if the cancellation circuit is able to 

cancel the TX self-interference signal across a wide range of phase, amplitude, and 

frequencies. During this measurement, the TX output is connected to the RX input through 

an external phase shifter and variable-gain attenuator. Therefore, the phase and amplitude 

of the self-interference signal can be externally controlled and varied. Moreover, the 

frequency of the self-interference signal can be controlled by varying the oscillation 

frequency of the on-chip VCO. As the phase, amplitude, and frequency of the TX self-

interference signal is extensively varied, the control voltages for the on-chip self-

interference cancellation circuit are changed accordingly to cancel the self-interference 

signal. In Figure 6.20(a), the TX self-interference frequency is fixed at 4.3GHz but the 

amplitude and phase are varied. It is observed that the self-interference signal can be 

reduced by at least 32dB across all the combinations of amplitude and phase. In Figure 

6.20(b), the self-interference amplitude is fixed at -10dBm but the frequency is varied. 

Again, a cancellation of at least 32dB is obtained. Therefore, it is concluded that the 

reported self-interference cancellation circuit is able to cancel the TX self-interference 

signal across a wide range of situations. 

The RX conversion gain and linearity is studied next. In Figure 6.21, the measured 

conversion gain and self-interference P1dB of the RX is plotted. As shown in the figure, the 

RX achieves a conversion gain of 46dB. If the self-interference cancellation circuit is 

turned off, the self-interference P1dB is -20dBm. However, when the self-interference 

cancellation circuit is turned on to cancel the TX self-interference signal, the self-
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interference P1dB increases to -8dBm. This is a 12dB improvement and it demonstrates the 

effectiveness of the self-interference cancellation circuit. 

 

Figure 6.21: Measured 1dB compression point of the RX with and without the 

cancellation circuit. 

Finally, the NF of the RX is studied. During the NF measurement, a stable external 

RF source instead of the on-chip VCO is utilized to generate the TX signal and the LO 

signal for the down-conversion mixer. This improves the measurement accuracy especially 

at low baseband frequencies. As shown in Figure 6.22, when both the TX and the self-

interference cancellation circuit are turned off, the RX achieves a NF of 3.1dB/6.3dB at 

10MHz/50kHz baseband frequencies. When the TX remains off and the self-interference 

cancellation circuit is turned on and configured at the maximum gain settings, the 

Cancellation circuit on

Cancellation circuit off
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cancellation circuit incurs a noise penalty of at most 0.6dB across the baseband frequencies 

from 50kHz to 10MHz.  

 

Figure 6.22: Measurement results for the NF of the RX. 

The NF of the RX when the TX is turned on is studied next. In this measurement, 

the TX interference power is set to -10dBm. We first examine the NF when the cancellation 

circuit is on and cancels the TX self-interference. During the measurement, it is observed 

that the NF varies as the phase of the TX self-interference signal changes. One of the 

possible reason for this phenomenon is the common-mode TX noise, which does not 

necessarily receive the same cancellation as the differential interference signal. This impact 

can be potentially mitigated by improving the common-mode rejection ratio in the 

transceiver and/or the usage of a better balun at the TX output that cancels more common-

RX only

Cancellation circuit on, TX off

Cancellation circuit on, TX on

Cancellation circuit off, TX on



 
122 

mode TX noise. A representative NF of the RX when the cancellation circuit cancels the 

self-interference signal is presented in Figure 6.22. It is observed that the RX NF is 

6.8dB/11.1dB at 10MHz/50kHz baseband frequencies. Compared to the NF when the TX 

is off, the NF degrades by a few dB in this case. Besides the residue of the phase 

noise/thermal noise from the TX self-interference signal, we believe that other mechanisms, 

such as the noise coupling from the supply and ground rail, also contribute to this 

degradation. We next examine the RX NF under the same interference power when the 

cancellation circuit is off. During this measurement, the NF also varies with the phase of 

the TX self-interference signal, which is possibly due to the DC offset that affects the 

operation of the mixer. If the phase of the interference signal is set to the same with the 

previous case (cancellation circuits cancels interference signal), the measured NF of the 

RX is 12.4dB/20.7dB at 10MHz/50kHzbaseband frequencies when cancellation circuit is 

off. This demonstrates that the self-interference cancellation circuit is able to improve the 

NF significantly when there is a strong TX self-interference signal at the RX input. 

Table 3 compares the reported transceiver with previously-published in-band full-

duplex transceivers. It is observed that the flicker noise corner of the reported transceiver 

is more than one order of magnitude lower than prior works. Therefore, it is estimated that 

the reported transceiver achieves a significantly lower NF at low baseband frequencies. 

Clearly, the reported transceiver is the most suitable for EPR spectroscopy application. 

Table 3: Performance comparison between the reported transceiver with previously-

published in-band full-duplex transceivers. 

 [57] [58] [59, 60]1 This work 

On-chip blocks Transceiver RX only Transceiver Transceiver 
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Operating freq. 0.1-1.5GHz 0.8-1.4GHz 0.15-3.5GHz 3.8-4.8 GHz 

TX output power -18dBm N.A. 13dBm 22dBm 

Maximum RX gain 55dB 42dB 24dB 46dB 

RX NF (TX & 

cancellation circuit off) 

5-8dB 4.8dB 6.3dB 3.1dB2 

RX NF at 50kHz 

baseband frequency 

(TX & cancellation 

circuit off) 

N.A. N.A. N.A. 6.3dB 

RX 1/f noise corner 

(TX & cancellation 

circuit off) 

N.A. N.A. 2MHz 60kHz 

RX NF degradation 

when cancellation 

circuit is on (TX off) 

N.A. 0.9-1.5dB 4-6dB <0.6dB 

RX NF when co-

integrated TX is on and 

cancellation circuit 

cancels TX self-

interference 

10.5dB (-

18dBm TX 

and 

interference 

power) 

N.A. N.A. 6.8dB/11.1dB 

at 

10MHz/50kHz 

baseband 

frequency 

(>20dBm/-

10dBm 

TX/self-

interference 

power) 

Self-interference P1dB -17.3dBm -8dBm N.A. -8dBm 

Technology 65nm 

CMOS 

65nm 

CMOS 

65nm CMOS 0.13µm 

BiCMOS 

1. The receiver and transceiver were reported in [59] and [60], respectively. 

2. This is the NF measured at 10MHz baseband frequency. 

6.3.2. EPR spectrometer measurement 

After measuring the performance of the single-chip transceiver, a CW absorption-

power-based EPR spectrometer is assembled. The spectrometer utilizes the same 
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architecture as introduced in previous chapters and a similar PCB-based planar resonator 

used in Chapter 5. For the sake of brevity, the setup details of the assembled spectrometer 

are omitted here. 

 

Figure 6.23: Measured EPR response from the DPPH sample. 

In Figure 6.23, the measured absorption line of 4mg DPPH sample using the 

assembled spectrometer is plotted. During the measurement, the frequency of the TX signal 

is fixed, and the B0 field is swept from 1510Gauss to 1549Gauss. By off-tuning the VCO 
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frequency versus the resonance frequency of the resonator, the self-interference power at 

the input of the RX is deliberately raised to around -10dBm. As shown in the figure, if the 

self-interference cancellation circuit is configured to cancel the TX self-interference, the 

resulted SNR increases by around 7dB. Compared to the EPR spectrometer reported in 

Chapter 5, the sensitivity of the spectrometer in this work is 10dB higher, demonstrating 

the effectiveness and superiority of the new transceiver. 

6.4. Conclusion 

In this chapter, a new CW absorption-power-based EPR spectrometer is presented. 

The spectrometer is based on a new transceiver chip that includes an upgraded self-

interference cancellation circuit to mitigate the TX self-interference problem. By avoiding 

large voltage gain in the self-interference cancellation circuit, the noise contribution from 

the cancellation circuit is minimized, and hence the NF of the RX is reduced. The 

transceiver chip is fabricated using IBM 0.13μm SiGe BiCMOS process. It occupies an 

area of 4.8mm by 2.5mm. During the measurement, the transceiver is capable of generating 

a TX excitation signal ranging from 3.8GHz to 5.2GHz. It can deliver a maximum TX 

excitation power of 22dBm with a 3dB bandwidth of 1GHz. The measured NF of the RX 

is 3.1dB/6.3dB at 10MHz/50kHz baseband frequencies when the TX and the cancellation 

circuit are off. The 1/f noise corner is 60kHz. When the on-chip self-interference 

cancellation block is turned on, it can cancel at least 32dB of TX self-interference power. 

It also improves the self-interference P1dB from -20dBm to -8dBm. When the TX and the 

cancellation circuit are on, at -10dBm interference power, the NF is 6.8dB/11.1dB at 
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10MHz/50kHz baseband frequencies. This is lower by 5.6dB/9.6dB at 10MHz/50kHz 

baseband frequencies compared to the NF with cancellation circuit off.   

Utilizing this transceiver, a CW absorption-power-based EPR spectrometer is 

assembled and tested. It is observed from the measurement that the self-interference 

cancellation circuit increases the SNR of the EPR signal by 7dB at -10dBm self-

interference power. Compared to the spectrometers reported in Chapter 5, the sensitivity 

of the reported EPR spectrometer in this work is 10dB higher.  
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Chapter 7 

Conclusion 

EPR spectroscopy is a powerful tool that has a large amount of potential 

applications. However, conventional EPR spectrometers are excessively bulky, heavy, and 

costly. Therefore, the application of EPR spectroscopy has long been restricted within a 

limited number of laboratories. In this dissertation, we report our efforts to miniaturize the 

conventional CW absorption-power-based EPR spectrometer by integrating the entire 

electrical transceiver onto a single silicon chip. Specifically, three works have been 

presented in this dissertation. 

In the first work, the first CW absorption-power-based EPR spectrometer based on 

a single-chip transceiver is introduced. The chip is implemented in IBM 0.13μm SiGe 

BiCMOS process technology. It has a tunable operation frequency ranging from 895MHz 

to 979MHz. The maximum TX output power is 5.2dBm. Utilizing this transceiver and a 

custom-built PCB planar resonator, a EPR spectrometer is assembled. The spectrometer 

successfully measures the EPR response from several different samples, including DPPH 
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powder, Fe2O3 nanoparticles, and Fe3O4 nanoparticles. This demonstrates the feasibility 

and functionality of our design. 

In the second work, a new CW absorption-power-based EPR spectrometer is 

introduced. This spectrometer is based on a fully-integrated transceiver that incorporates a 

self-interference cancellation circuit to mitigate the TX self-interference problem. The chip 

is implemented in IBM 0.13μm SiGe BiCMOS process technology. It has a tunable 

operation frequency ranging from 4.6GHz to 5.35GHz. The self-interference P1dB of the 

RX is -8dBm when the self-interference cancellation circuit is turned on and cancels the 

TX interference signal. Therefore, the maximum TX output power can be increased to over 

20dBm without affecting the linearity of the receiver. Utilizing this transceiver, the 

assembled EPR spectrometer successfully improves the sensitivity by more than 10dB over 

the previous work under a considerably lower isolation between the TX and the RX. 

Moreover, in addition to the conventional magnetic-field-sweep method, for the first time, 

a frequency-sweep method is demonstrated in EPR spectroscopy. 

In the third work, a new single-chip transceiver for EPR spectroscopy is introduced 

that incorporates an upgraded self-interference cancellation circuit to mitigate the TX self-

interference problem. By minimizing the voltage gain in the self-interference cancellation 

block, its noise contribution is significantly reduced, which improves the NF of the RX. 

This transceiver chip is fabricated using IBM 0.13μm SiGe BiCMOS process technology. 

It has a tunable operation frequency ranging from 3.8GHz to 5.2GHz. The maximum TX 

output power is 22dBm. The measured NF of the RX is 3.1dB/6.3dB at 10MHz/50kHz 

baseband frequencies when the TX and the cancellation circuit are off. The 1/f noise corner 

is 60kHz. When the cancellation circuit is on, the noise penalty is within 0.6dB even when 
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the gain of the cancellation circuit is set at the maximum. At -10dBm TX self-interference 

power, when the cancellation circuit is on, the NF is 6.8dB/11.1dB at 10MHz/50kHz 

baseband frequencies. This is lower by 5.6dB/9.6dB at 10MHz/50kHz baseband 

frequencies compared to the NF with cancellation circuit off.  Utilizing this transceiver, the 

EPR spectrometer further improves the sensitivity by 10dB compared to the spectrometer 

reported in the second work.  
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