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ABSTRACT

Advanced MIMO-CDMA Receiver for Interference Suppression: Algorithms,
System-on-Chip Architectures and Design Methodology

by

Yuanbin Guo

MIMO (Multiple Input Multiple Output) technology is proposed in CDMA systems
for much higher rate packet services. The receiver architecture is essential for the mobile
devices to support high speed multimedia service. The design challenges come from both
detection algorithms and hardware architectures. Much more complicated algorithms are
required to suppress various interferences. However, the current hardware design architecture and methodology is falling far behind the requirements of small size, low cost and
power consumption.
System-On-Chip (SoC) architectures are a major revolution taking place in the design
of integrated circuits due to many advantages in the power consumption and compact size.
The VLSI-oriented complexity reduction of the numerical algorithms plays an essential role
to design efficient real-time architectures. Thus, the thesis contributes to three major aspects: to propose high performance algorithms with realistic complexity in different channel conditions; to propose real-time SoC architectures with area/speed/power efficiency;
and to propose an efficient design methodology for modelling, partitioning/binding, verification and synthesis of the wireless systems.
Specifically, to cut the design cycle and enable extensive architecture tradeoff study,
an integrated wireless development methodology by High-Level-Synthesis for joint algo-

iii
rithm and architecture optimization is proposed. To address the performance/complexity
tradeoff, we propose two LMMSE equalizer algorithms and SoC architectures for different channel conditions. Both an FFT circulant MIMO equalizer and a frequency domain
iterative equalizer are proposed to avoid Direct-Matrix-Inverse for the well-conditioned
channel as well as long channels working in bad conditions respectively. We then propose
a displacement Kalman equalizer with VLSI-oriented architectural optimization for better
performance in fast fading environments. For systems with the multi-users’ signaling, we
propose an adaptive Parallel-Residue-Compensation architecture with stage and user specific weights by viewing the multiple transmitter antennas as virtual users to cancel the
interferences explicitly. The increased accuracy in interference cancellation leads to significant performance gain over both the complete and partial PIC. The complexity is reduced
by using the commonality to avoid the direct interference cancellation. Finally, dynamic
power management schemes are proposed to reduce the power consumption in the VLSI
architectures using the inherent features of the interference suppression algorithms.
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Chapter 1
Introduction
This thesis has three major objectives: to propose high performance algorithms with realistic complexity; to design real-time System-on-Chip (SoC) architectures for the advanced
MIMO-CDMA receiver; and to propose the efficient design methodologies for transforming algorithms to VLSI architectures. In this first chapter, I will give the motivation for
advanced CDMA receiver design to support high data rate multimedia wireless services. I
will present a brief literature review of the MIMO systems and define the scope of the thesis. The design challenges in both the algorithm and SoC architecture level are identified.
I then emphasize the need for an efficient algorithm-to-architecture design methodology.
The organization of the thesis will be outlined in this chapter with the a summary of contributions in design methodology, algorithm optimization, VLSI SoC architectures and joint
optimization of algorithms and architectures.

1.1

Background and Motivation

1.1.1 Broadband Wireless Multimedia Services
Wireless communication has experienced radical advancement in the past decade since
the first GSM cellular phone was developed by Nokia, Inc. in 1992. With the explosive growth of subscribers, the role of the mobile phone has changed from the luxury of
only a few people to the everyday necessity of common people. On the other hand, while
the cellular system in the early days only supported voice service, many new mobile de-

2
vices have emerged today by integrating a regular phone with a Personal Digital Assistant
(PDA). Various multimedia and networking applications such as imaging, online gaming,
web-browsing and streaming video are enabled in a compact mobile device. With the advancements in both algorithm research [1][2] and hardware technologies [3] [4], a new era
for wireless communication is coming to support broadband multimedia applications over
the wireless channel.
In a cellular system as shown in Fig. 1.1, the base station provides access to numerous
subscribers through the wireless physical channel using radio frequency technologies [5].
To meet the new demands of providing broadband multimedia services, ubiquitous networking via mobile devices everywhere, the major goal of the system design has changed
from supporting more number of users in a cell to both providing much higher data rate
and supporting more users than current systems. However, the severe terrestrial wireless
channel introduces various interference with the multi-path propagation [1][2] to degrade
the performance dramatically. The multi-path fading effect limits the data throughput dramatically. Because the limited radio frequency bandwidth is a precious resource, spectral efficiency [1][8] is of utmost importance for the signalling technologies in the mobile
transceiver design.
In a cellular system, the transmission path from the mobile device to the base station
is defined as the uplink path or reverse link while the transmission path from the base station to the mobile device is defined as downlink or forward link. The emerging broadband
wireless multimedia services in the mobile devices also lead to asymmetric capacity requirement. The downlink even plays a more crucial role in services such as web-browsing,
down loading etc.
Roadmap to the broadband future: On the road to the wireless future as shown
in Fig. 1.2, the cellular systems have evolved from GSM in the 2-nd generation to the
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Figure 1.1 : Ubiquitous wireless multimedia networking and communications demand
more powerful mobile devices.

emerging Wideband Code Division Multiple Access (WCDMA) [14] and CDMA2000 in
the 3-rd generation (3G). While 2G supports only 8 Kbps narrow band voice service, the
latest 3G cellular networks provide 384 Kbps data rate per user. Most recently, many
research groups have been active in the domain of 3G and beyond standards, e.g., the
3G evolutions and 4G systems. Newer standards are proposed for much higher spectral
efficiency by employing more advanced modulation and coding algorithms. UMTS and
CDMA2000 extensions optimized for data services lead to the standardization of HighSpeed-Downlink-Packet-Access (HSDPA) and its equivalent 1X EV-DO/DV (Evolution
Data Optimized/Data and Voice) [15]. Theoretical data rate up to 10 Mbps is achievable by
the assignment of multiple code channels (i.e., Multi-Code-CDMA) to a single subscriber,
shorter spreading gain and high-order modulation schemes. However, the technology is far
from mature for the booming high rate packet data services.
The capacity of CDMA cellular systems is limited by the available bandwidth of radio
frequencies. Many efforts have been spent on throughput enhancements for more capacity
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Figure 1.2 : The roadmap to the future broadband wireless and multimedia services.

within a given frequency band [21] [22]. MIMO (Multiple Input Multiple Output) technology using multiple antennas at both the transmitter and receiver sides has recently emerged
as one of the most significant technical breakthroughs in modern communications because
of the ability to provide very high spectral efficiency [6]-[11]. The rate of transmission
is increased roughly in proportion to the number of transmit antennas. MIT’s Technology
Review magazine selected the patent for the original MIMO invention, i.e., the Bell Labs
Layered Space Time (BLAST) [9] [10] [12] [13] proposed by Gerard Foschini, as one of its
five “Patents to Watch” with the belief that the invention could change the communications
industry. Recently, the application of the MIMO technology in CDMA receives increasing
interest as a strong candidate for the 3G and beyond wireless communication systems. A
working group is currently proposing an MIMO-HSDPA standard [15]. This pushes the
development of advanced transceiver architectures for much higher data rate than the current 3G cellular systems. With more powerful MIMO techniques emerging, they will be
definitely considered as enabling techniques in future 4G high-speed systems.
Motivation for advanced receiver design: Receiver algorithms offer a useful method
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of enhancement, since they rarely require any changes in the transmitter side, which is usually fixed by the standard. However, one of the major factors holding back the application
of MIMO systems is the complexity and performance of the receiver design [23] [24]. The
various sources of interference distort the signal at the receiver and require much more advanced digital signal processing at the receiver than today’s systems. The computational
complexity of a MIMO receiver increases dramatically with the number of antennas and
the constellation order. The explosive complexity from the 100 MIPS for 2G systems to
the 1000 GIPS for the future system gives tremendous burden to the real-time hardware
implementation [23]. In an asymmetric 3G and beyond standard like HSDPA, the downlink capacity is expected to be more crucial than uplink capacity. The fact that the receiver
must be embedded into a portable device makes the design of such mobile receivers even
more challenging because of the requirements of low cost and power consumption for a
widespread commercial deployment.
Objective of the thesis: The objective of this thesis is to propose high performance
algorithms with realistic complexity and real-time System-on-Chip (SoC) architectures
with area/speed/power efficiency for the MIMO CDMA downlink receiver. First, various resources of interference are identified as the major limiting factors to the system performance. These mainly include the Inter-Symbol-Interference (ISI) and Multi-AccessInterference (MAI) caused by the multipath channel propagation and the Co-AntennaInterference (CAI) from multiple transmit antennas. To mitigate the interference, I propose
to apply two advanced techniques by improving specfic blocks in the CDMA downlink
receiver: chip-level equalization and interference cancellation. We then propose the complexity reduction schemes and efficient SoC architectures by designing multi-level pipelining and parallelism with a state-of-the-art architecture scheduling methodology.
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1.1.2 Literature Review of MIMO Systems
History and benefits: Using an array of antennas to improve the wireless communication is an old idea that could even be traced back to 1901. Guglielmo Marconi used four
61-meter high tower antennas arranged in a circular array in Poldhu, England to transmit
Morse signal for the letter “S”, to Signal Hill, St. John’s, Newfoundland at 3425 km away
[16]. Today, array antennas in wireless communications systems are used to improve the
performance in many ways, not just for range improvement. In the mid-90s, the terms
“smart antenna” and “adaptive antennas” were introduced because the array antenna can
be made to adapt its transmission or reception characteristics to the changing radio environment in a smart manner through signal processing. Commercial applications of array
antennas have been reported for GSM networks [17] [18], fixed broadband wireless access
networks (BWA) [19] and even the 3G CDMA networks [20]. The main benefits for using
multiple antennas for wireless transmission today are:
Array gain: which means increased range and coverage from the antenna gain to reduce the number of base stations in a large area; Interference suppression: which indicates the possibility to suppress interfering signals using the spatial dimension provided by
multiple antenna elements in a way that is impossible with a single antenna. This leads to
a system capacity improvement; Spatial diversity: Sufficiently spaced multiple antennas
at the receiver gives copies of the transmitted signal through the channels with different
fading, which leads to link capacity improvements to reduce the deep fade probability.
In principle, any system using multiple antennas at both the transmit and receive sides
can be claimed as a MIMO system. Accordingly, this term can be extended to some special
cases. For example, the trivial configuration is a single antenna at each side of the radio
channel, which is abbreviated as a SISO (Single-Input-Single-Output) system. Similarly,
the configuations with the abbreviations MISO, SIMO are self-explanatory.
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A simple conceptual MIMO system with M Tx antennas and N Rx antennas with
different technologies is shown in Fig. 1.3. The major difference between the SISO and
MIMO systems is the additional signal and information processing in the transceiver design
to achieve different goals. Many different MIMO techniques have been proposed in recent
years for different scenarios and different optimization criterions. For examples, the goal of
bit rate is to provide the highest possible bit rate per unit bandwidth, which is also know as
the spectral efficiency. Reliability is targeted to the robustness of the transmission which
could be measured by the average bit error rate. While the complexity is another merit to
make the commercialization easier. These objectives are often mutually conflicting, leading
to a tradeoff in both technical and economic aspects.
Beam-forming: The information theoretic analysis suggests that additional performance can be extracted from multiple antennas in the presence of channel state information
at the transmitter through, e.g., waterfilling. For systems with Channel State Information at
the Transmitter (CSIT), joint transmitter and receiver design [28] [29] [30] [31] by the approach of beam forming can be applied to allocate power and rate over multiple transmitter
antennas. The CSIT can be achieved by using some feedback channel from the receiver
to the transmitter. In the conventional smart antenna terminology, only the transmitter is
actually equipped with more than one element, typically the base station (BTS), where the
extra cost and space is more easily affordable than on a small mobile handset.
Although beam forming is optimal from an information theoretic point of view, it is not
necessarily the best scheme using CSIT in practice because the performance of real world
MIMO links is sensitive to BER performance rather than mutual information. One general
drawback of approaches relying on complete and instantaneous CSIT at the transmitter
rather than partial or statistical CSIT is feasibility and bandwidth overhead. This drawback
is partially compensated by some recent research on limited information feedback [32] [33]
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Figure 1.3 : Overview of different MIMO technologies: beam forming, space time block
coding and spatial multiplexing.

[34] for beamforming.
Space-Time-Block-Code (STBC): Space-Time-Block-Code (STBC) is a technique
aiming at reliable transmissions to achieve the full diversity promised by the multiple antennas. In these schemes, a number of code symbols equal to the number of TX antennas are
generated and transmitted simultaneously by the spacetime encoder such that the diversity
gain and/or the coding gain is maximized by using the appropriate signal processing and
decoding procedure at the receiver. The orthogonal design admits simple linear maximum
likelihood decoding with an aim at realizing joint encoding of multiple TX antennas. The
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first attempt to develop STC was presented in [35] and was inspired by the delay diversity
scheme of Wittneben [36]. However, the key development of the STC concept was originally revealed in [37] [38] in the form of trellis codes, which required a multidimensional
(vector) Viterbi algorithm at the receiver for decoding. These codes were shown to provide
a diversity benefit equal to the number of TX antennas in addition to a coding gain that
depends on the complexity of the code (i.e., number of states in the trellis) without any loss
in bandwidth efficiency.
The STBC codes were first designed assuming a narrowband wireless system, i.e., a flat
fading channel [43] [44]. However, when used over frequency selective channels a channel
equalizer has to be used at the receiver along with the spacetime decoder. For the case
of the STBC, the nonlinear and noncausal nature of the code makes the use of classical
equalization methods a challenging problem. Initial attempts to address the problem for
STBC made use of whatever structure was available in the spacetime coded signal [39]
[40] [41], where the structure of the code was used to convert the problem into one that
can be solved using known equalization schemes. For the 2 transmit antenna case, the
elegant Alamouti transmission scheme [42] can be used to achieve full diversity with mild
implementation complexity. For the STBC, the equalization problem was addressed by
modifying the original Alamouti scheme in such a way that the use over frequency selective
channels, and hence the equalization, is a much easier task. For example, in [187], STBC
was used in conjunction with OFDM. OFDM is used to convert the frequency selective
channel into a set of independent parallel frequency-flat subchannels. However, as the
number of antennas increases, the benefits from the diversity effect in STBC diminish.
Spatial Multiplexing: To achieve higher data rates, a larger number of Tx antennas
might be applied in the system. Spatial multiplexing, can be regarded as a special class
of STBCs where streams of independent data are transmitted over different antennas, thus

10
maximizing the average data rate over the MIMO system. The earliest MIMO detection,
i.e., the Diagonal Bell-labs Layered Space-Time (D-BLAST) algorithm [7] was proposed
for a narrow-band and flat-fading channel and was intended for very high antenna configurations, i.e., 16 × 16 antenna configuration. Another popular decoding strategy proposed is
known as Vertical BLAST (V-BLAST) [11] by nulling and canceling with reasonable tradeoff between complexity and performance. The high channel capacity is achieved through
the scheme of spatial multiplexing at the transmitter and successive interference cancellation (SIC) [25] [26] and zero-forcing (ZF) at the receiver design.
In this thesis, the system will be based on the spatial multiplexing scheme stemmed
from the V-BLAST architecture because we target to maximize the data rate for throughput
enhancement in CDMA downlink systems. A key feature of these systems is the ability
to turn multipath propagation, traditionally a pitfall of wireless transmission, into a benefit
for the user. MIMO effectively takes advantage of random fading [13] and multipath delay
spread, to enhance the transfer rates by many orders of magnitude. The research activities
in MIMO technologies have been extended to many different systems, e.g., MIMO-OFDM,
MIMO-CDMA, MIMO-GSM, etc. The design challenges for the MIMO mobile receiver
for CDMA come from both the detection algorithm and the hardware architecture. In the
following, we identify the major challenges in algorithms and architectures and the limits
in current design methodology to convert the theory to real-time implementation.

1.1.3

Design Challenges in Algorithms

Interference from various sources is the major limiting factor for the MIMO system capacity. The original MIMO spatial multiplexing [7] [11] was proposed to deal with flat-fading
channels. However, in a realistic environment, the wireless channel is mostly frequency selective because of the multipath propagation. In a MIMO CDMA system, interference can
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come from many sources. Wireless transmission suffers from signal distortion caused by
the objects in the radio path between the transmitter and receiver antennas. Several delayed
echoes of the signal are often received. This is very common especially in urban environments, as there are a lot of large buildings and street canyons, which reflect radio signals
back and forth. The signal is further corrupted by thermal noise that is inherently present
at the receiver. This leads to the Inter-Symbol-Interference (ISI) from the multi-path propagation. In the CDMA systems, the Multi-Access-Interference (MAI) appears because of
cross-correlation of the multiple spreading codes. Moreover, the multiple transmit antennas
in the MIMO system result in Co-Antenna-Interference (CAI).
To deal with these different sources of interference, advanced signal processing algorithms need to be applied with realistic performance and complexity. Orthogonal-VariableSpreading-Factor (OVSF) codes (usually Walsh codes) are applied in the CDMA downlink
system. The MAI is caused mainly by the multipath fading because the orthogonality of the
spreading codes is destroyed by the multipath propagation. For a very short spreading code,
e.g., 16 as in HSDPA, the conventional Rake receiver could not provide acceptable performance. For frequency selective channels, a chip level Linear Minimum Mean-Squared
Error (LMMSE) equalizer [50][68] [99] [100] has been one of the most promising techniques in the single user CDMA downlink. The chip equalizer improves the performance
by recovering the orthogonality of the spreading codes, which is destroyed by the multipath
channel, to some extent. However, this in general sets up a problem of matrix inversion,
which has complexity of O((N L)3 ) and is very expensive for hardware implementation,
where N is the number of Rx antenna and L is the channel length. Moreover, for the fastfading channel environment, the block-based LMMSE equalizer could not track the varying
environment efficiently. More advanced receiver algorithms with even higher complexity
are needed, giving tremendous challenges for real-time implementation.
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Even with the application of complex channel equalization, the recovery of orthogonality by the equalizer is finally limited to some extent due to the fact that the CDMA system
is actually a multiple user system. This leads to residual MAI and CAI, especially in a
highly loaded system because the equalizer is essentially a single user detection scheme
that treats the MAI and CAI as white noise. The Maximum Likelihood Sequence Estimation (MLSE) algorithm minimizes sequence error probability in the presence of ISI and
additive white Gaussian noise (AWGN). However, the ML detector has prohibitively high
complexity increasing exponentially with the symbol alphabet size. Because the downlink
receiver in a CDMA system has the knowledge of multi-codes assigned in the system, it is
possible to detect the symbols with interference cancellation schemes [25] [29] to suppress
the MAI explicitly. However, in conventional complete parallel interference cancellation
[103] [104] [105], the performance is limited because when the interference estimation is
not accurate, even more interference may be added to the signal. Thus, a partial cancellation
of the MAI by introducing a weight in each stage is proposed to in [108] [109] determine
the amount of cancellation. Although considerable capacity increase over the conventional
multi-stage PIC in an AWGN channel is achieved, the partial IC with intuitive weights is
not the optimal solution. In Chapter 7 we propose an adaptive parallel interference cancellation architecture to generate optimal weights based on MMSE criterion.

1.1.4

Design Challenges in Architectures

Compared with the ongoing publications in algorithm research, the research in the hardware architectures for MIMO systems remains a relatively new and hot topic, especially for
the mobile devices. There is little commercial implementation of MIMO in cellular CDMA
systems as yet and none is currently being deployed for 3G except for pure transmit diversity solutions for MISO at the base station. The current real-time MIMO architectures
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include Lucent’s BLAST chip [73] [111] [185] and some proprietary systems intended for
specific markets such as Iospan Wireless’ AirBurst system for fixed wireless access [74].
Most recently, Lucent and Nokia (I am part of the Nokia group) demonstrated HSDPA
systems that support 2.4 Mbps in the CTIA’03 (Cellular-Telecommunications-IndustryAssociation) conference, the largest and most comprehensive trade show in the wireless
industry [72]. However, the theoretical peak rate for a SISO system can be up to 10 Mbps
and a 4 × 4 MIMO system can be up to 21 Mbps. Moreover, the Bell Labs implementation
is currently targeted at the OneBTST M base station [73] and both systems apply a conventional bank of matched filters or Rake receivers. The MIMO extension of this basic system
in flat-fading channel to spatial multiplexing is straightforward.
However, it requires much more processing power and/or more logic gates to replace
the Rake structure with equalization. Moreover, a natural migration would be to mobile
devices, which makes the design problem much more challenging because of the limitation
of power and hardware resources. Even for the SISO case, the equalizer design has been
one of the most complex blocks in typical communication systems [59]. Many DSP algorithms today are implemented with specialized microprocessors, i.e., DSP processors [61]
[109]. This traditional method is bandwidth limited by the sequential nature of the processors. Even the latest DSP processors do not provide enough processing power for MIMO
systems [174]. A common belief among semiconductor designers is known as Moore’s
Law, which states that a chip’s transistor density will double every 18 months. This sets
an upper limit on the rate that system performance can improve. Although breakthrough
performance advances were made possible by new development tools that addressed the
critical problems of the day, these advances create a new problem that is more relevant
to wireless communications: algorithmic complexity is growing at a faster rate than chip
density. This phenomenon has been labeled Shannon’s Law by Jan Rabaey [70], a profes-
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sor at the University of California, Berkeley, and a well-know EDA guru because Claude
Shannon defined the theoretical limit of information transmission in the presence of noise.
Much of the complexity in next generation wireless technology results from sophisticated
signal-processing requirements. The increasing trend for the algorithmic complexity of 3G
and 4G wireless systems is depicted together with the capacity and processing power of
the semiconductors in Fig. 1.4. The algorithmic complexity increases according to the
Shannon’s law while the silicon technology increases according to the Moore’s law. It is
clear that there is an increasing gap between the algorithmic complexity and the processor
performance. The gap between the algorithmic complexity and the battery capacity is even
bigger. This critically demands efficient design of both more compact and more power
efficient architectures.
While MAI reduction techniques continue to develop, very few research activities have
studied the viability of Very Large Scale Integration (VLSI) implementation of these techniques. While the Complete-PIC and Partial-PIC algorithms provide good performance
with relatively low computational complexity, their real-time hardware implementations
are still extremely challenging. Commercialization of these algorithms is particularly dependent upon finding a viable VLSI architecture that can apply the hardware resources
efficiently to achieve low power and low cost in its design. Accordingly, there is a need in
the communications industry for an MAI reduction algorithm that further reduces computational complexity over existing techniques. In addition, the reduced computational complexity should complement the VLSI implementation by utilizing features inherent with
the MAI reduction algorithm.
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Figure 1.4 : SoC architecture design challenges: future trend comparison of algorithmic
complexity, silicon capacity and battery capacity: Resource from MorphICs Inc., data compiled from multiple sources [70].

1.1.5 Challenges in Design Methodology
System-on-Chip (SoC) architectures using VLSI design offer more parallelism and flexible
access to the hardware resources. It tends to generate more compact designs with lower
power consumption. In the architecture design, the task of VLSI designers conventionally
has been to explore only the AT (area/time) trade-offs and strike a reasonable balance between many conflicting objectives. However, in the mobile system design, power consumption is becoming a more and more important metric. This introduces more challenges than
processor-based implementations because the flexibilities in VLSI architectures are closely
coupled with the algorithm level research and low-level hardware logic design knowledge.
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The design of computationally challenging wireless systems requires a development
environment that lets designers model an entire system accurately, including the behavior
and interaction of hardware and software subsystems. Conventionally, the algorithm researchers and the hardware design teams work separately as shown in Fig. 1.5. This gap
leads to the fact that many algorithms proposed are not realistic for real-time implementation due to high complexity and numerical stability problems. On the side of the hardware
design engineers, the gap also leads to the lack of insight to the numerical algorithms to
be implemented. Because efficient numerical algorithms play an essential role in hardware
architecture design, the lack of insight into the algorithms makes it difficult for hardware
designers to generate an optimal design in resource usage and speed.
Moreover, there exist many area/time/power tradeoffs in VLSI architectures and an
extensive study of the different hardware architectures allows us to identify the critical
performance bottlenecks to meet real-time requirements and save hardware resources. Traditional procedural programming and hardware description languages are not appropriate
for modelling this level of algorithmic complexity. The SoC verification [4] is a serious
bottleneck in the design cycle. For decades, ITU and IEEE specifications and communications textbooks have used block diagrams to specify signal flow, timing and system
architecture. However, the current trial-and-optimize verification technologies [3] [141]
are falling behind requirements at an increasing rate. An extensive tradeoff study based
only on the VHDL code is virtually impossible. Most analysts and engineers agree that as
much as 70% of the design cycle is consumed by functional verification [4] [151]. A good
wireless system development environment should be able to model DSP algorithms and
architectures at the right level of abstraction. A verification methodology that integrates
separate but key technologies is needed to keep up with the explosive complexity of SoC
designs in MIMO mobile handsets.
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Figure 1.5 : Challenges in design methodologies: gap between algorithm and architecture
design teams.

1.2

Thesis Outline and Contributions

1.2.1 Scope of the Thesis
Within the scope of this thesis, I will focus on the MIMO spatial multiplexing scheme
with the desire to support higher data rates as explained in the MIMO literature review. For
implementation architecture, I will focus on System-on-Chip (SoC) VLSI architectures due
to the special requirements in the downlink handset design. For the design methodology,
I propose to fill the gap between theory and reality by jointly optimize the algorithm and
hardware architecture with a state-of-the-art design flow acting as a bridge from theory to
practice. Accordingly, my research will be divided into two stages of research: algorithm
and architecture. With the new requirement, my design space will grow from the traditional
2-D area/speed tradeoff study to a 4-D performance/area/time/power design space as shown
in Fig. 1.6.
Since the aim is to facilitate the realization of the advanced receiver enhancements,
we obey several limitations and system restrictions in algorithm development. The target
system is the HSDPA and 1X-EV-DO/DV receiver architectures with MIMO extensions.
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Figure 1.6 : 4-dimensional design space exploration from algorithm to architecture in this
thesis.

However, the proposed ideas could be extended to other standards. The transmitter characteristics are defined in detail in the standard and thereby manufacturers have to make their
products according to these specifications. Therefore we consider the transmitter blocks as
fixed throughout the thesis. However, the receiver implementation is not specified and can
be designed freely. Hence, our studies are concentrated on these receiver blocks and the
working scope of the MIMO-CDMA downlink receiver system in this thesis is described
in Fig. 1.7 as the shaded area.
For the equalizer part, to avoid the Direct-Matrix-Inverse (DMI), adaptive stochastic
gradient algorithms such as LMS could be applied. However, they suffer from stability
problems because the convergence depends on the choice of good step size [63]. On the
other hand, non-adaptive block-based algorithms such as the Levinson and Schur [56] [57]
algorithms reduces the complexity to order of O((N F )2 ). However, this squared complexity is still too high for efficient real-time implementation. We will propose FFT-based accelerations for the LMMSE chip equalizer both with a circulant approximation and Conjugate-
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Figure 1.7 : Scope of the receiver algorithms and architectures in this thesis.

Gradient iteration for different channels, whose details are given in the respective chapters.
On the other hand, the LMMSE equalizer is a block-based operation. The equalizer update
rate is limited by the processing time in computing the equalizer taps. We will then propose receiver algorithms and architectures for the fast-fading environment, which has the
potential to provide better performance albeit with higher complexity. For the symbol detection, we will then propose an adaptive partial PIC and reduce the complexity for MIMO
CDMA system. For the supporting blocks, both the equalizer and the interference cancellation require the knowledge of the channel impulse response, which is estimated using the
known training symbols inserted into each transmission burst. FIR filtering and covariance
estimation are common to all the equalizer algorithms. We will also propose efficient and
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scalable VLSI architectures for these modules.

1.2.2 Contributions Summary and Organization
The key contributions of the thesis are summarized as following: We first propose an
efficient High-Level-Synthesis (HLS) [147] [162] [85] [71] and algorithm-hardware codesign methodology for computational intensive wireless system development. The integrated system modelling abstraction significantly facilitates the tradeoff study of concurrent architectures of wireless systems. This provides the flexibility to explore design
trade-offs, optimize system partitioning and adapt to new technologies as they become
available. This dramatically reduces the SoC design cycle, enabling rapid prototyping
of computation-intensive MIMO receiver algorithms. We then propose VLSI-oriented
LMMSE chip equalizer algorithms with FFT-based circulant approximation for a MIMOCDMA system and an FFT-accelerated iterative computing architecture for the LMMSE
chip equalizer for badly conditioned and long channels. We then propose a displacementbased Kalman equalizer for the downlink CDMA receiver in fast fading channels and an
efficient adaptive weighted PRC (Parallel Residue Compensation) algorithm for MIMO
channels with reduced complexity. The low complexity and low power architectures for
the APRC are proposed with numerical features of the algorithms analyzed to increase the
robustness/stability for fixed-point implementation. Efficient SoC architectures with optimal performance/area/time/power tradeoffs to meet different resource and architectural
constraints of the various algorithms are also proposed.
The dissertation is organized as follows. In Chapter 1, after the motivation, we give a
brief review of MIMO systems and identify the design challenges in both algorithm and
SoC architecture level. We then introduce the design space for joint optimization of algorithm and architecture. In Chapter 2, I will give the mathematical model of MIMO CDMA
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systems and the multipath MIMO channels.
My contribution starts from Chapter 3 with our integrated state-of-the-art SoC design
strategies for area/speed/power efficiency, which enables an extensive architecture tradeoff
study in a short time frame. The Catapult C [144] [143] based HLS design methodology
is described in detail with some simple case studies to explain the concept and capability
of the VLSI architecture scheduling. The proposed High-Level-Synthesis (HLS) methodology using Catapult C (formerly named Precision C) for joint algorithm and architecture
optimization will be described in detail covering the complete design flow in modelling,
partitioning, verification and synthesis of SoC designs. This chapter will include the main
ideas from the following paper [71].
- Y. Guo, G. Xu, D. McCain, J. R. Cavallaro, “Rapid Scheduling of Efficient FPGA
Architectures for Next-Generation HSDPA Wireless System Using Precision C Synthesizer”, IEEE International Workshop on Rapid Systems Prototyping, pp. 179-185,
San Diego, CA, June 2003.
Chapter 4 describes both the algorithm and VLSI architecture for the FFT-based circulant LMMSE chip equalizer for well and mild conditioned systems. The VLSI-oriented
optimizations are presented in detail for a 4 × 4 high-order MIMO system. This will cover
the FFT-based MIMO tap solver using circulant approximation, the Hermitian optimization
and reduced-state MIMO FFT design. For the high-order MIMO receiver, a regularized
incremental submatrix inverse VLSI architecture based on the partitioned matrix inverse
theorem will be proposed. Then Chapter 4 will describe the SoC architectures for the correlation, tap solving and the FIR filtering parts. The contents of the following papers will
be included in this Chapter accordingly.
- Y. Guo, J. Zhang, D. McCain, J. R. Cavallaro, “Scalable FPGA Architectures for
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LMMSE-based SIMO Chip Equalizer in HSDPA Downlink”, IEEE Asilomar Conference on Signals, Systems, and Computers, Vol. 2 , pp.2171-2175, Monterey, CA,
November 9-12, 2003.
- Y. Guo, J. Zhang, D. McCain, J. R. Cavallaro, “Efficient MIMO Equalization for
Downlink Multi-Code CDMA: Complexity Optimization and Comparative Study”,
in IEEE Globecom04, Vol. 4, pp. 2513 - 2519, Dallas, TX, November 28th- December2nd, 2004.
- Y. Guo, J. Zhang, D. McCain, J. R. Cavallaro, “Reduced Parallel and Pipelined High
Order MIMO LMMSE Receiver Architecture for CDMA Downlink”, Nokia invention report NC48137, submitted in July, registered on Aug. 17th 2004, USA patent
(871.0143.U1(US)) pending.
- Y. Guo, J. R. Cavallaro, ”Hermitian Optimization and Scalable VLSI Architecture
for Circulant Approximated MIMO Equalizer in CDMA Downlink”, submitted to
VTC05 fall.
- Y. Guo, J. R. Cavallaro, “HLS-based VLSI Design Space Exploration for Circulant
MIMO-CDMA Equalizer: Algorithm, Architecture and Methodology”, submitted to
EURASIP Journal on Applied Signal Processing contingent on the completion of
patent application and filing process.
Chapter 5 presents the FFT-accelerated iterative equalizer for badly-conditioned systems for the very long channel case. An iterative tap solver using the conjugate gradient
algorithm is an alternative to the direct-matrix-inverse and the FFT-based circulant approximation. However, the original CG has much higher complexity than the FFT-based
circulant approximation. In this chapter, a divide-and-conquer methodology is applied
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to the CG iteration to accelerate the computation. Superfast acceleration to the order of
O(N log2 (N )) is achieved with no penaly in performance while retaining the strong numerical stability of the algorithm for fixed-point implementation.
- Y. Guo, D. McCain, J. R. Cavallaro, “FFT-Accelerated Superfast Iterative MIMO
Chip Equalizer Architecture For Downlink CDMA Receiver”, Nokia Invention report
NC48136, submitted in June, registered on Aug. 17th, USA patent (871.0141.U1.US)
pending.
- Y. Guo, D. McCain, J. R. Cavallaro, “FFT-Accelerated Iterative MIMO Chip Equalizer For CDMA Downlink”, to appear in IEEE ICASSP’05, Philadelphia, PA, March
18-23, 2005.
In Chapter 6, we present a MIMO Kalman equalizer based on the state-space model
to provide a Best-Linear-Unbiased- Estimator (BLUE) for the MIMO CDMA downlink in
fast fading channels. It is shown that significant performance gains over the conventional
LMMSE chip equalizer are observed. However, the Kalman equalizer has prohibitively
high complexity for real-time hardware implementation. To reduce the complexity, first,
the efficient VLSI-oriented recursive architecture for the MIMO Kalman equalizer is proposed to extract the commonalities. We explore the block-displacement structure in the
state transition and Kalman gain to reduce the redundant multiplications dramatically. Numerical matrix-matrix multiplications with O(N 3 ) complexity are eliminated by a simple
data loading process. A streamlined MIMO Kalman equalizer architecture is then proposed
by combining the displacement structure of the transition matrix and the block-Toeplitz
structure of the channel matrix.
- Y. Guo, D. McCain, J. R. Cavallaro, “MIMO KALMAN EQUALIZER FOR CDMA
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WIRELESS COMMUNICATION”, Nokia invention report NC48264, registered,
USA patent (11/029900) pending.
- Y. Guo, D. McCain, J. R. Cavallaro, “Displacement Kalman Equalizer for MIMOCDMA Downlink in Fast Fading Channels”, Submitted to GlobeCom’05.
From Chapter 7, we present the explicit interference cancellation schemes. Chapter 7
describes the algorithmic and architectural optimizations for the proposed adaptive PRC to
increase the accuracy of interference cancellation. We first introduce the adaptive PIC and
propose the parallel residue compensation architecture to reduce complexity. We then focus
on the scalable SoC architecture design. The fixed-point implementation is proposed and
the system is partitioned into multi-stage modules suitable for VLSI implementation. The
numerical feature of the hard decision symbol and spreading codes is applied to design the
bit-ware Sum-sub-Mux Unit (SMU). The architecture is explored extensively by Catapult
C to increase the hardware efficiency. The information is based on the following papers
and reports.
- Y. Guo, D. McCain, J. R. Cavalaro, “Low Complexity System-On-Chip VLSI Architectures of Optimal Parallel-Residue- Compensation for MAI Suppression in CDMA
Systems”, appeared in Proceedings of the 2004 International Symposium on Circuit
and Systems, IEEE ISCAS04, pp. IV-77-80 Vol.4, Vancouver, Canada, May 23-26,
2004.
- Y. Guo, D. McCain, J. R. Cavallaro, “Adaptive MAI Suppression by Reduced Complexity Parallel-Residue-Compensation In CDMA: Algorithm and VLSI Architecture”, Nokia invention report NC40491, accepted for patent application.
- Y. Guo, J. R. Cavallaro, “Multi-stage pipelined low power/complexity adaptive PRC
for Enhanced MAI suppression in CDMA systems: algorithm and SoC arhchtecture”,
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to be submitted to IEEE Journal of VLSI contingent on the completion of patent
application and filing process.
In Chapter 8, we present low power design strategies for the APRC using convergence
masking vector and the gated clock for dynamic power management in the SoC design.
We will first examine the low power design architecture schemes. We then investigate the
physical meaning of the weights in the adaptive interference cancellation scheme and the
inter-stage features of the user-specific weights. The distance of one user’s weight from
the initial value is used as an accuracy indicator of that user’s symbol estimation. We will
describe how the convergence-masking vector is generated and how it is combined with
clock gating as a dynamic power management scheme for the multi-stage components for
VLSI architectures.
- Y. Guo, J. R. Cavallaro, “Low Power Architecture of Multi-stage Adaptive Parallel Residue Compensation for CDMA Using Convergence Masking Vector”, Nokia
invention report NC40627, submitted in Aug. 2004, accepted for patent application.
- Y. Guo, J. R. Cavallaro, “Low Power Architecture of Multi-stage Adaptive Parallel
Residue Compensation for CDMA Using Convergence Masking Vector”, submitted
to IEEE VTC’05 fall.
While the focus of this thesis is the advanced cellular receiver design for interference
suppression for the MIMO-CDMA system, we also considered several important issues for
OFDM systems for Wireless LAN (WLAN) applications. One important issue is the very
high Peak-to-Average-Power Ratio (PAPR) caused by OFDM transmission. This leads to
nonlinear distortion of the transmitted signal and degrades the BER performance. To deal
with these issues, we have proposed both PAPR reduction and non-linearity pre-distortion
and post-compensation technologies. The related publications are listed as follows.
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- Y. Guo, “On the FPGA Implementation of a Time Domain Equalizer Using Generalized Schur Algorithm for Outdoor OFDM Systems”, Nokia Research Center technical report, Aug. 2001.
- Y. Guo, H. Zhang, X. Wang, J. R. Cavallaro, “VLSI Implementation of Mallat’s Fast
Discrete Wavelet Transform Algorithm with Reduced Complexity”, IEEE GlobeCom, pp. 320-324, Volume 1, November, 2001.
- Y. Guo and J. R. Cavallaro, “A Novel Adaptive Pre-Distorter Using LS Estimation
of SSPA Non-Linearity in Mobile OFDM Systems”, IEEE International Symposium
on Circuits and Systems (ISCAS), pp. III-453 -III-456 , Volume 3, Phonex, AZ, May
2002.
- Y. Guo and J. R. Cavallaro, “Enhanced Power Efficiency of Mobile OFDM Radio using Pre-distortion and Post-compensation”, IEEE Vehicular Technology Conference
(VTC), pp. 214-218, Volume 1, September 2002.
- Y. Guo and J. R. Cavallaro, “On the Reduction of Peak-to-Average Power Ratio
in Adaptively Companded OFDM Signals with Non-Linear Power Amplifier”, 3G
Wireless, World Wireless Congress, San Francisco, CA, May 2002.
- Y. Guo and J. R. Cavallaro, “Post-Compensation of RF Non-Linearity in Mobile
OFDM Systems by Estimation of Memory-less Polynomial”, IEEE International
Symposium on Circuits and Systems (ISCAS), pp. I217-I220, Volume 1, May 2002.
The dissertation is concluded in Chapter 9 with some comments on future research directions. We will address possible future directions not only for the MIMO-CDMA system,
but also for MIMO-OFDM receivers and future 4G systems for ultra high speed data services. Both research directions for algorithms and architectures will be discussed.
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Chapter 2
MIMO-CDMA Transmission and Channel Models
In the last chapter, we presented the motivation and challenges for advanced receiver design
in MIMO-CDMA systems. In this chapter, we will describe both the mathematical and
realistic transmitter model for the MIMO-CDMA system and the different channel models
related to the MIMO-CDMA transmission. We discuss the related technologies to deal
with the different environments and point out the channel models that will be applied in the
following chapters.

2.1

Transmitter Model for MIMO-CDMA Downlink

The system model of the MIMO Multi-Code CDMA downlink with M Tx antennas and
N Rx antennas is described in Fig. 2.1, where usually M ≤ N . In a Multi-Code CDMA
system using spatial multiplexing, multiple spreading codes are assigned to a single subscriber to achieve high data rate. First, the high data rate symbols are demultiplexed into
KM lower rate substreams, where K is the number of spreading codes used for data transmission. The substreams are broken into M groups, where each substream in the group
is spread with a spreading code of spreading gain G. The groups of substreams are then
combined and scrambled with long scrambling codes and transmitted through the mth Tx
antenna. The chip level signal at the mth transmit antenna is given by
dm (i) =

K
X
k=1

skm (j)ckm (i) + sPm (j)cPm (i)

(2.1)
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Figure 2.1 : The system model of the MIMO Multi-Code CDMA downlink.

where j is the symbol index, i is the chip index and k is the index of the composite
spreading code. skm (j) is the j th symbol of the k th code at the mth substream. In the
following, we focus on the j th symbol and omit the symbol index for notation simplicity.
(s)

ckm (i) = ck (i)cm (i) is the composite spreading code sequence for the k th code at the mth
(s)

substream where ck (i) is the user specific Hadamard spreading code and cm (i) is the antenna specific scrambling long code. sPm (j) denotes the pilot symbols at the mth antenna.
(s)

cPm (i) = cP (i)cm (i) is the composite spreading code for pilot symbols at the mth antenna.
In a realistic physical implementation, the transmitter has other major modules besides the digital baseband. First is the protocol stack above the physical layer baseband.
The protocol stack starts from the Media-Access-Control (MAC) layer up to the network
layer, application layer etc. The digital baseband needs to process data in bit, symbol and
chip/subchip levels. A modern implementation for a wide band system usually applies
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a Direct-Digital-Synthesizer (DDS), e.g., a component from Analog Devices or a digital
front-end module in FPGA design. A Numerically-Controlled-Oscillator (NCO) modulates the digital baseband to a digital Intermediate Frequency (IF) by multiplying with the
cosine/sine waveforms. This digital IF waveform is then converted to an analog waveform
using high-speed a Digital-Analog-Converter (DAC). An analog IF/RF up-converter modulates the signal to the final radio frequency. The signal passes through a power amplifier
and then is transmitted through the specific antenna. This physical design block diagram is
shown in Fig. 2.2.
Finally, the analog waveform from the mth transmit antenna can be modelled as
dem (t) =

X

dm (i)p(t − iTc )

i

½
¡
¢¾
−j 2πfc t+φ(t)
e
x
em (t) = < dm (t)e
,

(2.2)

where dem (t) is the analog baseband waveform. p(t − iTc ) is the pulse shape waveform and
Tc is the chip period. x
em (t) is the actual analog waveform for propagation while fc and φ(t)
is the overall carrier frequency and phase respectively. The pulse shaping could apply the
well-known raised cosine filter to help reduce the intersymbol interference [5]. The analog
signal will propagate through the wireless channel and reach the receiver. The different
channel models are explained in the following section. Since at the receiver side, there will
be the corresponding RF/IF modules to demodulate the analog signal to the digital base
band signal, we will consider the digital equivalent signal in this thesis.
The usage of multiple Tx antennas increases the spectrum efficiency dramatically. The
achievable data rate increases almost linearly with the number of Tx antennas. Table 2.1
gives the achievable aggregate uncoded data rate for different numbers of transmit antennas
assuming a spreading factor G = 16 and chip rate of 3.84 MHz, which follows the HSDPA
standard.
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Figure 2.2 : A realistic MIMO-CDMA transmitter block diagram with digital baseband and
analog RF modules.

2.2

MIMO Channel Models

However, the simple pulse shaping has limitations in various channel environments. Significantly more advanced receiver technologies are required in these environments, which
is the main focus of this thesis. In this section, we will explain the different channel models and point out the applicable environment of the technologies proposed in this thesis for
both simulation and architecture design specifications. Commonly used channel models for
MIMO communication systems include the AWGN and flat fading channels, the multi-path
frequency-selective channels and the non-linear channels.

2.2.1 Additive White Gaussian Noise and Flat Fading Channel
The simplest channel environment is the Additive-White-Gaussian-Noise (AWGN) channel. The white noise can come from the thermal noise for each receive antenna. The signal
from the mth transmit antenna to the nth receive antenna experiences propagation loss in
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Table 2.1 : Achievable Uncoded Data Rate (Mbps)
M

K

QPSK

16QAM

64QAM

# of substreams

1

15

7.2

14.4

28.8

15

2

14

13.44

26.88

53.76

28

4

12

23.04

46.08

92.16

48

8

8

30.72

61.44

122.88

64

the wireless channel. In the flat-fading channel environment, there is only a single path for
each pair of transmit and receiver antennas whose coefficient is given by hnt ,nr , where nt
and nr are the transmit and receive antenna indices respectively. Thus the received baseband signal can be represented by
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where ri denotes the received baseband signal at the i-th receiver antenna; hi,j denotes
the complex channel gain between the ith receive antenna and the j th transmit antenna. zi
denotes the white noise at the ith receiver antenna. The BLAST receiver was originally
proposed only for the flat fading channel. In a realistic environment, when MIMO technology is combined with OFDM transmission and the cyclic prefix is applied to eliminate the
intersymbol interference, the baseband channel for each sub-carrier can also be considered
as a flat-fading channel [205]. Moreover, this requires that the delay spread is shorter than
the guard-time, for example, in an indoor office environment. However, in a CDMA cellu-
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lar system for outdoor environments, the delay spread is usually significant. This will lead
to multipath frequency-selective channels which can be modelled by the delayed-tap-line
linear dynamic system.

2.2.2 Linear Multipath Frequency-selective Channels
In an outdoor environment, the signal propagated through the wireless channel can experience reflections from buildings, trees or even pedestrians, etc. If the delay spread is longer
than the coherence time, this will lead to the multi-path frequency selective channel. The
multipath frequency-selective channel can be characterized by a channel matrix with elements taken from the channel coefficients between the mth Tx antenna and the nth Rx
antenna. The impulse response is denoted as
Lm,n

hm,n (t) =

X

¡
¢
hm,n (l)δ t − τm,n (l) ,

(2.4)

l=0

where Lm,n is the number of paths, hm,n (l) and τm,n (l) are the complex channel gain and
delay of the l-th path respectively. δ(t) is the Dirac delta function. Thus, the received chip
level signal at the nth Rx antenna can be given by
rn (i) =

m,n
M L
X
X

hm,n (l)dm (i − τm,n (l)) + zn (i).

(2.5)

m=1 l=0

By packing the received chips from all the receive antennas in a vector r(i) = [r1 (i),
· · · , rn (i), · · · , rN (i)]T and collecting the LF = 2F +1 consecutive chips with center at the
ith chip from all the N Rx antennas, we form a signal vector as rA = [r(i+F )T , · · · , r(i)T ,
· · · , r(i − F )T ]T . In the vector form, the received signal can be given by
rA (i) =

M
X

Hm dm (i) + z(i),

(2.6)

m=1

where Hm is a block Toeplitz matrix constructed from the channel coefficients. The multiple receive antennas’ channel vector is hm (l) = [hm,1 (l), · · · , hm,n (l), · · · , hm,N (l)]T .
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The transmitted chip vector for the mth transmit antenna is given by dm (i) = [dm (i +
F ), · · · , dm (i), · · · , dm (i − F − L)]T .
For the purpose of system evaluation, the channel profile needs to reflect the realistic
physical environment. This leads to a important research direction for channel modelling.
Based on different delay spread, mobile speed and propagation environment, we can have
different channel models for indoor or outdoor environments, typically vehicular or pedestrian models. The I-METRA [78] [79] [171] [172] [173] project analyzed the feasibility
and evaluated the performance of introducing multi-element adaptive antennas into mobile
terminals in combination with adaptive base station antenna arrays for UMTS. The scope
of the I-METRA project was substantially enlarged to incorporate analysis, development
and simulation of adaptive transmission technologies for multiple-input, multiple-output
(MIMO) systems. The main emphasis was given to incorporate reconfigurability capabilities in order to allow the radio network, including terminals and base stations, to adjust
automatically to traffic, user and channel requirements. The project investigated the potential implications of these technologies into Reconfigurable Systems and Systems beyond
3G.
Within the scope of this thesis, we will apply both the pedestrian and vehicular channels by I-METRA channel modelling for system performance evaluation in different user
environments.

2.2.3

Non-linear Multipath Channels

In the transmitter design, Power Amplifiers (PA) are typically the most power-hungry components of RF transceivers. The design of PAs, especially for linear, low-voltage operations, remains a difficult problem defying an elegant solution. Two types of amplifiers are
mostly used in communication: TWT (Travel Wave Tube) and SSPA (Solid State Power
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Figure 2.3 : The nonlinear transmission model and linearization technology with predistortion and post-compensation for PA non-linearity.

Amplifier). TWT is mostly used for high power satellite transmitters while SSPA is used
in many other applications including mobile transmitters because of its small size. Similar to an OFDM system, Multi-Code CDMA transmission can also experience very high
Peak-to-Average-Power Ratio for the transmitted signal [163]. This could lead to very
high non-linearity in the system. When there is multipath in the transmission, the channel
becomes a non-linear dynamic system with memory.
It is well-known that Volterra series can be used to model a nonlinear system with
memory. However this model involves the solution of high order filtering coefficients fitted
by adaptive learning with extremely high complexity. It has been shown that a non-linear
system with memory can be decoupled into a memoryless non-linear system cascaded by
a linear dynamic system [163]. Thus, the decoupled linear dynamic system can still be
modelled by the multipath channel and solved by the proposed advanced receiver in this
thesis. For the memory-less non-linear system, we have proposed digital pre-distortion
and post-compensation techniques for the OFDM system to reduce the non-linearity and
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enhance the power efficiency. The interested reader is referred to [163], [164], [165], [166].
The proposed techniques can also be applied in the MIMO-CDMA transmission with nonlinearity. However, such an effort is out of the scope of the thesis. A simplified transmission
model with pre-distortion and post-compensation for non-linearity is shown in Fig. 2.3.

2.3

Summary

This chapter describes the MIMO-CDMA transmission and channel models applied in this
thesis. The relationship for different channel models are pointed out. References are given
to related technologies that are not the focus of this thesis but essential for a complete system design. Starting from next chapter, we will present our contributions in methodology,
algorithms and SoC architectures for the advanced MIMO-CDMA receiver.
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Chapter 3
Integrated HLS Architecture Design Methodology for SoC
Design Space Exploration
In this chapter, an efficient High-Level Synthesis (HLS) design methodology integrating
key technologies for wireless communication systems development is proposed. In this
hybrid prototyping environment, efficient VLSI architectures are scheduled rapidly with
specific hardware resource/time/architecture constraints from un-timed C/C++ level modelling by allocating the usage of functional units and real-time requirements. This allows
for an extensive architecture tradeoff study and verification for the research purpose of exploring the SoC design space. As a case study to demonstrate the capability of the design
methodology, some key modules of a System-on-Chip architecture for a next-generation
HSDPA system is rapidly prototyped. Major blocks including variable length turbo interleaver for a 3GPP turbo codec, clock tracking and frequency offset compensation are
scheduled. This new design flow demonstrates productivity improvement of 2 × −3× for
typical wireless communication algorithms and reduces the risk of product development
dramatically. This methodology enables high level research of various architectures and
will be applied in later chapters for efficient SoC architecture design.

3.1

Introduction

In Chapter 1, we have identified the challenges in the standard SoC design methodology
for the MIMO-CDMA receiver. The future product development for the MIMO-CDMA
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receiver will involve the implementation of advanced signal processing algorithms in realtime high-speed systems requiring efficient resource usage. In the literature, although many
algorithms have been proposed, not all of them are applicable in a real system because
of the high computational complexity for real-time implementation. Others need some
implementation-oriented optimizations to be applicable to a real time system. Rapid prototyping of these algorithms can verify the algorithms in a real environment and identify
potential implementation bottlenecks, which could not be easily identified in the algorithmic research. A working prototype can demonstrate to service providers the feasibility and
show possible technology evolutions. Moreover, it can provide up-front analysis of implementation issues that may arise during the product development process. To meet the fast
changing market requirements, a design methodology that can study different architecture
tradeoffs efficiently is highly desirable.
A good development environment for wireless systems should be able to model various DSP algorithms and architectures at the right level of abstraction, i.e., hierarchical
block diagrams that accurately model time and mathematical operations, clearly describe
the real-time architecture and map naturally to real hardware and software components and
algorithms. The designer should also be able to model other elements that effect baseband
performance, channel effects and timing recovery. Moreover, the abstraction should facilitate the modelling of sample sequences, the grouping of the sample sequence into frames
and the concurrent operation of multiple rates inherent in modern communication systems.
The design environment must also allow the developer to add implementation detail when,
and only when, it is appropriate. This provides the flexibility to explore design trade-offs,
optimize system partitioning and adapt to new technologies as they become available.
Raising the language level to high-level-synthesis can accomplish these requirements.
However, raising the design-abstraction level is not enough. The environment should also
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provide a design and verification flow for the programmable devices that exist in most
wireless systems including general-purpose microprocessors, DSPs and FPGAs. The key
elements of this flow are automatic code generation from the graphical system model and
verification interfaces to lower level hardware and software development tools. It also
should integrate some downstream implementation tools for the synthesis, placement and
routing of the actual silicon gates.
In this chapter, we derive an efficient design methodology that integrates key technologies including Catapult-C Synthesis [144] and HDL Designer from Mentor Graphics.
This design flow starts with an untimed floating point C/C++ algorithm and schedules for
the most efficient fixed-point VLSI architectures in terms of time and area based on the
architecture and resource constraints. Synthesizable Register-Transfer-Level (RTL) source
codes in the form of both VHDL and Verilog can then be generated directly from the C/C++
level design. This makes it much easier to design and maintain as well as to transfer the
technology to product development groups. The generated RTL source code can be imported to the graphical tools such as HDL Designer to interface with other design blocks
for high-level module binding. Using this methodology, we rapidly prototyped several
major algorithms in the HSDPA system, including computational intensive signal processing blocks such as the configurable turbo interleaver for the 3GPP standard turbo codec,
the synchronization algorithms such as clock tracking and Automatic-Frequency-Control
(AFC) algorithms [71] [119]. The implementation of clock tracking and AFC will be studied in detail to explain the concept of architecture scheduling and high-level-synthesis
(HLS) so as to demonstrate the capability of this methodology. Based on our experience,
typical wireless communication algorithms can be prototyped with an productivity improvement of 2 × −3× by using this methodology.
This methodology frees us from the traditional time-consuming verification process for
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the low level SoC design. It enables the efficient architecture tradeoff study in a shortened
design cycle, especially for the computational intensive core algorithms as proposed in this
thesis. This adds more research value to the architecture implementation. In later chapters,
this technology will be applied to explore the design space extensively for the complicated
algorithms for equalization and interference cancellation.

3.2

Proposed Real-time System-On-Chip (SoC) Technologies

3.2.1 Hardware Architectures for DSP and FPGA
As implementation is concerned, high-level software solutions, such as general-purpose
processors (GPP), or software programmable DSP processors, e.g. TI’s TMS320C6000 series, are preferable if applicable. However, although these two technologies provide higher
flexibility and programmability, they are not powerful enough in speed for the physical
layer of MIMO CDMA systems.
Communication chipset design has been the core technology in the wireless communication industry. System-on-Chip (SoC) architectures are a major revolution taking place
in the design of integrated circuits due to the unprecedented levels of integration possible
and many advantages in the power consumption and compact size. This leads to a demand
for new methodologies and tools to address design, verification and test problems in this
rapidly evolving area. “System-on-a-chip with Intellectual Property” (SoC/IP) is a concept
that a chip can be constructed rapidly using third-party and internal IP, where IP refers to
a pre-designed behavioral or physical descriptions of a standard component. The ASIC
block has the advantage of high throughput speed, and low power consumption and can act
as the core for the SoC architecture. It contains custom user defined interface and includes
variable word length in the fixed-point hardware datapath.
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Although an ASIC is compact and less expensive when the product volume is large,
it is not easy to configure to change in the design specifications at the prototyping stage.
Field Programmable Gate Array (FPGA) is a virtual circuit that can behave like a number
of different ASICs which provide hardware programmability and the flexibility to study
several area/time tradeoffs in hardware architectures. This makes it possible to build, verify
and correctly prototype designs quickly. It can achieve the concept of SoC with different
hardware configurations. When the design is mature, the register-transfer-level (RTL) of
FPGA design can act as reference design or be converted to ASIC for mass production.
In principle, these technologies reflect different hardware architectures as in Fig. 3.1.
(a) is a processor architecture (PROC) based on instruction sets in GPP and DSP. It usually
has some common functional units (FU) such as adders, multipliers etc, that are reused for
each instruction. There are several steps for the execution of the instruction: Instruction
Fetching (IF), Decoding (ID), Execution (EXE), Memory access (MEM) and Write back
(WB) to registers [145]. Fig. 3.1 (b) is a typical VLSI layout architecture in FPGA or
ASIC. The layout architecture usually has fewer and simpler control circuits and more FUs
than a PROC architecture. In the FU layout architecture, we can map many FUs in parallel
to achieve high pipeline performance. Although the instruction scheduler and multiple FUs
are used in some advanced processor architectures, the processor architecture still achieves
only instruction-level pipelining while the layout architecture achieves FU-based pipelining
through explicit design which significantly improves real-time performance. The pros and
cons are summarized in Table. 3.1

3.2.2

SoC-Centric Architecture Partitioning

The SoC realization of a complicated end-to-end communication system, such as MIMOCDMA, highly depends on the task partitioning based on the real-time requirement and
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Figure 3.1 : Underlying architectures for DSP and VLSI: (a). DSP architecture based on
ILP; (b). VLSI architecture based on FU layout.

system resource usage, which roots from the complexity and computational architecture of
the algorithms. The system partitioning is essential to solve the conflicting requirements
in performance, complexity and flexibility. Even in the latest TI’s DSP processors, computational intensive blocks such as Viterbi and Turbo decoders have been implemented as
ASIC co-processors. However, to support the high complexity in future MIMO systems,
I would consider a novel SoC-centric architecture where DSP acts as a micro-controller
or application processor, such as the OM AP T M for multimedia applications and protocol
stacks. The high-speed air interface will be implemented in efficient and highly parallel
ASIC cores. The SoC architecture will finally integrate both the analog interface and digital baseband together with a DSP core and be packed in a single chip. The VLSI design of
the physical layer, one of the most challenging parts, will act as an engine instead of a coprocessor for the wireless link. Unlike a processor type of architecture, high efficiency and
performance will be the major target specifications of the SoC design. The architecture partitioning strategy is shown in Fig. 3.2. The architectures should be efficiently parallelized
and/or pipelined and functionally synthesizable in hardware.

42
Table 3.1 : Pros and cons of the DSP versus VLSI architecture.

Pros

Cons

DSP architecture

VLSI architecture

programmable flexibility

Massive parallelism,

and adaptability

low overhead, compact size

Limited parallelism,

Replication of hardware resources,

inter-processor I/O power wastage,

time-consuming development,

communication overhead,

difficult tradeoff study

power consumption

To reach the goal of efficient SoC VLSI architectures, the following issues will be
addressed: 1) Rapid prototyping methodologies; 2). Architecture optimization with certain resource and architectural constraints; 3). Numerical analysis to increase the robustness/stability in the algorithms for fixed-point implementation; 4). Scalability in the design
architecture; 5). Power consumption saving strategies.
Low Complexity: A straightforward extension of the algorithms would mostly result in
unacceptable numerical complexity. The architectural research will solve the fundamental
numerical problems. Algorithm optimizations and fixed-point implementation lead to more
efficient usage of functional units, storage resources (both memories and registers). Some
Special-Processing-Units (SPU) designed directly from combinational logic gates will be
proposed to achieve more efficient architectures. For optimal efficiency in the hardware
resource utilization, vector processing with partial parallelism techniques will be refined
for the algorithms.
Low Power: Some novel compression techniques need to operate at a low clock fre-
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Figure 3.2 : Proposed System-on-Chip design strategy for computational efficiency, configurability, MOPS/µW and flexibility/scalability.

quency and yet still achieve high data rates. By operating at low clock frequencies, the chip
consumes very little power. Dynamic power reduction techniques will be incorporated
that adjust the amount of power; through predictive power control by joint optimization of
pipelining and parallel processing to achieve lower power constraints.

3.3 Conventional FPGA Design Methodologies
The most fundamental method of creating a hardware design for an FPGA or ASIC is
by using an industry-standard hardware description language (HDL), such as VHDL or
Verilog, based on dataflow, structural or behavioral models. However, this design method
is very low-level for system engineers to understand and highly based on off-line logic
modelling. For a very complex design like a CDMA system, the design and troubleshooting
can be very difficult. Graphical schematic design tools such as Hardware Design System
(HDS) from Cadence or HDL Designer from Mentor Graphics are more intuitive. However,
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the design is still manual and the intrinsic architecture tradeoffs need to be studied offline.
It is not easy to change a design dramatically once the hardware architecture is laid out.
Moreover, detailed knowledge of hardware components is still required because all of the
hardware components need to be synthesizable for a hardware implementation. Manual
optimization makes timing and area tradeoffs of the design difficult to evaluate, especially
when the re-timing is critical for high-speed designs.
The High-Level-Synthesis methodology [147] [148] provides a bridge by offering rapid
system prototyping to a SoC design. Some C/C++ level RTL tools such as System-C [149]
and Handel-C [150] attempt to combine a high-level of abstraction with the ability to generate synthesizable RTL. However, these design flows require detailed knowledge of hardware implementation such as clocking, control logic, resource allocation, etc. They are not
intuitive to system engineers to understand and the detailed hardware specification in the
language requires the designer to manually decide the architectural parallelism and pipelining. This makes an extensive architecture tradeoff study very difficult.

3.4 Integrated Catapult-C High-Level-Synthesis Methodology
Scheduling and allocation are two important tasks in hardware or software synthesis of
DSP systems. They are both interrelated and dependent on each other and are among the
most difficult problems of high-level synthesis. Scheduling involves assigning every node
of the Data Flow Graph (DFG) to control time steps. Control time steps are the fundamental
sequencing units in synchronous systems and correspond to clock cycles. Resource allocation is the process of assigning operations to hardware with the goal of minimizing the
amount of hardware required to implement the desired behavior. The hardware resources
consist primarily of functional units, memory elements, multiplexes, and communication
data paths.
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To achieve the goal of efficient verification, I propose the state-of-the-art hybrid design
and verification methodologies in this thesis for rapid prototyping of MIMO SoC architectures. I derive a Catapult C [143] [144] based High-Level-Synthesis (HLS) design flow for
modelling, partitioning, verification and synthesis of the complete system [71].
The Mentor Graphics Catapult-C synthesizer is a new RTL design tool optimized for
hardware design. It is a true C/C++ level architecture scheduler. We were one of the first
Beta users of the tool and one of the first in the industry to integrate Catapult-C in a complete rapid prototyping methodology for advanced wireless communication systems. In the
beta stage in 2002, Catapult-C was called Tsunami HLS designer. It was then renamed as
Precision-C in the 2003 production release. The current name was officially released in the
ACM Design-Automation-Conference (DAC) 2004 in San Diego CA, where I have been
invited by Mentor Graphics as a speaker in the expert panel.
It contains the features to integrate domain specific specifications, support composition of models that describe both systems and components. The support for more abstract
modelling provides predictive analysis and verification. Synergistic integration of all these
technologies in a unified platform to create higher automation will treat the traditional
Register-Transfer-Level (RTL) as an assembler language for system-level languages. The
research will be carried out according to the design flow involving major design tools from
Catapult-C synthesizer, Mentor Graphics Advantage HDL Designer, and other Xilinx implementation tools.
The system level VLSI design is partitioned into several subsystem blocks (SB) according to the functionality and timing relationship. The intermediate tasks will include
high-level optimizations, scheduling and resource allocation, module binding, and control
circuit generation. The final architecture is the RTL that can be represented by a netlist
consisting of a network of functional units, registers, multiplexes and buses. The procedure
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Figure 3.3 : Catapult-C based High-Level-Synthesis design methodology.

to carry out the research includes the following stages as shown in Fig. 3.3 and described
as follows:
1. Algorithm verification in Matlab: In the algorithmic level design, we first use Matlab
to verify the floating-point algorithm based on communication theory. Matlab can
provide sophisticated matrix computation functions and analysis tools that are not
available in C/C++. The floating-point simulations are usually not exactly the same
as in real-time system.
2. Algorithm test bench using C/C++: The matrix level computations must be converted
to plain C/C++ code. All internal Matlab functions such as FFT, SVD, eigenvalue
calculation, complex operations etc, need to be translated with efficient arithmetic
algorithms to C/C++. In most cases, we use a test vector sampled from the Analogto-Digital-Converter (ADC), which has the distortion effects the algorithm is target-
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ing, e.g., frequency offset. In C/C++, we would model real-time system effects by
following the exact data pattern as in the actual hardware implementation such as:
data streaming, buffering, interface design etc.
3. Catapult-C Scheduling: For a traditional flow, the architecture is modelled by low
level hardware description languages such as hand coded VHDL/Verilog or schematic
capture. This is shown as the dotted line blocks. In the proposed methodology, a
Catapult-C architecture scheduler is integrated in a complete design flow by adding
both architecture and resource constraints. By following some special C/C++ design
styles, both behavioral and RTL output from the C/C++ level algorithm can be generated from Catapult-C. By studying the parallelism in the algorithm, many of the FUs
can be reused in the computational cycles. In Catapult-C, we can add both timing
and area constraints and Catapult-C will schedule efficient architecture solutions according to the specified constraints. The number of FUs is assigned according to the
timing/area constraints. Software resources such as registers and arrays are mapped
to hardware components and the required Finite State Machines (FSM) necessary for
accessing these resources are generated. In this way, we can study several architecture solutions efficiently and achieve the flexibility and productivity of a DSP with
the performance of an FPGA.
4. RTL level: In the next step of the design flow, we use HDL Designer to import
the RTL output generated by Catapult-C. A test bench is built in HDL Designer
corresponding to the C++ test bench and simulated using ModelSim. At this point,
several intellectual property (IP) cores might be integrated, such as the efficient cores
from Xilinx CoreGen library (RAM/ROM blocks, CORDIC, FIFO, pipelined divider
etc) and HDL Module ware components for the test-bench. To verify the stand-
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alone algorithm design, the ModelSim simulation result should match the C fixedpoint/integer test bench using the same test vector. Finally, it will be integrated with
other sub-systems that could be either other Catapult-C designs or HDL Designer
blocks as well as glue logic.
5. Gate level hardware validation: Leonardo Spectrum or Precision-RTL is invoked for
gate-level synthesis. Place & Route tools such as Xilinx ISE are used to generate
gate-level bit-stream files. For hardware verification and validation, a configurable
Aptix or Nallatech hardware platform is used. The hardware is tested and verified by
comparing the logic analyzer or ChipScopeT M probes with the ModelSim simulation.
6. Other goals during synthesis include minimizing the number of memory elements,
reducing the power consumption, minimizing the number of buses, incorporating
reliability and testability into the design. Xilinx Xpower will be utilized to estimate
dynamic power consumption and study the power tradeoffs.
For the hardware test, we have several stages. The early stages will verify the individual
algorithms to perform the same as the ModelSim result. Afterwards, the algorithm is integrated into the whole system, and we test the complete FPGA system in hardware. Finally,
the FPGA designs will be integrated with the DSP and host PC for an end-to-end system
integration.

3.4.1

Architecture Scheduling and Resource Allocation

In general, more parallel hardware FUs means faster design at the cost of area, while resource sharing means smaller area by trading off execution speed. Even for the same algorithm, different applications may have different real-time requirements. For example, FFT
needs to be very fast in OFDM based systems for high data throughput rate, while it can
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be much slower for other applications such as in a spectrum analyzer. The best solution
would be the smallest design meeting the real-time requirements, in terms of clock rate,
throughput rate, latency etc. The hardware architecture scheduling is to generate efficient
architectures for different resource/timing requirements.
The programming style is essential to specify the hardware architectures in the C/C++
program. Several high level conventions are defined to specify different architectures to be
used. For example, the use of array will be mapped to memory while the use of variables
is mapped to a register file. Unlike System-C [149], Catapult-C does not require very
detailed knowledge of the hardware components. Here we only highlight some important
features of the Catapult-C architecture. Catapult-C will schedule architectures in two basic
modes according to the behavior of the real-time system: the throughput mode or the block
computation mode.
• Throughput mode: It assumes that there is a top-level main loop. In each computation period, the data is input into the function sample by sample. The function will
process for each sample input. Usually, no handshaking signals are required. The
temporary values are kept by using static variables. The throughput is determined by
the latency of the processing for each sample. Therefore it is more suitable for the
sample-based signal processing algorithms. Typical computations for this mode are
filtering and accumulation type computations in wireless systems.
• Block mode: In block mode, the function processes once after a block of data is
ready. The input data are either arrays or vectors in C code. The hardware interface
will use RAM blocks to pass the data. Catapult-C will generate FSMs for the write
enable, MEM address/data bus and control logic. Typical block computations are
FFT, turbo decoder etc. Usually the throughput mode will be used for the front-end
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pre-processing blocks because of high-speed real-time requirement while the block
mode is used for lower speed post-processing modules.

3.4.2 Layered Pipelining and Parallelism
In Catapult-C, first we can specify the general requirements on the CLK rate, standard I/O
and handshaking signals such as RESET, START/READY, DONE signals for a system.
The detailed procedure within Catapult-C is shown in Fig. 3.4. Then we can specify the
building blocks in the design by choosing different technique libraries, e.g. RAM library
and CoreGen library. This will map the basic components to efficient library components
such as divider or pipelined divider from the C/C++ language operator “/”.
We will schedule architectures in the two basic modes according to the behavior of the
real-time system. The keys for optimization of the area/speed are loop unrolling, pipelining and resource multiplexing. Loop unrolling is a procedure to repeat the loop body by
trading higher speed for increased area. By unrolling, we may have multiple copies of FUs.
But these FUs can be used in parallel if there is no dependency between the computations.
Pipelining is basically a computational assembly line where multiple operations are overlapped in execution [145]. The use of memory can affect the performance dramatically.
In a C level design, the arrays are usually mapped to memory blocks. We can also map
the internal or external RAM/ROM blocks used in the algorithm. In some cycles, some
FUs might be in IDLE state. These FUs could be reused by other similar computations that
occur later in the algorithm. Thus there will be a lot of possible resource multiplexing in an
algorithm. Multiplexing FUs manually is extremely difficult when the algorithm is complicated. In many cases, therefore multiple FUs must be applied even for those independent
computations. The size can be several times larger with the same throughput as in CatapultC solution. In Catapult-C, we specify the max number of cycles in resource constraints.
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Figure 3.4 : Procedure for Catapult-C architecture scheduling.

We can analyze the Bill-Of-Material (BOM) used in the design and identify the large size
FUs. We can limit the number of these FUs and achieve a very efficient multiplexing. In
the scheduling result, we can study the computational dependency. Usually the logic and
the multiplexing in the design will determine the clock rate and the cycle number. With
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the detailed reports on many statistics such as the cycle constraints and timing analysis, we
can easily study the alternative high level architectures for the algorithm and rapidly get
the smallest design by meeting the timing as much as possible.

3.5

Case Study: CDMA Receiver Synchronization

HSDPA (High Speed Downlink Packet Access) is the evolutionary mode of WCDMA,
which is currently being developed in next-generation wireless communication standard
3GPP as part of Release 5 [15]. Based on the feedback information from the uplink, the
base station makes a decision as to which modulation and coding scheme, power allocation,
and code allocation to use based on the HSDSCH information. With the combination of
multi-channel spreading codes, a multi-code CDMA system is achieved to provide high
data rates up to 10 Mbps for the cellular downlink mobile system, so as to support wireless
multi-media services in the future.
The primary objective of the HSDPA standard development is to provide enhanced data
services while maintaining circuit-switch service to guaranteed-QoS users in the WCDMA
cellular system. It features important enhancements including link adaptation, high-speed
ARQ (HARQ), etc. The system diagram for the HSDPA prototype system is depicted in
Fig. 3.5. In the transmitter, the host computer running the network layer protocols and
applications interfaces with the DSP, which hosts the MAC layer protocol stack and handles the high-speed communication with FPGAs. A DSP interface core in the transmitter
reads the data from the DSP and adds CRC code. After the turbo encoder, rate matching
and interleaver, a QPSK/QAM mapper modulates the data according to the HARQ control
signals. With the CPICH and SCH information inserted, it is spread and scrambled with
PN long code and then ported to the RF transmitter. At the receiver, the searcher will find
the synchronization point. Clock tracking and AFC are applied for fine synchronization.
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Figure 3.5 : System blocks in the HSDPA case study by Catapult-C HLS methodology.

After the matched filter receiver, received symbols are demodulated and de-interleaved before the rate de-matching. Then after a HARQ buffer, a turbo decoder decodes the soft
decisions to a bit stream, which is sent to upper layer applications. In the figure, we also
depict other key advanced algorithms including channel estimation, chip-level equalizer
and multi-stage interference cancellation to eliminate the distortions caused by the wireless multi-path and fading channels. The slightly shaded blocks will be used as the simple
case study to demonstrate the concept of using Catapult-C HLS design methodology. The
darkly shaded blocks in the MIMO scenario will be the focus of later chapters. This figure
sets up the framework of the advanced receiver design in this chapter. These blocks will
also be implemented by the methodology proposed in this chapter.
In the complete HSDPA prototype system, we used Catapult-C to design several blocks
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with high computational complexity. These blocks are the configurable turbo-intervealer
for the turbo encoder, the clock-tracking and AFC blocks as shown in Fig. 3.5. We only use
the simple case of Clock-Tracking and AFC to demonstrate the features of the architecture
scheduling with Catapult-C.

Clock Tracking
• Algorithm: The mismatch of the transmitter and receiver crystal will cause a phase
shift between the received signal and the long scrambling code. The “Clock-Tracking”
algorithm [118] will track the code sampling point. The IF signal is sampled at the
receiver and then down-converted with a digital demodulation at local frequency.
The separated I/Q channel is then down-sampled to be four phases’ signals at the
chip-rate, which is 3.84 MHz. By assuming one phase as the in-phase, we compute
the correlation of both the earlier phase and the later phases with the de-scrambling
long code according to the frame structure of HSDPA. When the correlation of one
phase is much larger than another phase (compared with a threshold), it will then be
judged that the sample should be moved ahead or delayed by one-quarter chip. Thus
the resolution of the code tracking can be one quarter of a chip. This principle is
shown in Fig. 3.6.
• Architectures: The system interface for Clock Tracking is also depicted in Fig. 3.6.
At the down sampling after the DDC (Digital Down-Converter Xilinx core), the inphase, early, late phase are sent to both the rake receiver and Clock-Tracking. The
long code will be loaded from ROM block. The Clock-Tracking algorithm computes both early/late correlation powers after descrambling, chip-matched filter, and
accumulation stages.
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Figure 3.6 : The principle of clock tracking in CDMA systems.

This computational intensive algorithm is suitable for Catapult-C scheduling. The C
level function will get both early and late phase as input and generate a flag to indicate
early, in-phase or late as output. This flag is used to control the adjustment signal of a
configurable counter. The adjusted in-phase samples are then sent to the Rake receiver for
detection. Thus the code tracker is integrated with IP cores and the other HDL Designer
blocks (down-sampling, MUX etc).
The clock-tracking algorithm could also be designed with a manual layout architecture
in HDL Designer. We would be most likely build a parallel architecture with duplicate
FUs as in Fig. 3.7 for rapid prototyping. First, we will have a descrambling procedure that
is a complex multiplication with the long code. Then we will have a chip-matched filter
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Table 3.2 : Catapult-C-scheduled architectures for Clock Tracking.
Solution

LUTs

Cycle

MULT #

ADD #

MUX(LUT)

1

5628

7

8

6

1221

2

2004

10

2

2

1152

3

1426

16

1

1

623

4

1361

10

1

2

616

that is basically mapped to an accumulator. Then after each symbol, we need to compute
power and accumulate for each frame. We finally have a comparator to make a decision.
Altogether, we will have copies for both early/late paths. This requires 16 multipliers and
12 adders. This architecture is optimal for fully pipelined computation where a sample will
be input in each cycle. However, in our system, since we use a 38.4 MHz clock rate, only
one sample will be input at the chip-rate for each 10 cycles. The pipeline is idle for the
other 9 cycles and the resources are wasted.
With Catapult-C, we can schedule several solutions by setting different constraints as in
Table 3.2. In these designs, the FUs are multiplexed within the timing constraints. Because
of the dependency of the computation, there will be a necessary latency for the first computation result to come out even if we use many FUs. For example, in solution 1, although
we use 8 multipliers and 6 adders, the best we can achieve is 7 cycles latency. The size
is huge with 5600 FPGA Look-Up-Tables (LUTs). By setting the number of constraints
and the maximal acceptable number of cycles (10 cycles), we will have different solutions
with size from 2000 to 1300 LUTs. We can choose the smallest design as in solution 4 for
implementation while still meeting the timing constraint.
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Figure 3.7 : A typical manual layout architecture for clock tracking.

Fig. 3.8 and 3.9 show the computation procedure of two typical solutions of Clock
Tracking in a Gantt graph. The horizontal axis is the cycle for one period, and the vertical
axis shows the mapped FUs for each computation. Fig. 3.8 shows fully parallel speedconstrained solution 1 with 8 multipliers. All 8 multipliers are used in parallel in cycle 1.
Then 4 MULTs are used again in cycle 3. But in several other cycles, they are not used
any more for the rest of the computation period. However, as shown in solution 4 in Fig.
3.9, one single multiplier is reused in each cycle, by avoiding the dependency. After each
multiplication, an addition follows and for the cycles 2-9, multiplications and additions are
done in parallel. Moreover, we still meet the 10 cycle timing constraint easily. In solution
4, the hardware is used most efficiently. This is almost the minimal possible size could
be achieved theoretically for this particular algorithm. The savings in hardware can also
reduce the power consumption that is a critical specification for mobile systems.

58

Figure 3.8 : Gantt graph for speed constrained architecture for clock tracking from
Catapult-C scheduling: 8 multipliers, 6 adders, 4 subtractor, 7 cycles latency.

Automatic Frequency Control
The frequency offset is caused by the Doppler shift and frequency offset between the transmitter and receiver oscillators. This make the received constellations rotate in addition to
the fixed channel phases, thus dramatically degrading performance. Automatic Frequency
Control (AFC) is a function to compensate for the frequency offset in the system. In the
analog system, the function is implemented with an analog Phase-Locked-Loop component. However, for a Software Definable Radio (SDR) type of architecture, the frequency
offset is computed with a DSP algorithm and controlled by a Numerical Control Oscillator
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Figure 3.9 : Gantt graph for area constrained architecture for clock tracking: 1 adder, 1
subtractor, 10 cycles latency.

(NCO).
Usually, the offset is very small and in a slow variation. When passing through the channel, multi-path phase and attenuation factors will be introduced in addition to the AWGN
noise. Before the rake receiver can detect the signal correctly and pass it onto a demodulator for decision, the frequency offset will be estimated to compensate for the frequency
offset at the Digital-Down-Converter (DDC). Here we discuss two algorithms briefly and
focus on the hardware architecture of the applied algorithm with Catapult-C scheduling.
• Transient phase estimation-based AFC: The transient phase offset estimation algorithm [119] assumes that after the Rake receiver, the channel phase errors have been
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perfectly corrected by a rotation and weighting procedure. The channel parameters
are estimated separately in advance. Then by using the decision statistics after the
Rake receiver and the detected symbols, we can compute the instant phase with an
ARCTAN function. Then we can compute the frequency offset by a relation between
the sampling phase and the sampling time. However, we found some of the assumptions not valid for our prototype environment, so we proposed a stable and efficient
algorithm based on spectrum analysis.
• Spectrum analysis based AFC: The derivation of the algorithm is omitted and we
only describe the computations in this algorithm for FPGA architectural study. The
frame structure of HSDPA is depicted in Fig. 3.10. There are 15 slots in each frame.
In each slot, the first 5 bits are pilot symbols and the second 5 bits are control signals.
Each symbol is spread by a 256 chip long code. So in the algorithm, we first use a
long code to descramble the received signal at the chip rate. We then do the matched
filtering by accumulating 256 chips. By using the local pilot’s conjugate, we get the
dynamic phase of the signal with the frequency offset embedded. To increase the
resolution, we finally accumulate each of the 5 pilot bits as one sample. The 5 bit
control bits are skipped. Thus the sampling rate for the accumulated phase signals
is reduced to be 1500 Hz. These samples are stored in a dual-port RAM for the
spectrum analysis using FFT. After the de-scrambling and matched-filter as well as
accumulation, we almost achieve a very stable sinusoid waveform for the frequency
offset signal as shown in the figure.
In this design, we have several tradeoffs to study. The phase accumulator has a similar
architecture as the Clock-Tracking algorithm. We will focus on the architecture tradeoff for
the FFT. Although the Xilinx core library also provides a variety of FFT IP cores, they are
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Table 3.3 : Specifications comparison for different solutions of FFT
Solution

BOM

Area (LUT)

Cycle

256 Core

12 mult

3286

768

1024 Core

12 mult

3858

4096

256 Catapult-C (1)

1 mult + 1 adder + 1 sub

827

2076

256 Catapult-C (2)

4 mult + 2 adder + 2 sub

1940

2387

1024 Catapult-C

1 mult + 1 adder + 1 sub

1135

9381

usually for high throughput applications, and they usually have considerably large sizes.
But in our algorithm, we do not need the FFT to be very fast, so we can relax the timing
constraint to get a very compact design. The complete AFC algorithm only needs to be
updated once in each frame length, which is 10 ms. With Catapult-C scheduling, we can
have several solutions with only 1 multiplier and 1 adder reused for each MULT and ADD
operation. The latency is larger than the Xilinx core, but the area is smaller. Finally, for
all three blocks and different point FFT, we achieve the same minimal size around 1000
LUTs, saving about 3× over the standard Xilinx Core as shown in Table. 3.3.
The architecture generated by Catapult-C is shown in a block diagram as in Fig. 3.11.
For a complicated algorithm such as FFT, it can consist of several Processing Elements (PE)
with different FUs. In each of the PEs, there are a lot of multiplexing control signals and
system FSMs for register latching and memory addressing. These PEs will cooperate either
in parallel or in pipeline mode with some other PEs. In principle, it could be considered
as a joint processor and layout architecture and achieves hybrid high-level pipelining and
FU-level pipelining. With multiple FPGAs working together, the system can be easily
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Figure 3.10 : Principle of the spectrum analysis based AFC.
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Figure 3.11 : HDL designer integration of the Catapult-C-based AFC.

partitioned and ported to several FPGAs with different capacity and resources. This has
equivalent computation power to multiple pipelined DSP processors working in parallel.
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Table 3.4 : Achieved productivity comparison for major HSDPA function blocks
HDL designer

Catapult-C

Clock Tracking

3 weeks

1 week

FFT

5 weeks

2 weeks

AFC

6 weeks

2 weeks

Turbo Interleaver

> 2 months

3 weeks

Fig. 3.11 shows the integration in HDL designer. A Xilinx Core Direct Digital Synthesis (DDS) block controlled by the AFC module generates the local frequency to demodulate
the RF front-end received signal. Some ROM cores are used to store the long codes and pilot symbols as well as the phase coefficients for the FFT. Three separate Catapult-C blocks
are pipelined: the AFC accumulation block; The 256 point FFT block and a SearchMax
block. The accumulator and de-scrambler needs to process for each input sample and will
work in a throughput mode. The FFT only processes once for each complete frame block.
The Search is invoked by the FFT once the FFT is finished. So these two blocks will work
in block mode. The processes will use dual-port RAMs for communication. All the IP
cores are integrated in HDL Designer with additional glue logic.

3.6

Performance & Productivity

The integrated design environment is even more advantageous for algorithms with significant memory access and intensive computations. In the current HSDPA system, other
advanced algorithms and architectures designed with Catapult-C are the chip equalizer, the
channel estimation along with the interference cancellation and the configurable turbo inter-
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leaver for the 3GPP standard. The turbo interleaver has very complicated memory accesses
because of the irregularity in generating the configurable interleaving indices. Even with
greatly reduced complexity, the efficient FFT-based chip equalizer which will be described
in the next chapter is still one of the most dominant algorithms in the transceiver design.
This algorithm involves many element-wise FFT computations as well as sub-matrix inversion and multiplication. There are a lot of design tradeoffs among the algorithms. It is
quite possible to spend 1 year for a single solution that could not be guaranteed as the most
efficient architecture in area/time tradeoff. However with the proposed methodology, we
can study several architectures in 3 to 4 months. An additional advantage is that in manual
layout, the clock rate is hard to predict. And it is especially difficult to do re-timing for
critical path balance in large designs. With the help of Catapult-C, a clock frequency from
40 MHz to 200 MHz is configurable and predictable with auto re-timing. Because of the
complexity involved, we omitted the detailed scheduling results from Catapult-C in this
chapter. The dramatic productivity improvement for a large percentage of the major algorithms in a HSDPA system are show in Table 3.4. The workload for manual HDL design is
estimated based on our HDL Designer experience.
The greatly improved productivity can free the designer from the conventional timeconsuming trial-and-optimize methodology. More effort can be spent on the truly highlevel architecture design and algorithm optimization. The design space exploration is essential to search for the most efficient SoC architecture. The proposed methodology enables an extensive architecture tradeoff exploration in a much shortened design cycle. This
accelerates the transition from theory to practice and helps academic researchers to meet
real-time performance requirements with significantly reduced development costs.
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3.7

Summary

In this chapter, we developed an integrated rapid prototyping methodology using the CatapultC scheduler and HDL Designer. We used Catapult-C to build the backbone RTLs for the
new advanced algorithms in the HSDPA system and integrated them with Xilinx IP cores
as well as HDL Designer blocks with the schematic capture capabilities of HDL Designer.
The standard clocking tracking and AFC blocks are used as case studies to demonstrate
the concept and capability of the proposed design methodology. We efficiently studied
FPGA architecture tradeoffs and found the most efficient solution for a specific architecture/resource constraint. The design productivity was improved dramatically by transferring the workload from low-level logic layout to high-level abstraction of the architectural
research. We also set up a framework for the receiver design with both standard and advanced modules that will be discussed in later chapters. In the following chapters, we will
apply this methodology for the MIMO-CDMA advanced receiver with much higher complexity than a SISO system. The synchronization modules demonstrated in this chapter can
be easily extended and reused in the MIMO systems. Therefore, we will focus on the more
complicated algorithms and architectures for equalization and interference suppression.
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Chapter 4
Low Complexity LMMSE Equalizer with Circulant
Approximation
From this chapter on, we focus on the algorithms and architectures for advanced MIMOCDMA receiver design. In this chapter, we propose an efficient circulant MIMO equalizer architecture for the CDMA downlink. This reduces the Direct-Matrix-Inverse (DMI)
of size (N F × N F ) with O((N F )3 ) complexity to O(N ) parallel FFT operations with
O(N F log2 (F )) complexity and inverse of O(F ) sub-matrices of size (N × N ). We
then propose parallel and pipelined VLSI architectures with Hermitian optimization and
reduced-state FFT for further complexity optimization. A divide-and-conquer method is
applied to simplify the sub-matrix inverses. Generic VLSI architectures are derived for the
4 × 4 high-order receiver from partitioned 2 × 2 sub-matrices inverse with Hermitian structure. This leads to a more parallel VLSI design with 3× further complexity reduction. The
VLSI design space in terms of area/time efficiency is explored extensively for layered parallelism and pipelining with the Catapult-C High-Level-Synthesis methodology, enabling
rapid prototyping on a real-time FPGA platform.

4.1

Introduction

The original MIMO spatial multiplexing algorithms known as D-BLAST [7] and a more
realistic strategy V-BLAST [11] were proposed for narrow band and flat fading channels.
In a multi-path fading channel, the orthogonality of the spreading codes is destroyed, in-
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troducing both Multiple-Access-Interference (MAI) and Inter-Symbol-Interference (ISI).
The conventional Rake receiver [50] could not provide acceptable performance because of
the very short spreading gain in the Multi-Code CDMA downlink to support high rate data
services. The Linear-Minimum-Mean-Squared-Error (LMMSE)-based chip equalizer is a
promising algorithm to restore the orthogonality of the spreading code and suppress both
the ISI and MAI [50] in traditional single antenna systems. However, this involves the inverse of a large correlation matrix with O((N F )3 ) complexity for MIMO systems, where
N is the number of Rx antennas and F is the channel length. Traditionally, the implementation of an equalizer in hardware has been one of the most complex tasks for receiver
designs [59]. The MIMO extension gives even more challenges for real-time hardware
implementation [60].
In this chapter, we first present an FFT-based fast algorithm for the tap solving by approximating the block Toeplitz structure of the correlation matrix with a block circulant
matrix to avoid the matrix inverse. The direct matrix inverse problem for the large covariance matrix is reduced to O(N ) parallel FFT/IFFT operations and the inverse of some
much smaller sub-matrices. Part of the algorithm is presented in a related paper [69].
This algorithm reduces the complexity order to O(N F log2 (F )), which makes the realtime implementation more feasible. A comparative analysis of both the performance and
complexity at the algorithmic level for different equalizers demonstrates very promising
performance/complexity results for the proposed circulant MIMO equalizer.
As real-time implementation technology is concerned, System-on-Chip (SoC) architectures offer more parallelism and flexibility to utilize the low-level silicon resources compared with DSP processors. However, research in the hardware architectures for MIMO
HSDPA downlink mobile devices remains a relatively new and hot topic. Recently, Nokia
successfully demonstrated a HSDPA real-time system for a single antenna system in the
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CTIA’03 wireless trade show [71] [72]. The current related MIMO SoC implementations
include Lucent’s BLAST ASIC chip [73] and some proprietary systems intended for specific markets, e.g. Iospan Wireless AirBurst system for fixed wireless access [74]. However, there is little commercial implementation of MIMO CDMA systems as yet and none
has been deployed. A natural evolutionary path is to support MIMO-CDMA in multi-path
environments. To achieve this goal, it is necessary to determine which range of possible
architectures is most suitable for VLSI implementation [68] of the complex equalizers.
In the second part of this chapter, we focus on the VLSI-oriented optimizations of the architecture complexity. Hermitian optimization is proposed by utilizing the structures of the
correlation coefficients and the FFT algorithm. A reduced-state FFT module is proposed to
avoid duplicate computation of the symmetric coefficients and the zero coefficients. These
modifications reduce both the number and complexity of conventional FFT design. On
the other hand, the matrix inverse of O(F ) smaller sub-matrices with size of N × N is inevitable for the MIMO receiver although the N F ×N F inverse is avoided. For a high-order
MIMO receiver, the complexity still increases dramatically with the number of antennas.
Therefore, the Hermitian feature is applied to reduce the sub-matrix inverse complexity.
Of particular interest is the non-trivial 4 × 4 MIMO configuration. We apply a divide-andconquer method to partition the 4 × 4 sub-matrices into four 2 × 2 sub-matrices. The 4 × 4
matrix inverse is then dramatically simplified by exploring the commonality in the computing architectures of the design blocks. Generic VLSI architectures are derived from the
special design blocks to eliminate the redundancies in the complex operations. The regulated model facilitates the design of efficient parallel VLSI modules such as “ComplexHermitian-Multiplication”, “Hermitian Inverse” and “Diagonal Transform”. This leads
to efficient architectures with 3× further complexity reduction and a more parallel and
pipelined RTL schematic.
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In addition to minimizing the circuit area used, the design needs to work within a set
time budget. There are many area/time tradeoffs in VLSI architectures. Extensive study
of the different architecture tradeoffs provides critical insights into implementation issues
that may arise during the product development process. However, this type of SoC design
space exploration is extremely time consuming because the standard trial-and-optimize approaches today are usually tied to a hand-coded VHDL/Verilog-based methodology [4]
[141] [142]. In this chapter, we apply the Catapult-C [71] HLS methodology described
in Chapter 3 to explore the VLSI architecture tradeoffs extensively, which is enabled by
allocating different architecture/resource constraints in the Catapult-C scheduler. Synthesizable RTL is generated directly from an algorithmic C/C++ fixed-point design, integrated
in other key downstream flows and validated in an Xilinx FPGA prototyping platform.
The rest of the chapter is organized as follows. Section II recaps the MIMO-CDMA
downlink system model. The FFT-based circulant approximation chip equalizer is presented in section III. The system level partitioning and the complexity optimization is given
in section IV. Then section V gives the VLSI architecture details for the Hermitian matrix
inverse. Finally section VI presents the HLS-based design space exploration and experimental implementation.

4.2 Receiver Model for MIMO-CDMA Downlink
In the multi-code CDMA system using spatial multiplexing and M Tx antennas and N Rx
antennas where usually M ≤ N , multiple spreading codes are assigned to a single user to
achieve high data rate. First, the high data rate symbols are demultiplexed into KM lower
rate substreams, where K is the number of spreading codes for data transmission. The
substreams are broken into M groups, where each substream in the group is spread with
a spreading code of spreading gain G. The groups of substreams are then combined and

70
scrambled with long scrambling codes and transmitted through the mth Tx antenna. The
chip level signal at the mth transmit antenna is given by
dm (i) =

K
X

skm (j)ckm (i) + sPm (j)cPm (i)

(4.1)

k=1

where j is the symbol index, i is the chip index and k is the index of the composite
spreading code. skm (j) is the j th symbol of the k th code at the mth substream. In the
following, we focus on the j th symbol and omit the symbol index for notation simplicity.
(s)

ckm (i) = ck (i)cm (i) is the composite spreading code sequence for the k th code at the mth
(s)

substream where ck (i) is the user specific Hadamard spreading code and cm (i) is the antenna specific scrambling long code. sPm (j) denotes the pilot symbols at the mth antenna.
(s)

cPm (i) = cP (i)cm (i) is the composite spreading code for pilot symbols at the mth antenna.
The received chip level signal at the nth Rx antenna is given by
rn (i) =

m,n
M L
X
X

hm,n (l)dm (i − τl ) + z(i)

(4.2)

m=1 l=0

where the channel is characterized by a channel matrix with elements taken from the channel coefficients between the mth Tx antenna and the nth Rx antenna.
By packing the received chips from all the receive antennas in a vector r(i) = [r1 (i),
· · · , rn (i), · · · , rN (i)]T and collecting the LF = 2F +1 consecutive chips with center at the
ith chip from all the N Rx antennas, we form a signal vector as rA = [r(i+F )T , · · · , r(i)T ,
· · · , r(i − F )T ]T . In the vector form, the received signal can be given by
rA (i) =

Mt
X

Hm dm (i) + z(i)

(4.3)

m=1

where Hm is a block Toeplitz matrix constructed from the channel coefficients. The multiple receive antennas’ channel vector is defined as hm (l) = [hm,1 (l), · · · , hm,n (l), · · · , hm,N (l)]T .
The transmitted chip vector for the mth transmit antenna is given by dm (i) = [dm (i +
F ), · · · , dm (i), · · · , dm (i − F − L)]T .
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4.3

LMMSE MIMO Equalizer with Circulant Approximation

4.3.1 LMMSE Chip Equalizer System Equation
Linear MMSE based chip level equalization has been one of the most promising receivers
for the single-user CDMA downlink. The chip equalizer estimates the transmitted chip
samples by a set of linear FIR filter coefficients as
H
d̂m (i) = ŵm
(i)rA (i).

(4.4)

It is well known that the LMMSE chip equalizer is given by
opt
H
ŵm
(i) = arg min E[||dm (i) − ŵm
(i)rA (i)||2 ]
wm

= σd2 (i)Rrr (i)−1 ĥm .

(4.5)

where σd2 (i) is the transmitted chip power. R̂rr (i) and ĥm (i) are the covariance estimation
and channel estimation respectively. Here the covariance matrix is estimated by the timeaverage with ergodicity assumption as
Rrr (i) =

E[rA (i)rH
A (i)]

NB −1
1 X
=
rA (i) rH
A (i)
NB i=0

(4.6)

where NB is the length for the time average. The channel coefficients are estimated as
ĥm (i) = E[rA (i)dH
m (i)] using the pilot symbols. In the HSDPA standard, about 10 % of
the total transmit power is dedicated to the Common Pilot Channel (CPICH). This will
provide acceptable channel estimation. By assuming that the channel is stationary over
the observation window length, we can have a block based operation by omitting the chip
index in R̂rr (i), ĥm (i) and ŵm (i). Fig. 4.1 gives the simple model of the LMMSE chip
equalizer in the MIMO-CDMA downlink. In the figure, each dotted line block denotes one
processing unit for one single antenna.
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Figure 4.1 : The block diagram of the LMMSE chip equalizer.

4.3.2 FFT-based Tap Solver with Circulant Approximation
Using the stationarity of the channel and the convolution property, it is easy to show that
the correlation matrix is a banded block Toeplitz matrix as

H
0
 E[0] · · · E [L] · · ·
 .
..
...
...
 ..
···
.



...
Rrr =  E[L] . . .
· · · EH [L]

 .
..
..
..
 ..
.
.
···
.


0
· · · E[L] · · · E[0]















where E[l] is an N × N block matrix with the correlation coefficients. It is known that a
circulant matrix S can be diagonalized [89] by the FFT operation as
S = DH ΛD

(4.7)

where D is the FFT phase coefficient matrix and Λ is a diagonal matrix whose diagonal
elements are the FFT result of the first column of the circulant matrix S. This known lemma
can be applied to simplify the MIMO equalizer computation dramatically. It is shown that
the correlation matrix Rrr can be approximated by a block-circulant matrix after we add
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two corner matrices as






Crr = Rrr + 



where

0
..
.

0
..
.

CL

0

CH
L



0 


0




H

 E [L] 0

..
..
CL = 
.
.


EH [1] · · ·

0
0



.



EH [L].

Using the extension of the diagonalization theorem, the block-circulant matrix can be decomposed as
µ
Crr =

H

D ⊗I

¶µ LX
F −1

¶µ
¶
H
W ⊗ E[i] D ⊗ I
i

(4.8)

i=0
−(LF −1)

where W = diag(1, WL−1
· · · WLF
F

) and WLF = ej(2π/LF ) is the phase factor coefficient

for the DFT computation. ⊗ denotes the Kronecker product and D is the DFT matrix. For
MIMO system, it can be shown that the MIMO equalizer taps are computed by the following equation
opt
ŵm
≈ (DH ⊗ I) · F−1 · (D ⊗ I)ĥm .

(4.9)

F = diag(F0 , F1 , · · · , FLF ) is a block-diagonal matrix with elements taken from the
element-wise FFT of the first column of a circulant matrix. For an (M × N ) MIMO
system, this reduces the inverse of an (N LF × N LF ) matrix to the inverse of sub-block
matrices with size (N × N ).

4.3.3

Pipelined System-level Partitioning

To achieve real-time implementation, either DSP processors or VLSI architectures could
be applied. The limited hardware resources and battery power supply in mobile handsets
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Figure 4.2 : The block diagram of the VLSI architecture for the FFT-based MIMO equalizer.

make the hardware design more challenging, especially for MIMO systems. However,
the straightforward implementation has many redundancies in computation. Many optimizations are needed to make it suitable for real-time implementation. We emphasize the
interaction between architecture, system partitioning and pipelining with these objectives:
1). propose VLSI-oriented optimization schemes to reduce the computation complexity;
2). implement the equalizer with the minimum hardware resources to meet the real-time
requirement; 3) obtain an efficient architecture with optimal parallelism and pipelining for
the critical computation parts. To support design exploration for an efficient architecture,
we partition the algorithm into the following tasks:
1. Compute the independent correlation elements [E[0] · · · E[L]], and form the first
(1)

(1)

block column of circulant matrix Crr by adding the corner elements as Crr =
[E[0], · · · , E[L], 0, · · · , 0, EH [L], · · · , EH [1]]T . Each element is an (N × N ) sub
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block matrix.
(1)

(c)

2. Take the element-wise FFT of Crr , where the element vectors are Fn1,n2 = FFT{En1,n2 }
(c)

(1)

and En1,n2 (i) = Crr [(n1 − i − 1) ∗ N + n2 − 1], for i ∈ [0, LF ], n1 , n2 ∈ [1, N ].
3. For m = [1, M ], compute the dimension-wise FFT for the channel estimation as
Φm = (D ⊗ I)ĥm = FFT([0, · · · , 0, hm,n (L), · · · , hm,n (0), 0, · · · , 0]).
4. Compute the inverse of the (N × N ) sub matrix F[i], where F[i]−1 = (Fn1,n2 [i])−1
= diag(F[0]−1 , · · · , F[LF − 1]−1 ).
5. Compute the matrix multiplication of the matrix formed from sub-matrices inverses
with the FFT output of the channel estimation coefficients Ψm = F−1 Φm .
opt
6. Compute the dimension-wise IFFT of the multiplication results ŵm
≈ (DH ⊗I)Ψm .

With a timing and data dependency analysis, the top level design blocks for the MIMO
equalizer are shown in Fig. 4.2. The system-level pipeline is designed for better modularity. In the front-end, a correlation estimation block takes the multiple input samples for
each chip to compute the correlation coefficients of the first column of Rrr . It is made circulant by adding corners to form the matrix [E[0], · · · , E[L], 0, · · · , 0, E[L]H , · · · , E[1]H ].
The complete coefficients are written to dual-port memories (DPRAMs) and the (N × N )
element-wise FFT module computes [F[0], · · · , F[LF ]] = FFT[E[0], · · · , E[L], 0, · · · , 0,
E[L]H , · · · , E[1]H ].
Another parallel data path is for the channel estimation and the (M × N ) dimensionwise FFTs on the channel coefficient vectors as in (D ⊗ I)ĥm . A sub-matrix inverse
and multiplication block takes the FFT coefficients of the channels and correlations from
DPRAMs and carries out the computation as in F−1 . Finally an (M × N ) dimensionopt
and sends them to the
wise IFFT module generates the results for the equalizer taps ŵm
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(M × N ) MIMO FIR block for filtering. To reflect the correct timing, the correlation
and channel estimation modules at the front-end will work in a throughput mode on the
streaming input samples. The FFT-inverse-IFFT modules in the shaded dotted line block
construct the post-processing of the tap solver. They are suitable to work in a block mode
using dual-port RAM blocks to communicate the data. The MIMO FIR filtering will also
work in throughput mode on the buffered streaming input data.

4.4

VLSI Oriented Complexity Optimization

4.4.1 Hermitian Optimization
In this section, more emphasis is given to the VLSI-oriented implementation aspects. For
QPSK and QAM modulation, all the numerical computations in the algorithm are associated with complex numbers. However, the complexity in the hardware is reflected by the
number of real multiplications, additions, divisions, etc. It is more accurate to clarify the
complexity for different types of computations. For example, a general “Complex (a) ×
Complex (b)” numerical computation has 4 real multiplications and 2 real additions, but a
“Complex (a) × Conjugate (a)” reduces to only 2 real multiplications and 1 real addition.
Define Fn1 ,n2 [0 : LF − 1] as the element-wise FFT vector of the covariance blockvector for n1 , n2 ∈ [1, N ], where the vector is formed by all the subcarriers from the
covariance element vector between antennas n1 and n2 , we show that the element-wise
FFT of the circulant covariance vectors admit Hermitian structure by using the features of
FFT computation. This leads to the following lemmas for complexity reduction.
Lemma 1 (Hermitian) Fn1 ,n2 = conj(Fn2 ,n1 ). Fn2 ,n1 is redundant for n2 < n1 .
Lemma 2 (Hermitian Complexity) The imaginary part of Fn1 ,n1 is equal to 0. The computation of Fn1 ,n1 can be reduced to only L/LF of the full DFT module. The computations

77
related to Fn1 ,n1 also reduce to real computations.
Proof: For the Rx antennas n1 , n2 , where n1 , n2 ∈ [1, N ], it can be shown that the
elements in the circulant column have the following relations, where NB is the covariance
time average window length:

PNB −1
(c)
(c)

∗

E
rn1 (i)rn2 (i)∗
n1 ,n2 (0) = (En2 ,n1 (0)) =

i=0






PNB −1

(c)
(c)

rn1 (i)rn2 (i + l)∗
 En1 ,n2 (l) = (En2 ,n1 (LF − l))∗ = i=0

P B −1

(c)
(c)

En1 ,n2 (LF − l) = (En2 ,n1 (l))∗ = N
rn2 (i)rn1 (i + l)∗

i=0







(c)
∗
 E(c)
o.w.
n1 ,n2 (l) = (En2 ,n1 (LF − l)) = 0
Using the features of the FFT, it can be proven that the element-wise FFT results have
the relation that Fn1 ,n2 = (Fn2 ,n1 )∗ . The submatrix formed by the ith entry of Fn1 ,n2 is a
(N × N ) hermitian symmetric matrix as
µ
¶
F(i) = Fn1 ,n2 (i)

= F(i)H .

(4.10)

N ×N

This feature can be used to reduce the complexity dramatically. Instead of having N ×N
complex FFT computations, we only need to compute the element-wise FFT for the lower
triangular matrix. The number of FFTs in the element-wise FFT is reduced from N 2 to
(N 2 +N )
.
2

Moreover, the element-wise FFT coefficients of the diagonal elements are all real

numbers. This leads to the design of reduced-state MIMO FFT blocks. 2

4.4.2 Reduced-state FFT
Because the FFT algorithm applies the features of the rotation coefficients, the application
of the Hermitian feature in (4.10) is not straightforward. Here we base our analysis on
the standard radix-2 Decimation-In-Time (DIT) FFT algorithm and derive the hardwareoriented optimization for the reduced-state FFT with pruning operations. Notice that in the
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standard butterfly unit, each operation involves a full complex multiplication, which has 4
real multiplications and 2 real additions. From (4.10) we know that the k th subcarrier of
the Fmm vector is
µX
¶
L
−ki
fmm (k) = emm (0) + 2<
emm (i)WLF .

(4.11)

i=1

£
By defining the input sequence to the FFT module as {x(i)} = 0, emm (1), · · · , em,m (L),
¤
0, · · · , 0 , we only need to compute the real part FFT of the x(i) to get fmm (k). From the
butterfly decomposition, we have the recursion for the real-part FFT computation as
 ¡
¢
¡
¢
¡
¢

 < X(k) = < X1 (k) + < WLkF X2 (k)

 <¡X(k + L /2)¢ = <¡X (k)¢ − <¡W k X (k)¢
F
1
LF 2

(4.12)

for k = 0, 1, · · · , LF /2 − 1. This reduces the complex multiplication and addition to only
real multiplication and addition for one stage. The butterfly unit becomes a reduced-state
Partial-Butterfly-Unit (PBFU) as shown in Fig. 4.3.
From the recursion, it can be shown that we can prune the redundant computation by
replacing the complex multiplication in the butterfly unit for some portion of the FFT BFU
tree. Without considering the features of the input coefficients that have many zero values,
the total number of PBFU is LF − 1. Since the total number of BFU is (LF /2) log2 LF ,
the total number of Full-BFU (FBFU) is given by (LF /2) log2 LF − LF + 1. Considering
the fact that x(i) 6= 0 only for i ∈ [1, L], L < LF /2, we can further truncate computations
related to zero values. After pruning all the unnecessary BFU branches, the FBFUs and
PBFUs only take effect from stage 3. The number of FBFU is reduced to (LF /2)∗log2 LF −
2LF + 6. This also reduces the number of memory accesses and required register files for
stage 1 and stage 2 as well as in the partial BFUs. The final data flow is shown as the BFU
tree in Fig. 4.3. Only the shaded portion has full BFUs.
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Figure 4.3 : Reduced-state FFT butterfly tree.

Table. 4.1 summarizes the required operations in terms of the number of real multiplications/additions and memory reads/writes. In the table, RS-FFT indicates the Reduced-State
FFT and ZP means Zero-Pruning. Although the savings diminish when the length of the
FFT increases to a very large number, for the equalizer application, the length of the FFT
remains in the range of a 64-point FFT. The RS-FFT with ZP saves roughly 50% of the real
multiplications. This is shown in Fig. 4.4 for 16, 32 and 64-point FFTs. This is equivalent
to N 2 /2 instead of N 2 element-wise FFTs before the Hermitian optimization.
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Table 4.1 : Complexity comparison for different FFT schemes
Real Mult

Real Add

Full FFT

2LF log2 LF

LF log2 LF

RS-FFT w/o ZP

2N log2 LF − 2LF + 2

LF log2 LF − 2LF + 2

RS-FFT with ZP

2LF log2 LF − 6LF + 12

LF log2 LF − 4LF + 12

800
700
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500

FFT
RS-FFT

400
300

RS-FFT-ZP

200
100
0
LF=16

LF=32

LF=64

Figure 4.4 : The number of real multiplications for the reduced state FFT.

4.5 Partitioned SoC Architectures for Hermitian Matrix Inverse
In this section, we utilize the Hermitian feature and focus on the optimization of the submatrix inverse and multiplication module following the element-wise FFT modules in the
tap solver. Although the FFT-based tap solver avoids the direct matrix inverse of the original covariance matrix with the dimension of (N F × N F ), the inverse of the diagonal
matrix F is inevitable. For an MIMO receiver with high receive antenna dimension, the
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matrix inverse and multiplication in F−1 ĥm is not trivial. Because of the diagonal feature
of the F matrix, it can be divided into the inverse of LF sub-matrices of size (N × N ) as in
¡
¢
−1
−1
F−1 = diag F−1
,
F
,
·
·
·
,
F
0
1
LF −1 .

(4.13)

A traditional (N × N ) matrix inverse using Gaussian elimination has the complexity
of O(N 3 ) complex operations. From the Hermitian lemmas in section 4.4.1, it is clear
that the elements of F are also Hermitian symmetric. There is a known Lemma on the
Hermitian eigenvalue decomposition [89]: if A ∈ Cn×n is such that A = AH , there exists
a unitary matrix U ∈ Cn×n , such that, UH AU = Λ , where Λ ∈ Rn×n is a diagonal
matrix of the eigenvalues of A. Cholesky decomposition can be applied to facilitate the
inverse of these matrices. However, this method requires arithmetic square root operations
which are expensive for hardware implementation. Considering the fact that it is unlikely
to have more than four Rx antennas in a mobile terminal, we consider the two special cases
individually, i.e., 2 and 4 Rx antennas. We propose complexity reduction schemes and
efficient architectures suitable for VLSI implementation based on the exploration of block
partitioning. The commonality of the partitioned block matrix inverse is extracted to design
generic RTL modules for reusable modularity. We then build the 4 × 4 receiver by reusing
the 2 × 2 block partitioning.

4.5.1 Dual-antenna MIMO Receiver
From equation (4.9), a straightforward partitioning is at the matrix inversion of F and
then the matrix multiplication of the dimension-wise FFT of the channel coefficients as
F−1 (D ⊗ I)hm . In this partitioning, we would first compute the inverse of the entire subblock matrix in F and then carry out a matrix multiplication. However, this partitioning
involves two separate loop structures. Since the two steps have the same loop structure, it
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is more desirable to merge the two steps and reduce the overhead shown as following. The
inverse of a 2 × 2 submatrix is given by

−1
 f00 (k) f01 (k) 
F−1
=


k
f10 (k) f11 (k)
=





1
 f11 (k) −f01 (k) 

.
f00 (k)f11 (k) − f01 (k)f10 (k)
−f10 (k) f00 (k)

Let Γ = (D ⊗ I)hm = [Γ0 Γ1 · · · ΓLF −1 ], where Γk = [e1 (k) e2 (k)]T is the combination of the k th elements of the dimension-wise FFT coefficients, then a merged computation
of the matrix inverse and multiplication is given by
W = F−1 · (D ⊗ I)hm
−1
−1
= diag(F−1
0 , F1 , · · · , FLF −1 )Γ
−1
T
−1 T
T
= [F−1
0 Γ0 , F1 Γ1 , · · · , FLF −1 ΓLF −1 ].

(4.14)

Thus we can use a single merged loop to compute the final result of W instead of using
separate loops. Moreover, with the Hermitian features of F00 and F11 , we can reduce the
number of real operations in the matrix inversion and multiplication module. It leads to a
simplified equation for the k th element of the matrix W as


1
 f11 (k) ◦ e1 (k) − f01 (k) ∗ e2 (k) 
Wk =
·

2
f00 (k) · f11 (k) − |f01 (k)|
−f10 (k) ◦ e2 (k) − f01 (k) ∗ e1 (k)
where “a · b” indicates “real × real”, “a ◦ b” means “real × complex” while “a ∗ b” refers
to “complex × complex” multiplications. The complex division is replaced by a real division. From this, we derived the simplified data path with the Hermitian optimization as in
Fig. 4.5. In this figure, f00 (k) and f11 (k) are real numbers. The single multiplier means
a real multiplication. The multiplier with a circle means the “real × complex” multiplication and the multiplier with a rectangle is a “complex × complex” multiplication. Thus,
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Figure 4.5 : The merged 2 × 2 inverse and multiplication.

the data path is significantly simplified. This facilitates the scaling in the fixed-point implementation and thus increases the stability of the algorithm. Notice that the storage for the
interface from element-wise FFTs is also reduced. , which saves four distributed DPRAM
blocks for real part of f10 and imaginary part of f00 , f11 , f10 .

4.5.2 Receiver with 4 Rx Antennas
This includes the 1 × 4, 2 × 4, 4 × 4 SIMO and MIMO scenarios. Note that achieving
receiver diversity by over-sampling also has the same mathematical format. So this may
also be used in the case of two receive antennas with an over-sampling factor of 2. The
principle operation of interest is the inverse of the 4 × 4 matrices. We need to derive an
efficient computing architecture for this part to save the area and time resources. To start,
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we partition the 4 × 4 sub-matrices in F[i] into four 2 × 2 block sub-matrices as




f (i)
 11

 f21 (i)

F(i)4×4 = 

 f31 (i)

f41 (i)

f12 (i) f13 (i) f14 (i)

 



f22 (i) f23 (i) f24 (i)   B11 (i) B12 (i) 
=
.

f32 (i) f33 (i) f34 (i) 
B21 (i) B22 (i)

f42 (i) f43 (i) f44 (i)

(4.15)

The inverse of the 4 × 4 matrix can be carried out by an incremental inverse operation of
four 2 × 2 sub-matrices [89]. For simplicity, we partition the 4 × 4 element matrix inverse
as




 C11 (i) C12 (i) 
F(i)−1 = 
.
C21 (i) C22 (i)

(4.16)

It can be shown that the subblocks are given by the following equations from the matrix
inverse lemma [63] [64]:



C22 (i) = [B22 (i) − B21 (i)B11 (i)−1 B12 (i)]−1









 C12 (i) = −B11 (i)−1 B12 (i)C22 (i)



C21 (i) = −C22 (i)B21 (i)B11 (i)−1








 C (i) = B (i)−1 − C (i)B (i)B (i)−1
11
11
12
21
11

(4.17)

Without looking into the data dependency, a straightforward computation will have 8
complex matrix multiplications, 2 complex matrix inverses and 2 complex matrix subtractions, all of the size 2 × 2. By examining the data dependency, we will find some duplicate
operations in the data path. For a general case before considering the Hermitian structure of
the F[i] matrix, a sequential computation has the data dependency path given by Fig. 4.6.
The raw complexity is given by: 6 matrix multiplications, 2 inverses and 2 subtractions.
From the data path flow, the critical path can be identified.
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Figure 4.6 : The data path of the partitioned 4 × 4 matrix inverse for each subcarrier.

Now we utilize the Hermitian feature of the F matrix to derive a more parallel and
optimized computing architecture. Because the inverse of a Hermitian matrix is Hermitian,
i.e., F−1 = [F−1 ]H , it can be shown that


−1
−1
H




C11 (i) = [C11 (i)]H
B11 (i) = [B11 (i)]










H
⇒
C12 (i) = [B21 (i)]H
B12 (i) = [B21 (i)]












 C (i) = [B (i)]H
 B (i) = [B (i)]H
22
22
22
22
This leads to a simplification of the data path by removing the duplicate computation blocks
that have the Hermitian relationship. The reduced data path is shown in Fig. 4.7, where the
HINV means the inverse of a 2 × 2 Hermitian matrix and [ ]H is the Hermitian operation
on a 2 × 2 matrix.
However, this straightforward treatment still does not lead to the most efficient computing architecture. The data path is still constructed with a very long dependency path. To
fully extract the commonality and regulate the design blocks in VLSI, we define the following special operators on the 2 × 2 matrices for the different complex operations. These
special operators are mapped to VLSI Processing Units (PU) to deal with the special Her-
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Figure 4.7 : Data path of partitioned 4 × 4 inverse with standard Hermitian optimization.

mitian matrix. High-level modularity is achieved by extracting the commonality among the
data path.
Definition 1 (Pseudo-Power) pPow(a, b) = <(a) · <(b) + =(a) · =(b) is defined as the
pseudo-power function of two complex numbers and <(a, b) = <(a) · <(b) − =(a) · =(b)
is defined as the real part of a complex multiplication.
Definition 2 (Complex-Hermitian-Mult) For a general 2 × 2 matrix A and a Hermitian
2 × 2 matrix B = BH , we define the operator Complex-Hermitian-Multiplication (CHM)
as






b∗21

 a11 a12   b11

M (A, B) = AB = 

.
a21 a22
b21 b22

(4.18)

Note that all the numbers are complex except {b11 , b22 } ∈ R.
Definition 3 (Hermitian Inverse) For a 2 × 2 Hermitian matrix B = BH , the Hermitian
Inverse (HInv) operator is defined as



HInv(B) =

1
 b22

2
b11 b22 − |b21 |
−b21

where there are only real multiplications and divisions.

−b∗21
b11


.

(4.19)
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Definition 4 (Diagonal Transform)
Given

 the 4 × 4 Hermitian A which is divided into
H
 A11 A21 
four subblocks as A = 
 = AH , the Diagonal Transform (DT) of A is
A21 A22
defined as
T (A) = T (A11 , A21 , A22 )

(4.20)

= A22 − A21 A11 A21H

(4.21)

= A22 − M (A21 , A11 )AH
21 .

(4.22)

With these definitions, we separate the inverse of the 4 × 4 Hermitian matrix F = FH
into simplified operations on 2 × 2 matrices. After some manipulation, the partitioned subblock computation equations can be mapped to the following procedure using the defined
operators.




Binv = HInv(B11 ) = BH
inv ;









D = M (B21 , Binv );




C22 = HInv(T (Binv , B21 , B22 ));









C12 = −M (DH , C22 );





 C = B + DH C D = T (−C , DH , B ).
11
inv
22
22
inv

This leads to the hardware mapping using the generic Processing Units in Fig. 4.8. The
overall computation complexity is reduced to 2 HInv operations, 2 DTs and1 extra CHM
block. Because the sign inverter and the Hermitian formatter [ ]H require no hardware
resources at all, the computational complexity is determined by these three generic blocks.
The data path of the computation shows the timing relationship between these different
design modules. This simplified block diagram facilitates the design of efficient parallel
VLSI modules, whose details are given in the following.
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Figure 4.8 : The VLSI design architecture using generic design modules T, M and HINV.

4.5.3 Reduced Parallel Architecture with Simplified Modules
Now we derive the efficient VLSI modules for the generic M and T operations. Because
the operation M is also embedded in the T transform, we need to design the interface in a
way that the duplicate computations are removed and the computing architecture is reused
efficiently. The grouping of computations and the smart usage of interim registers will
eliminate the redundancy and give a simple and generic interface to the design modules.
For a single M (A, B) module, we define


d11 d12 
e =
D
 = M (A, B)

d21 d22


∗
 a11 ◦ b11 + a12 ∗ b21 a11 ∗ b21 + a12 ◦ b22 
=
.
∗
a21 ◦ b11 + a22 ∗ b21 a21 ∗ b21 + a22 ◦ b22
To extract the commonality in the M and T operations, we have the following lemma for
Hermitian matrix.
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Figure 4.9 : The simplified parallel VLSI RTL layout of the M (A, B) processing unit.

Lemma 3 (4 × 4 inverse) If B = BH is a 2 × 2 Hermitian Matrix, then ABAH is also
a Hermitian matrix. The associated computation is given by 6 Complex Multiplications
(CM)s, 4 Complex-Real Multiplication (CRM)s, 4 pP ow(a, b) and 2 <(a, b) to compute
the real parts of the complex numbers. The 6 CMs are {a12 ∗ b21 , a11 ∗ b∗21 , a21 ∗ b∗21 , d21 ∗
a∗11 , d22 ∗ a∗12 }. The 4 CRM operations are {tmp1=(a11 ◦ b11 ), tmp3=(a12 ◦ b22 ), tmp5=(a21 ◦
b11 ), tmp7=(a22 ◦ b22 )} and the 4 pP ow operations are pP ow(tmp1 , a∗11 ), pP ow(tmp3 , a∗12 )
, pP ow(tmp5 , a∗21 ), pP ow(tmp7 , a∗22 )}. Finally, the 2 <(a, b) operations are {<(tmp2 , a∗11 ),
<(tmp6 , a∗21 )}.
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Proof : We extend the computation of G=ABAH as


 g11 g12 
H
H
G=
 = ABA = M (A, B)A
g21 g22
 


∗
∗
∗
 a11 ◦ b11 + a12 ∗ b21 a11 ∗ b21 + a12 ◦ b22   a11 a21 
=
·
.
∗
∗
∗
a21 ◦ b11 + a22 ∗ b21 a21 ∗ b21 + a22 ◦ b22
a12 a22
We then group the operations for each element as



 g11 = (a11 ◦ b11 ) ∗ a∗11 + [a12 ∗ b21 ∗ a∗11 + a11 ∗ b∗21 ∗ a∗12 ] + (a12 ◦ b22 ) ∗ a∗12






 g21 = d21 ∗ a∗11 + d22 ∗ a∗12



g12 = d21 ∗ a∗11 + d22 ∗ a∗12






 g22 = (a21 ◦ b11 ) ∗ a∗21 + [a22 ∗ b21 ∗ a∗21 + a21 ∗ b∗21 ∗ a∗22 ] + (a22 ◦ b22 ) ∗ a∗22

(4.23)

2
In the equation, a ∗ b denotes a complex × complex multiplication and a ◦ b denotes a
“complex × real” multiplication. We define the interim registers tmp1 = (a11 ◦b11 ), tmp2 =
(a12 ∗ b21 ), tmp3 = (a12 ◦ b22 ), tmp5 = (a21 ◦ b11 ), tmp6 = (a22 ∗ b11 ), tmp7 = (a22 ◦ b22 ).
These interim values are added to generate d11 , d12 , d21 , d22 . However, instead of having
a general complex multiplication, we can employ the special functional components. For
example, it is easy to verify that (a11 ◦ b11 ) ∗ a∗11 = pP ow(tmp1 , a11 ) because the b11 is a
scalar of the norm of (a11 ). By changing the computation order and combining common
computations, we can finally show that G is a Hermitian matrix with the elements given
by




g11 = pP ow(tmp1 , a∗11 ) + 2<(tmp2 , a∗11 ) + pP ow(tmp3 , a∗12 )







 g21 = d21 ∗ a∗11 + d22 ∗ a12 ∗

∗


g12 = g21






 g22 = pP ow(tmp5 , a∗21 ) + 2<(tmp6 , a∗21 ) + pP ow(tmp7 , a∗22 )
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Figure 4.10 : The VLSI RTL architecture layout of the T (A11 , A21 , A22 ) block.

Thus the simplified M (A, B) RTL module can be designed as Fig. 4.9, with the input of
both real and imaginary parts of A as {a11 (r/i), a12 (r/i), a21 (r/i), a22 (r/i)} and only the
necessary elements of the Hermitian matrix B as in {b11 (r), b21 (r/i), b22 (r)}. The output
ports include {tmp1 , tmp2 , tmp3 , tmp5 , tmp6 , tmp7 }. There is no need to output tmp4 and
tmp8 . Moreover, although all these numbers have complex values, the products with the
input values do not need to be complex multiplications. We also only need to compute d21
and d22 to get the G elements. The redundant computations in {tmp4 , tmp8 , d11 , d12 } are
eliminated from the M (A, B) operation. Built from the simplified M (A, B) module, the
data path RTL module of the transform T (A11 , A21 , A22 ) of the 4 × 4 Hermitian matrix is
given by Fig. 4.10, with the simplified Functional Components {pP ow(a, b), <(a, b)} as
defined. The output ports of the T (A11 , A21 , A22 ) block include the independent elements

92

B11

HINV
A11
M

A11
M

B21
B22

M( )

[ ]

M( )

H

[ ]

H

C21

A21

A21
A22
A22

T( )

T

T( )

HINV

T

C11
C22

Figure 4.11 : The commonality extracted VLSI design architecture based on T, M and
HINV.

{t11 , t21 , t22 }.
We can further simplify the top level RTL schematic by extracting the commonality
of the M and T module designs as in Fig. 4.11 to eliminate the individual M module.
Thus, the results of C11 , C12 and C21 are generated from the second T module together.
Compared with both the designs in Fig. 4.6 and Fig. 4.7, the architecture demonstrates
better parallelism and reduced redundancy. The data path is much better balanced, so as to
facilitate the pipelining in multiple subcarriers for high-speed design.
We can further reduce the number of real multiplications by changing the numerical
computation order of the complex multiplications in the M module. Traditionally, a complex multiplication is given by “c = cr +jci = (ar +jai )∗(br +jbi ) = (ar br −ai bi )+j(ar bi +
ai br )”. This has 4 real multiplications and 2 real additions. By rearranging the computation
order, we can reduce the number of real multiplications as following: (1). p1 = ar br ; p2 =
ai bi ; s1 = ar +ai ; s2 = br +bi ; (2). cr = p1 −p2 ; d = (p1 +p2 ); s = s1 s2 ; (3). ci = s−d.
This requires 3 Real-Multiplications (RM)s and 5 Real-Add (RA)s in three steps. Considering the fact that RA is much cheaper than RM, the cost is worthwhile.

93
Table 4.2 : Number of real and complex multiplications and additions for the fundamental
operations.
Operation

CMult

CAdd

RM

RA

1/a = a∗ /|a|2

0.5

0.5

2

1

a*b

1

1

4

2

[A] × [B]

8

4

32

24

[A]−1

6.5

1.5

26

3

Hinv[A]

-

-

7

2

Now we summarize the number of RMs and RAs for different level optimization. The
complexities for the fundamental computations are listed in Table 4.2. The inverse of a
2 × 2 Hermitian matrix requires 7 RM and 2 RA, while the direct inverse of a general
2 × 2 matrix requires 26 RMs. The complex 2 × 2 matrix multiplication needs 32 RMs.
If we use a traditional computing architecture for the 4 × 4 matrix inverse, we need 308
RMs and 150 RAs before dependency optimization (DO). This can be easily calculated
from the procedure in the equations 4.17 and the complexity of fundamental operations in
Table 4.2. Even with a straightforward dependency optimization, the complexity is still
244 RMs and 102 RAs. This can be seen from the data path in Fig. 4.6 and the complexity
in Table 4.2. However, a single T transform needs only 38 RMs for a 4 × 4 Hermitian
matrix. Thus, there are 90 RMs to compute the 4×4 F−1 with Hermitian structure using the
optimized architecture. This is only less than 1/3 of the real multiplications for a traditional
architecture as shown in Table 4.3. Note that the critical data path is also dramatically
shortened with better modularity and pipelining.
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Table 4.3 : Complexity reduction for 4 × 4 Submatrix Inverse.

4.6

Architecture

RM

Traditional w/o DO(4 × 4)

308LF

Traditional w/ DO(4 × 4)

244LF

Hermitian Opt(4 × 4)

90LF

VLSI Design Space Exploration

As described in Chapter 3, although an ASIC chip provides a compact and low power design, the lack of configurability results in a very long design cycle and high cost in the
prototyping phase. An FPGA provides a good platform to build, verify and prototype SoC
designs quickly. Unlike the Instruction Level Pipelining (ILP) [145] used in processor architectures, a typical VLSI architecture has more hardware parallelism and functional unit
level pipelining. There are many area/time/power tradeoffs in VLSI architectures. Extensive study of the different architecture tradeoffs provides critical insights into implementation issues that may arise during the product development process and allows designers to
identify the critical performance bottlenecks in meeting real-time requirements. However,
this type of SoC design space exploration is extremely time consuming because the current standard trial-and-optimize approaches apply handcoded VHDL/Verilog or graphical
schematic tools.
In this section, we apply the Catapult-C [144] based High-Level-Synthesis (HLS) methodology to explore the VLSI architecture space extensively in terms of time/area tradeoff,
which is enabled throught the specification of high-level architecture and resource constraints. Synthesizable RTL is generated directly from a C/C++ level design and imported to the graphical tools for module binding. The rapid prototyping flow is sum-
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marized in Chapter 3 by highlighting the following major steps: (1). Floating-point algorithm verification in Matlab based on communication theory; (2). Floating-point and
fixed-point algorithm test bench analysis using C/C++ to model the data pattern as in the
actual hardware implementation including: data streaming, buffering, interface design, etc,
(3). The un-timed C code is then converted to Catapult-C synthesizable code by following
hardware-oriented C/C++ design styles. The architecture tradeoffs are studied extensively
in Catapult-C using architecture/resource constraints. Data dependency is analyzed and
the algorithmic components are mapped to hardware resources. RTL is generated from the
Catapult-C scheduling engine. (4). In the next step, we use HDL Designer to import the
generated VHDL codes. A test bench is built in HDL Designer corresponding to the C/C++
test bench and simulated with ModelSim. (5). Xilinx ISE Place & Route tools are applied
to generate gate-level bit files. The design is then validated in the FPGA real-time prototyping system. The readers are referred to [71] for the details of the design methodology.
In Catapult-C, we can schedule architectures working in two basic modes according
to the real-time behavior of the sub-system: the throughput mode or the block mode.
Throughput mode assumes that there is a top-level main loop with the incoming data arriving sample by sample in each computation period. The module processes for each input
sample periodically, so there is strict limit for the processing time. Block mode processes
once after a block of data is ready. The hardware interface will use RAM blocks to map the
arrays/vectors in the C codes. Because the Finite-State-Machine (FSM) controller usually
depends on complex logic and extensive memory accesses, the computation patten in block
mode is more like a processor architecture.
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4.6.1 Scalable Pipelined Multiplexing Scheduler
For the covariance estimation, the time-average is applied to compute the ensemble average
assuming ergodicity as
NB −1
1 X
Rrr =
rA (i)rH
A (i).
NB i=0

(4.24)

Theoretically, the front-end covariance estimation module can also be designed in block
mode similar to a processor implementation. The block mode architecture shown in Fig.
4.12 first collects all the NB samples in the observation window and then starts computation
from the block RAM. FSMs are designed for the WE, ADDR/DATA bus and control logic
for the RAMs. However, this architecture causes a high processing latency and requires
large ping-pong buffers to store the input samples. For NB = 1920 chips per block, the
fastest RTL block design takes more than 12ms latency because the heavy memory access
stalls the pipeline without providing sufficient parallelism.
To meet the real-time requirements, a scalable architecture is designed using throughput
mode as in Fig. 4.13. It processes for each sample input within the available fclk /fchip cycles. L Input-Shift-Latches (ISL) shift the new samples and the delayed samples in one cycle. The core is the Pipelined-Multiplexing-Scheduler (PMS) including a set of FunctionalUnit-Banks (FUB) for both multipliers and adders. The temporary values are stored in
Intermediate-Multiplication-Registers (IMR) and the Accumulation-Register (ACR). After the word length is adjusted by shifting, a separate Parallel-Read-Shuffle (PRS) module designed by Catapult-C reads the registers in parallel for the covariance coefficients
H
[E0 , · · · , EL ] and writes the memory and shuffles the Hermitian part [EH
L , · · · , E1 ]. Mem-

ory stalls are avoided and scalability is achieved because it can stop at any chip to adjust to
different update rates. The latency is only one chip for this architecture.
The VLSI area/time tradeoff is shown in Table 4.4 for a 2 × 2 MIMO case with L = 10.
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Table 4.4 : Architecture tradeoff exploration for covariance estimation module.
cycles

1

2

3

4-8

9

10

MULT (a)

0

176

0

0

0

0

ADD (a)

0

0

136

0

0

0

MULT (b)

0

22

22

22

22

0

ADD (b)

0

0

17

17

17

17

In each of the computation periods, the complexity is 176 multiplications and 136 additions.
In the PMS, the number of FUs can be assigned according to the time/area constraints. A
time-constrained solution can use 176 multipliers and 136 adders in parallel to complete
the computation in 4 cycles. This is denoted in Table 4.4 as the solution (a). However, the
FUs are in IDLE state for 9 cycles and wasted. On the other extreme, an area-constrained
solution will reuse one multiplier and one adder, but will need to take more than 176 cycles.
If we assume a 38.4 MHz clock rate and a 3.84 MHz chip rate, there will be 10 cycles for
each chip duration. The most area/time efficient architecture in 10 cycles is to reuse 22
multipliers and 17 adders as the pipelined operations. This is denoted as solution (b) in
Table 4.4.

4.6.2

MUX-regulated TF-FIR Architecture

Similar design methods are applied for the FIR and channel estimation blocks. An areaconstrained architecture can be generated using memory instead of register files for the
input samples and filter coefficients because it avoids the use of MUXs in front of the
inputs of the shared multipliers and adders. However, the latency caused mainly by the
memory stalls from both the shifted input samples and the filter coefficients is significant.
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Figure 4.12 : Block mode correlation update module.

On the other hand, a fully-pipelined architecture using shift register files and instantiated
multiplier layout needs too many multipliers in MIMO configurations. Multiplexing in this
case is inevitable. To reduce the number of MUXs, which could be a major consumer of
the FPGA CLB area, we derived the architecture with reduced MUX using the transposed
form FIR. The streaming input data is first broadcast to multipliers with MUXs only at one
input. Another advantage of this architecture is the scalability for different length of FIR
filters. Multi-stage modules can be easily cascaded to support longer length FIR filters.
The number of FUs can be scheduled in a similar manner as the correlation blocks. For
the channel estimation architecture, the pilot symbols only take values from {±1}. This
feature is applied to avoid the usage of dedicated multipliers.

99

C hipU pD ate

r[i]

…
In put
utShift
ShiftLa
Latche
tc hes
Inp
s

Input Shift L atches

P
M
S

I
M
R
F U BM

Parameters
ChipClk

A
C
R

P/S

P
R
S

Output
D PRA M

FU B A

FSM /
M U X Controller

N chipRD Y
S T A RT RD

Figure 4.13 : Throughput mode correlation update module using PMS.

4.6.3 Layered Parallelism/Pipelining for Merged MIMO-FFT
For the multiple FFTs in the tap solver, the keys for optimization of the area/speed are
loop unrolling, pipelining and resource multiplexing. Although Xilinx provides IP cores
for FFTs, they are considerably larger and much faster than required. For this application,
for example, a single v32FFT core in the Xilinx CoreGen library utilizes 12 multipliers and
2066 slices. Since we need both MIMO FFTs and IFFTs in one computation period, it is
not easy to apply the commonality by using this IP core.
For the MIMO-FFT/IFFT modules, we can design a fully parallel and pipelined architecture with parallel butterfly-units and complex multipliers laid out in the pattern of
the butterfly-tree at one implementation extreme. To achieve the best area/time tradeoff in
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Table 4.5 : Single FFT architecture efficiency comparison for Catapult-C versus Xilinx IP
Core
Architecture

# of multipliers

# of cycles

# of slices

Xilinx Core

12

128

2066

Catapult-C Sol1

8

570

535

Catapult-C Sol2

2

625

543

Catapult-C Sol3

1

810

551

different situations, we apply Catapult-C to schedule customized FFT/IFFT modules. We
design the merged multiple input multiple output FFT modules to utilize the commonality
in control logic and phase coefficient loading. The initial cos/sin phase coefficients for all
stages are stored in ROM blocks. Parallelism/pipelining in the parallel FFTs are studied
extensively in multiple levels. e.g., the Butterfly-Unit (BFU) level, the stage level and the
FFT-processor level. By using the Merged-Butterfly-Unit for the MIMO-FFT, we utilize
the commonality and achieve a much more efficient resource utilization while still meeting
the speed requirements.
The Catapult-C scheduled RTL codes for 32-point FFTs with 16 bit precision are compared with the Xilinx v32FFT Core in Table. 4.5 for a single FFT. The Catapult-C design
demonstrates much smaller size for different solutions, e.g. from solution 1 with 8 multipliers and 535 slices to solution 3 with only one multiplier and 551 slices. Overall, solution
3 represents the smallest design with slower but acceptable speed for a single FFT.
For four element-wise FFTs, we can either lay out duplicate FFT blocks, or just reuse
one FFT module in a serial computation schedule. In a parallel layout, all the computations
are localized and the latency is the same as one single FFT, however, the resource is 4×
of a single FFT module. For a reused module, extra control logic needs to be designed
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Table 4.6 : Catapult-C design space exploration for four merged 32-point 16-bit FFT module with 38.4 MHz system clock rate requirement.
# of multipliers

# of cycles # of slices

utilization

synthesis fclk (MHz)

16

970

570

1/7

60

4

820

810

16/40

60

2

720

1135

16/28

60

1

680

1785

16/22

60

for the multiplexing. The time is equal to or larger than 4× of the single FFT computation. However, since we merge the FFTs to apply the commonality, we can reuse the
control logic inside the FFT module and schedule the number of FUs more efficiently in
the integrated mode. The specifications for 4 merged FFTs are listed in Table 4.6 with
different numbers of multipliers. It could be seen that the synthesis clock can achieve 60
MHz, which meets the 38.4 MHz timing closure requirement. Compared to 4 parallel FFT
blocks (each with 1 MULT) at 2204 slices and 810 cycles or 4 serial-FFT blocks at 3240
cycles, the resource utilization is much more efficient, where FU utilization is defined as:
#M ultipliers/(#Cycles ∗ #M ultiplications).
The extensive design space exploration for different numbers of merged FFT modules
is shown in Fig. 4.14. For the input and output arrays, two different types of memory
mapping schemes are explored. One scheme applies Split sub-block Memories for each
input array as shown by SM. This option requires more memory I/O ports but increases
the data bandwidth. Another is Merged memory Bank denoted by MB to reduce the data
bus. However, the data access bandwidth is limited because of the merged memory block.
In this example, the split sub-block memory size is equal to 4. The SM-based architec-
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ture is equivalent to the MB-based architecture for a merged 4-FFT module. However, the
SM-based architectures demonstrate better opportunity for both the 8 and 16 parallel FFT
modules to schedule for faster design compared with the MB-based architectures. Thus,
we will choose the SM-based architecture to achieve better hardware efficiency. From the
design space exploration, we can identify the SM-based design architecture with 4 multipliers as the best design to achieve the real-time requirement for 16 merged FFT modules.
This is shown in the next subsection as the prototyping implementation. This demonstrates
the design space exploration capability enabled by the Catapult-C methodology.

4.6.4 Prototyping Implementation
Based on the above algorithmic and architectural optimizations, we have prototyped the
VLSI architecture of a (4 × 4) MIMO equalizer on the Aptix FPGA platform [146]. The
correlation window is set to 10 chips for all 4 receive antennas. Fixed-point simulation
shows that 8-bit input chip could provide negligible performance loss. To give a safe range,
the input chip samples to both the corelator and the channel estimator have 10-bit precision.
The 32-point MIMO-FFT module has 16-bit input word length for both the covariance and
channel coefficients. To support even faster fading speed, we design the prototyping system
for up to 4 updates per slot with an overall tap solving latency requirement of 125µs. In
Table. 4.7, we give the specification of the major design blocks. Overall, we utilize only 4
multipliers to achieve area/time efficient design for 16 merged FFT/IFFT modules. For the
LF inverse of the (4 × 4) Hermitian sub-matrices, the latency is 38 µs with 6 multipliers. It
is also noticed that the different modules have very similar latency, which provides a very
balanced pipelining in multiple stages. The overall 124µs meets the real time requirement
very closely and gives area efficiency. This efficiency not only benefits from the aforementioned algorithmic and architectural optimization, but also from the extensive design
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Latency for the MIMO FFT vector processor (38.4MHz clk)
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Figure 4.14 : Latency versus the number of multipliers for the merged MIMO-FFT module
with 38.4 MHz system clock rate requirement.

space exploration to find the most compact design by meeting the real-time requirement.

4.7

Summary

In this chapter, we propose an efficient circulant MIMO chip equalizer for Multi-Code
CDMA downlink system by using FFT-based operations to avoid the direct matrix inverse.
VLSI-oriented optimizations are proposed to reduce the number and complexity of the
FFTs. The inverse of 4 × 4 submatrices is solved by an incremental computation procedure
from partitioned 2 × 2 submatrices, which leads to dramatically simplified VLSI modules.
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Table 4.7 : The area/time specification of the major FPGA design cores.
Architecture

latency

CLB

ASICMult

Correlator

1 chip

22399

80

16-FFT32

43.1µs

2530

4

32 MatInvMult(4 × 4)

37.6µs

4526

6

16-IFFT32

43.1µs

2530

4

Overall tap-solver

123.8µs 7109.3

14

The VLSI design space is explored extensively for area/time efficiency by the Catapult-C
based HLS methodology. The VLSI design is validated in a real-time FPGA prototyping
system to demonstrate the achievement of real-time system performance constraints with
an efficient hardware architecture.
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Chapter 5
Frequency Domain Iterative MIMO Equalizer for Long
Channels
An alternative algorithm to solve the matrix inverse linear system equation in the chip
equalizer is the iterative Conjugate-Gradient (CG) algorithm [167]. However, a standard
CG algorithm has the complexity of O((N F )2 ) with a large hidden constant, especially for
high-dimension MIMO systems and long channels. This complexity is still considered high
for real-time implementation. In this chapter, we present a novel FFT-accelerated iterative
algorithm in the frequency domain to reduce the complexity to O(N F log2 (F )), which also
lies in the category of superfast algorithms as was the FFT-based circulant approximation
in the previous chapter. The time-domain matrix-vector multiplication is accelerated by an
equivalent frequency-domain circular convolution with FFT-based “overlap-save” architecture. Then the iteration rapidly refines a crude initial approximation to the actual final
equalizer taps. Unlike the FFT-based equalizer that approximates the Toeplitz structure
with a circulant structure by adding corners, the FFT-accelerated iterative algorithm does
not increase the condition number of the system and demonstrates strong numerical stability with rapid convergence rate, especially for very long delay spread channels in badly
conditioned environments.
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5.1

Introduction

As explained in Chapter 4, to avoid the Direct-Matrix-Inverse (DMI) in a LMMSE chip
equalizer, adaptive stochastic gradient algorithms such as LMS suffer from stability problems because the convergence depends on the choice of good step size. The FFT-based
solution using circulant approximation in the last chapter (also in [68] and [69]) needs to
add circular corners to approximate the block-Toeplitz structure with circulant structure.
This may increase the condition number and reduce the system stability. Although the
circulant approximation works fairly effectively in well and mild conditioned systems, the
high condition number may degrade the system performance in very high Signal-to-NoiseRatio (SNR) and high Geometry range.
The Conjugate Gradient algorithm provides an iterative solution for the linear system
equation in the LMMSE chip equalizer. Because the system is Hermitian and positive
definite, the standard Conjugate Gradient algorithm is proposed for iterative computation
of the equalizer taps in [65] for a SIMO space-time system and [66] for the MIMO scenario.
The complexity of the CG is of the order of O((N F )2 ), which could be considered as a fast
algorithm compared with the DMI using Gaussian elimination or Cholesky decomposition.
This complexity is of the same order as the Levinson type of algorithms. However, when
a multi-antenna receiver is applied, the signal dimension increases. The required MIMO
equalizer filter length is high and the covariance matrix has a very large eigenvalue spread.
Although multiplication is not very computationally expensive, and relatively easy to implement on computers and effectively parallelizable for structured matrices represented in
compressed form, the structure rapidly deteriorates if many iterations are required. This
complexity is still rather high for hardware implementation as shown in [69].
The standard CG algorithms do not take advantage of the matrix structure in the system
equations. However, if we could apply the underlining structures in the system, we can re-
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duce the complexity significantly. In [81] [82], the authors presented superfast algorithms
for structured matrices. For an LF -dimension matrix, a superfast algorithm should have
complexity of the order of O(LF log2 (LF )). In this chapter, we show that the CG’s iteration
is essentially reduced to performing matrix multiplication for the correlation matrix once
per iterative step. Because the correlation matrix assumes a block-Toeplitz structure, we
apply a divide-and-conquer methodology to the CG iteration to accelerate the computation.
We first transform the direct form block-Toeplitz structure of the correlation matrix in the
CG iteration to reversed form block-Toeplitz structure. The new time-domain matrix multiplication is accelerated by equivalent FFT-based “overlap-save” computing architectures
in the frequency domain. Superfast acceleration to the order of O(N F log2 (F )) similar
to the FFT-based circulant approximation is achieved. The algorithm is strongly stable for
well and mild conditioned system.
Unlike the FFT-based solution for the circulant approximation of the LMMSE equalizer, no approximation of the matrix structure is necessary. The acceleration is of no cost
to the performance and the strong numerical stability of the algorithm is retained for fixedpoint implementation. We will also give a comparative study for different equalizer algorithms in terms of both performance and complexity. The comparison shows performance/complexity tradeoffs for the two proposed equalizers in different conditions. In
summary, while the FFT-based circulant approximation has the lowest complexity and
works fairly well in well-conditioned systems, the FFT acceleration for the iterative algorithm reduces the complexity of the traditional Conjugate Gradient iteration to approach
O(N F log2 (F )) complexity while maintaining the stability in badly conditioned environments.
This chapter is organized as follows. In section II, we re-arrange the received signal to
achieve a better form in deriving the algorithm. Section III first presents the standard Con-
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jugate Gradient algorithm for iterative tap solving. We then present the FFT-acceleration
schemes for the iterative algorithm both for an expanded form and reversed form structure.
Section IV presents a comparative study for alternative LMMSE-based chip equalizers in
terms of both performance, complexity and numerical stability. Section V summarizes the
contribution in this chapter.

5.2

Received Signal Model and Channel Matrix

The signal model is similar to the model used in chapter 4. However, we reform the received signal model in a way for better derivation of the algorithm. We try to use the same
notations as much as possible. But to reduce confusion, some specific notation is defined to
be used in self-contained manner in this chapter. Where this occurs, we will make a special
note in the text.
The system model of the MIMO Multi-Code CDMA downlink using M Tx antennas
and N Rx antennas is described as follows. First, the high data rate symbols are demultiplexed into KM lower rate substreams, where K is the number of spreading codes used
for data transmission. The substreams are broken into M groups, where each substream
in the group is spread with a spreading code of spreading gain G. The groups of substreams are then combined and scrambled with scrambling codes and transmitted through
the mth Tx antenna. The chip level signal at the mth transmit antenna is given by dm (i) =
PK k
P
P
k
k=1 sm (g)cm (i) + sm (g)cm (i) where g, i and k are the symbol, chip and code indices respectively. skm (g) is the g th symbol of the k th code at the mth substream. In the following,
(m)

we focus on the g th symbol index and omit the index for simplicity. ckm (i) = ck (i)cm (i) is
the composite spreading code sequence for the k th code at the mth substream where ck (i)
(m)

is the user specific spreading code and cm (i) is the antenna specific scrambling long code.
(m)

sPm (g) denotes the pilot symbols at the mth antenna. cPm (i) = cP (i)cm (i) is the composite
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spreading code for pilot symbols at the mth antenna. The received chip level signal at the
nth Rx antenna is given by
rn (i) =

M X
L
X

hm,n (l)dm (i − τl ) + z(i)

(5.1)

m=1 l=0

where hm,n (l) constructs the channel matrix between the mth Tx and the nth Rx antennas.
By collecting the LF = 2F + 1 consecutive chips with center at the ith chip from
each Rx antenna in rn (i) = [rn (i + F ), · · · , rn (i), · · · , rn (i − F )]T and packing the signal
vectors from all antennas, we form a vector as rA = [r1 (i)T , · · · , rn (i)T , · · · , rN (i)T ]T .
Here F is the observation window length at the receiver to support the different channel
models. The received signal is then given by
rA (i) =

M
X

Hm dm (i) + v(i)

(5.2)

m=1

where v(i) is the additive Gaussian noise and dm (i) = [dm (i + F ), · · · , dm (i), · · · , dm (i −
F −L)]T is the transmitted chip vector for the mth Tx antenna. Hm = [HTm,1 , HTm,2 , · · · , HTm,N ]T
is the channel matrix with block Toeplitz structure defined as





Hm,n =





hm,n (0)

...

hm,n (L)

0

hm,n (0)
...

...

hm,n (L)
...

hm,n (0)

...

0

5.3

0





.




hm,n (L)

Frequency Domain Iterative Chip Equalizer

5.3.1 Conjugate Gradient Tap Solver
The chip equalizer could be divided into two major steps: the tap solver to compute the
equalizer filter taps; the FIR filters to equalize the multipath channel. A direct matrix inverse based solution using Cholesky decomposition involves complex multiplications and
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division operations of the order of O(N 3 ) for an N -dimension matrix. This is very complex
and challenging for real-time hardware implementation. For this reason, adaptive solutions
such as Least-Mean-Square (LMS) algorithms have been proposed for more practical implementations. However, when multiple receive antennas are used, the convergence speed
of the adaptive chip-level algorithms becomes a limiting factor. In unfavorable channel
conditions, the signal covariance matrix has a large spectral condition number. This slows
the convergence rate dramatically and leads to unsatisfactory performance in a fast fading
environment.
To deal with the large eigenvalue spread in the multi-antenna receiver, an iterative
Conjugate-Gradient algorithm was proposed for the SIMO space-time receiver in [65] and
the MIMO receiver in [66]. In the MIMO system, there are two steps involved with a total of J iterations for the mth transmit antenna. The complete CG procedure is given as
following:
1. Initialization
wm,0 = 0

(5.3)

γ 0 = hm ; ∆0 = hm

(5.4)

δ0 = γ H
0 γ 0 ; δ1 = δ0

(5.5)

Γj = Rrr ∆j−1 ; α = δj /(∆H
j−1 Γj );

(5.6)

2. Iteration: f or j = 1 : J

wm,j = wm,j−1 + α∆j−1 ;
γ j = γ j−1 − αΓj ;
δj+1 = γ H
j γ j ; β = δj+1 /δj
∆j = γ j + β∆j−1

(5.7)
(5.8)
(5.9)
(5.10)
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where γ j , ∆j are the feed-forward and feedback vector, respectively. Γj is the output vector of the matrix-vector product Rrr ∆j−1 . The scalars δj , α and β are for fine adjustment
at the j th iteration.

5.3.2

Time-domain Matrix-Vector Multiplication

The original CG algorithm involves the following significant computations in terms of
H
H
complex multiplications: the dot product of δ0 = γ H
0 γ 0 ; δj+1 = Γj Γj ; ∆j−1 Γj ; the

matrix multiplication in Γj = Rrr ∆j−1 , and many vector scaling computations. Among
these, the matrix-vector multiplication Γj = Rrr ∆j−1 in the iteration step has the dominant
complexity. It can be shown that both the covariance matrix and the channel estimation
vector could be partitioned to sub matrix and vectors according to the number of receive
antennas. The covariance matrix is of size N (L + 1) ∗ N (L + 1) and can be partitioned as


 R11 · · · R1N 
 .
.. 
..
.
Rrr = 
(5.11)
.
. 
 .
,


RN 1 · · · RN N
where each of the sub matrix blocks Rn1 ,n2 is the cross-covariance matrix of two antennas. The ∆j−1 vector is an N (L + 1) vector and can also be partitioned as ∆j−1 =
[∆j−1,1 , · · · , ∆j−1,N ]T , where the second index is the receive antenna index. Thus, the
matrix-vector multiplication is Γj = Rrr ∆j−1 partitioned into sub-blocks as


PN
n=1 R1,n Γj−1,n 



..
.
Γj = 
.



 P
N
n=1 RN,n Γj−1,n

(5.12)

The standard VLSI architecture in hardware of the Direct-form sub Matrix-vector Multiplication (DMM) Γj,n1 ,n2 = Rn1 ,n2 Γj−1,n2 is shown in Fig. 5.1, where m(l) represents
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[∆

j −1, n 2

Rn1,n 2 (0,0)

(0) ∆ j −1,n 2 (1) L ∆ j −1,n 2 ( L)
Rn1,n 2 (0,1)

]

Rn1,n 2 (0, L)

Γ j ,n1,n 2 (0)
Rn1,n 2 (1,0)

Rn1,n 2 (1,1)

Rn1,n 2 (1, L)

Γ j ,n1,n 2 (1)
M

Rn1,n 2 ( L,0)

M
Rn1,n 2 ( L,1)

M
Rn1,n 2 ( L, L)

Γ j ,n1,n 2 ( L)
Figure 5.1 : The straight-forward VLSI architecture for the DMM computation

the lth element of the matrix/vector M. The complexity for a single sub-block computation is shown in Table 5.3.2 if we assume the size of the correlation matrix is L + 1. The
memory access includes (L + 1)(L + 1) operations to store the Rn1 ,n2 matrix and (L + 1)
operations for the ∆ and Γ vectors respectively.
The convergence of the CG algorithm depends on the spectral condition number of the
signal covariance matrix. The space-time covariance matrix may have a large eigenvalue
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Table 5.1 : Complexity of Direct Matrix Multiplication (DMM)
Operation

Complexity

Multiplier

(L + 1) ∗ (L + 1)

Adder

(L + 1) ∗ L

Memory

(L + 1) ∗ (L + 1) + 2(L + 1)

spread which slows down the convergence rate, especially for the MIMO system. To capture the speed of the channel fading, it requires at least one or two updates of the equalizer
filters in one WCDMA slot (0.67 µs). Although the CG algorithm basically reduces the
complexity order to O(L2 ), the hidden constant in the CG algorithm is still high when many
iterations are required to reach convergence. This limits the real-time implementation if a
compact hardware realization is required.

5.3.3

Time-domain FIR Filtering-based Architecture

Using the stationarity of the channel and the convolution property, it is easy to show that
the covariance matrix is a banded block Toeplitz matrix with only N (L + 1) independent
elements. Each sub matrix has the format of

E
(0) · · ·
 n1 ,n2

 En ,n (1) . . .
1 2

Rn1 ,n2 = 
..
..

.
.


En1 ,n2 (L) · · ·


En∗1 ,n2 (L)
..
. En∗1 ,n2 (L − 1)
..
.
..
.
En∗1 ,n2 (0)





.




(5.13)

114
By defining the upper triangular corner matrix as

 En1 ,n2 (L) · · · En1 ,n2 (1)

..
..
CLn1 ,n2 = 
.
.


0
En1 ,n2 (L)




,



(5.14)

we can expand the Rn1 ,n2 matrix to a larger Expanded-Form (EF) matrix with concatenation in the following way as
 



 



L
  Cn1 ,n2 
 01×L  
ZLn1 ,n2 =  
 Rn1 ,n2 
 .
L
H
01×L
(Cn1 ,n2 )

(5.15)

It can be shown that this is a Toeplitz matrix with size of (L + 1) × (3L + 1). Thus the
matrix computation by the correlation matrix is equal to
Γj,n1 ,n2 = Rn1 ,n2 ∆j−1,n2

 0L×1

= Zn1 ,n2 · 
 ∆j−1,n2

0L×1




.



(5.16)

(5.17)

From the sliding window feature of the Zn1 ,n2 matrix, the matrix-vector multiplication
is actually a linear convolution, where the filter taps vector is Yn1 ,n2 = [En∗1 ,n2 (L), · · · ,
En∗1 ,n2 (1), E(0), · · · , En1 ,n2 (L)] and the input data vector is Xn2 = [01×L , ∆Tj−1,n2 , 01×L ].
This linear convolution can be implemented using time-domain linear FIR filtering either
in the direct-form or through a transposed computation architecture. The general equation
is given by
Γj,n1 ,n2 (l) =

2L
X

yn1 ,n2 (k)∆j−1,n2 (L − l + k)

(5.18)

k=0

for {∆j−1,n2 (l) = 0, l < 0 and l > L} . The advantage of this is that it is easy to define the
pipelining from the time-domain FIR filtering architecture. A VLSI architecture example
for the direct-form FIR filter is given in Fig. 5.2.

115

chipClk

chipClk

x(n)

x(n-LFIR+1)

Y_REGs
y(0)

y(2L)
…
chipClk

chipClk

chipClk

…

chipClk

Γ (l )

Figure 5.2 : Direct-Form FIR filter architecture for the matrix-vector multiplication in CG
tap solver.

5.3.4 Expanded-Form (EF) Frequency domain FFT Acceleration
Despite its more regular VLSI architecture, the FIR filter has a computation complexity of
(2L + 1) ∗ (L + 1) multiplications where only (L + 1) ∗ (L + 1) multiplications are nontrivial for non-zero values. So the overall complexity of the CG algorithm is still of order
O(L2 ). However, from the FIR filter interpretation and the features of the FFT algorithm,
we can implement the linear convolution from a circular convolution by using the FFT in
the frequency-domain. To convert the circular convolution to the linear convolution, we
need to take care of the edges to avoid frequency alias. It is known that there are two
equivalent architectures for the FFT-based filtering of a long sequence, i.e., the “overlap-
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0

F(3L)
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X n 2 (2 L − 1), X n 2 (2 L)

F(2L),
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(3L+1) point FFT

L

F(L)

frequency domain
dot-product
(3L+1) point IFFT

L

F(0), ,

En*1,n 2 ( L),

,

L

L

(3L+1) point FFT

En1, n 2 (0)

zeros

E n1, n 2 ( L),0

L

λn1,n 2 (0),

L

L

Γ j , n1, n 2 (0)
drop (2L) points
,
λn1, n 2 (2 L − 1), λn1, n 2 (2 L)

Γ j ,n1,n 2 ( L)
λn1, n 2 (3L)

Figure 5.3 : The “overlap-save” interpretation of the Expanded-Form FFT-acceleration
architecture.

add” and “overlap-save” architectures [88]. Because of the simplicity in the control logic
design, we derive the “overlap-save” based computing architecture. This basic procedure
is shown in Fig. 5.3 and explained below.
First, zeros are padded to the filter coefficients and then an FFT is carried out for the
zero-padded filter vector. A record is taken out from the long sequence and concatenated
with the 2L values from the previous record. The FFT result of this record is multiplied with
the FFT result of the filter. An IFFT transform is then carried out to get the time-domain
samples. Some samples need to be discarded from the result to avoid the alias. Because the
length of the filter is (2L+1), if we pad L zeros to the filter coefficients and take a (3L+1)

117
point FFT, the size of the FFT for the data vector will also be (3L + 1). We can consider
it as a long sequence consisting of the (L + 1) non-zeros values of ∆j−1,n2 . The first 2L
samples [Xn2 (0), · · · , Xn2 (2L − 1)] = [01×L , ∆j−1,n2 (0), · · · , ∆j−1,n2 (L − 1)] of the FFT
are the overlap-save values from the first record and the L+1 values are [∆j−1,n2 (L), 01×L ].
The two FFT results are multiplied in the frequency domain. Then after the IFFT, the final
result needs to drop the 2L points to avoid the frequency alias. The final valid result is
given by
∆j,n1 ,n2 (l) = λn1 ,n2 (l + 2L)

l ∈ [0, L].

(5.19)

This architecture involves two FFTs and one IFFT of length (3L + 1). Plus, there is
one dot product of size (3L + 1). The complexity is given by 3(3L + 1) log2 (3L + 1)/2 +
(3L + 1) complex multiplications. In this way, we have reduced the order of complexity to
¡
¢
¡
¢
O CL ∗ log2 (3L + 1) from the squared order O (L + 1)2 , where C is a small constant
factor.

5.3.5 Reversed-Form FFT Acceleration Architecture
Although the complexity order has been reduced, the constant C factor can be further
reduced. Because the expanded matrix Zn1 ,n2 has many zero values, the inputs to the
FFT contain many zeros. By pruning some branches in the FFT butterfly tree, we can
reduce the state of the FFT computation. However, this involves many customizations
in the FFT module. Here we show a complexity reduction scheme to reduce the size
of FFT by manipulating the matrix multiplication format. It can be shown that the matrix multiplication in Γj,n1 ,n2 = Rn1 ,n2 ∆j−1,n2 is equivalent to the following reversed
form matrix-vector multiplication, where the elements of ∆j−1,n2 form the Topelitz matrix and the independent elements of the correlation matrix form the multiplying vector
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¡
Yn1 ,n2 = En∗1 ,n2 (L), · · · , En1 ,n2 (0), · · · , En1 ,n2 (L))T . The matrix-vector multiplication
is then reformed as


∆j−1,n2 (L)
···
∆j−1,n2 (0)
0






0


Γj,n1 ,n2 = 
∗Yn1 ,n2 .
..
...
...


.




0
∆j−1,n2 (L)
···
∆j−1,n2 (0)

(5.20)

This can be viewed as the data sequence Yn1 ,n2= [En∗1 ,n2 (L), · · · , En1 ,n2 (0), · · · , En1 ,n2 (L)]
filtered by the tap coefficients ∆j−1,n2 . With the “overlap-save” FFT-based FIR filtering architecture, the filter ∆j−1,n2 is first padded with zeros to make a vector with length of (2L+
1). The vector [En∗1 ,n2 (L), · · · , En∗1 ,n2 (1)] is considered as the L “overlap-save” values from
the first block. They are concatenated with the (L+1) new values [En1 ,n2 [0], En1 ,n2 [1], · · · ,
En1 ,n2 [L]] to make a length of (2L + 1) vector. This vector is input to the FFT module of
length (2L + 1). The FFT result is multiplied with the FFT result of the filter taps. An
IFFT module computes the interim results and the first L samples are dropped to generate
the final result as
Γj,n1 ,n2 (l) = λn1 ,n2 (l + L) l ∈ [0, L].

(5.21)

This procedure is shown in Fig. 5.4. The number of complex multiplications is given
by (6L + 3) log2 (2L + 1)/2 + (3L + 1). After extracting the commonality, the optimized
iterative algorithm with the reversed-form FFT acceleration is summarized as follows. For
the mth transmit antenna, the iteration is accelerated by the FFT in the frequency domain:
1. Initialization: Same initialization for wm,0 , γ 0 , ∆0 and δ0 , δ1 as a general CG algorithm. Moreover, initialize Ψn1 ,n2 = F F T (Yn1 ,n2 ) for n1 ∈ [1, N ] and n2 ∈ [1, N ].
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Figure 5.4 : “Overlap-save” interpretation of the reversed-form FFT-acceleration architecture for complexity reduction.

Note that for the MIMO partitioning, the initial vectors are actually given by




∆
ĥ
 0,1 
 m,1 
 . 
 . 
 . 
. 
∆0 = 
(5.22)
 .  = ĥm =  .  ;




∆0,N
ĥm,N
wm,0 = 0

γ 0 = ĥm ;

and the initial scalars are given by δ0 = γ0H γ0 ;

(5.23)
δ1 = δ0 .

2. Iteration: for j = 1 : J: To compute the MIMO matrix-vector multiplication Γj =
Rrr ∆j−1 in the frequency domain, we first initialize the partitioned vector Γj =
[ΓTj,1 , · · · , ΓTj,N ]T = 0. Then, for n2 = 1 : N , we compute the element-wise FFT
Fj,n2 = F F T ([∆Tj−1,n2 01×L ]). In the inner loop for n1 = 1 : N , the frequency
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domain dot-product and the element-wise IFFT are computed as follows:
Φn1 ,n2 = Fj,n2 ◦ Ψn1 ,n2 ;

(5.24)

Θn1 ,n2 = IF F T (Φn1 ,n2 );

(5.25)

Γj,n1 ,n2 (l) = θn1 ,n2 (l + L) l ∈ [0, L];
Γj,n1 = Γj,n1 + Γj,n1 ,n2 ;

(5.26)
(5.27)

where “◦” denotes “dot-product”. With the partitioned Γj vector, the scalars are
computed as
ωj =

N
X

∆H
j−1,n Γj,n ;

(5.28)

n=1

α = δj /ωj

(5.29)

Finally, the equalizer taps are adjusted in the same manner as wm,j = wm,j−1 +
PN
H
α∆j−1 , γ j = γ j−1 − αΓj , then δj+1 =
n=1 γ j,n γ j,n ; β = δj+1 /δj and ∆j =
γ j + β∆j−1 in the conventional CG iteration.
We can apply the commonality between the different transmit antennas and within the
iterations to further reduce the redundant computations. Because the FFT of the covariance
vectors is not dependent on the iteration and particular transmit antennas, we can first
compute the FFT results of the covariance vectors in the initialization steps common to all
M transmit antennas and J iterations. The result is saved in distributed ΨN ×N sub-vectors
for the N receive antennas. The channel vector is also partitioned into N sub-vectors.
This reduces the number of FFTs for this step from (N 2 ∗ J ∗ M ) with straightforward
implementation to only N 2 . In the iteration step, the Γj vector is first partitioned and
initialized to zero vectors. By re-arranging the loop structure of n2 and n1 , the FFT of
the zero-padded ∆j−1,n2 vector is only necessary for the outer loop. Thus, we only need
to compute the frequency domain dot-product and the IFFT for individual Γj,n1 ,n2 in the
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inner loop. An accumulator will generate the Γj,n1 sub-vectors. After the n1 , n2 loop, two
scalars δj+1 and ωj are computed from the inner product. Because the δj+1 is actually a
computation of the norm of Γj , there is no need to compute the full complex multiplication
here.

5.4
5.4.1

Comparative Performance and Complexity Analysis
BER Performance under Well/Mild Conditions

We first compare the performance of four different schemes: the LMS adaptive algorithm,
the Conjugate-Gradient (CG) algorithm, the FFT-based algorithm with circulant approximation as proposed in last chapter and the Direct-Matrix-Inverse (DMI) using Cholesky
decomposition in some well and mild conditioned systems. The performance is evaluated in an MIMO-HSDPA simulation chain for different antenna configurations. We simulated the Pedestrian-A and Pedestrian-B channels following the I-METRA channel model
[78]. The chip rate for the transmit signal is 3.84 Mcps, which is in compliance with
the 3GPP standard. Orthogonal-Variable-Spreading-Factor (OVSF) codes are generated
from the Hadamard sequence. Notice that unlike the conventional CDMA downlink, in the
Multi-Code CDMA system, all the K codes are assigned to one single user to achieve high
rate downlink service. The channel state information is estimated from the CPICH at the
receiver. 10% of the total transmit power is dedicated to the pilot training symbols.
We provide the simulation results for QPSK modulation with antenna configuration of
the form of (M × N ) transmit and receive antennas, respectively. In the figures, Lh is the
channel delay spread. Fig. 5.5 and Fig. 5.6 show the fully loaded system for Pedestrian-A
and Pedestrian-B channels with a 2 × 2 configuration, Fig. 5.7 shows the simulation results
for a Pedestrian-A channel with 4 × 4 configuration.
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Figure 5.5 : BER performance of 2 × 2 in Pedestrian-A channel.

It can be seen that for Fig. 5.5 the FFT-based circulant approximation algorithm overlaps with both the DMI and the CG at 5 iterations very closely. In a 2 × 2 case for a
Pedestrian-B channel, both the CG and FFT-circulant algorithm show very small divergence from the DMI at the very high SNR range in Fig. 5.5 For a fully loaded system, the
CG algorithm with 5 iterations seems to perform slightly better than the FFT-based algorithm. In the 4 × 4 case as shown in Fig. 5.7, the CG algorithm with 5 iterations has close
performance to the FFT-based circulant approximation as well as the DMI. In all cases, the
DMI, CG and FFT-based algorithms significantly outperform the LMS adaptive algorithm.
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Figure 5.6 : BER performance of 2 × 2 in Pedestrian-B channel case 2: K=10 codes.

5.4.2 BER Performance for Badly Conditioned Channels
In this section, we provide the simulation results for more difficult channel conditions. The
I-METRA modified Pedestrian-B channel models with 13 and 15 paths and mobile speed
of 3 km/h [78] are simulated. Fig. 5.8 and Fig. 5.9 show the performance for Lh = 13
and Lh = 15, respectively. To show the potential of the iterative algorithm, 8 iterations
are computed. Both the CG and FFT-based algorithm show small divergence from the
DMI at the low to medium SNR range. Both the CG and the circulant approximation
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Figure 5.7 : BER performance of 4 × 4 in Pedestrian-A channel.

FFT solution perform better than the LMS solution. For the very high SNR range, we see
the performance degradation with the circulant approximation in this very poor channel
situation. In the range of SNR > 16 dB, the FFT-based circulant approximation even fails
because the high condition number corrupts the stability of the system equation. However,
the FFT accelerated iterative algorithm follows the DMI solution very closely.
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Figure 5.8 : The BER performance of a fully loaded system (K = 14) under a 13-tap
modified Pedestrian-B channel for a 2 × 2 MIMO system.

5.4.3

Numerical Stability

The system stability is determined by the condition number of the system matrix. The
condition number of a matrix is defined as the ratio of the maximal eigenvalue over the
minimum eigenvalue,
κ(Rrr ) =

λmax (Rrr )
.
λmin (Rrr )

(5.30)

If the condition number is large, then the matrix tends to be ill conditioned with the convention that κ = ∞ for a singular matrix. An ill conditioned matrix has very poor numerical
stability in matrix inverse operations. In the following, we analyze the 2-norm condition
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Figure 5.9 : The BER performance of a fully loaded system (K = 14) under a 15-tap
modified Pedestrian-B channel for a 2 × 2 MIMO system.

number of the original covariance matrix and the circulant approximation matrix used in
the FFT-based algorithm in [69] for different SNR ranges. We also look at the reciprocal
of the condition number of R in the 1-norm obtained by the matlab built-in function LAPACK condition estimator. If the matrix is well conditioned, the reciprocal of the condition
number is near 1.0. Otherwise, if the matrix is poorly conditioned, the reciprocal is near
zero.
In Table 5.2, the condition number κ(Rrr ) and the reciprocal of the 1-norm condition
number κrc (Rcir ) are shown for an Lh = 13 channel for different SNR ranges. The Rrr and
Rcir are the original covariance matrix and the circulant matrix after adding the corners,
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Table 5.2 : Condition number and reciprocal versus SNR: Lh = 13
SNR(dB)

0

4

8

12

16

20

24

κ(Rrr )

2.30 3.90

7.89

14.29

28.69

44.9

79.7

κ(Rcir )

2.70 5.09 10.99

21.48

53.52

417.8

1280

κrc (Rrr )

0.31 0.19 0.075

0.045

0.019

0.012

0.008

κrc (Rcir )

0.18 0.11 0.049

0.025

0.013 5e − 3 2.6e − 3

respectively. It could be seen that in the range of SNR=0 to 16 dB, the original matrix
is reasonably well or mild conditioned. The condition number increases for higher SNR
while the κrc decreases when the SNR increases. After the corner is added to make the
Rcir , the condition number degrades in each of the SNR ranges. This is compatible with
the analysis and reduces the numerical stability in the equalizer tap solver. In Table 5.3,
we analyze the condition number for a worse channel case when Lh = 15. First we notice
that the condition number is higher than the Lh = 13 case, respectively. After adding the
corner for Rcir , the condition number increases dramatically. Especially for the case when
SNR=24 dB, κ(Rcir ) becomes 3.29e+3, this may lead to singularity of the circulant matrix
for numerical operations with limited word length precision.

5.4.4 Complexity
The computational complexity is a very important design consideration for real-time implementation. Although the complete equalizer system consists of the correlation/channel
estimation followed by the tap solver and the FIR filter, we focus on the comparative complexity of the three tap solvers with similar performance, i.e., the DMI, the CG and the
FFT-based algorithms. The other two parts are common for the algorithms presented here.
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Table 5.3 : Condition number and reciprocal versus SNR: Lh = 15
SNR(dB)

0

4

8

12

16

20

24

κ(Rrr )

3.84

7.89

16.56

32.06

55.32

64.33

92.20

κ(Rcir )

5.98

14.07 33.66

75.15

1.9e + 2

1.54e + 3

3.29e + 3

κrc (Rrr )

0.097 0.042

0.019

1.06e − 2 6.8e − 3

5.7e − 3

4.3e − 3

κrc (Rcir )

0.064 0.023

0.011

5.4e − 3

2.76e − 4

1.5e − 4

2.1e − 3

Cholesky decomposition is assumed for the DMI. The complexity is compared in terms of
the number of equivalent complex multiplications and additions.
For the DMI, the complexity is of the order of O((N (F + 1))3 ) for the inverse of
Rrr and O((N (F + 1))2 M ) for the matrix multiplication in (Rrr )−1 hm . For the Conjugate Gradient algorithm, there are O{M J[N (F + 1)]2 + M (5J + 1)N (F + 1)} complex
multiplications and O{M J[N (F + 1)]2 + 8M JN (F + 1)} complex additions. Usually,
J = 5 iterations for the CG algorithm will suffice for convergence to the DMI solution.
For the FFT-based algorithm with circulant approximation, the overall complexity before
Hermitian optimization is O{(N 2 + 2M N )LF (log2 LF )/2 + (N 3 + M N 2 )LF }. With the
Hermitian optimization, the complexity reduces to O{(N 2 /2 + 2M N )LF (log2 LF )/2 +
(N 3 + M N 2 )LF /2}. For the FFT-based algorithm, we usually require LF ≥ 2F + 1. The
complexity comparison is summarized in Table 5.4. For simplicity, we only list the most
significant part of the equivalent number of complex multiplications. An example is given
for the 4 × 4 case with F = 10, J = 5. The length of the FFT, LF = 32, will suffice for
both Pedestrian-A and Pedestrian-B channels. In Fig. 5.10, we show the complexity trend
for different J and different LF values versus the channel length for a 4 × 4 system. Although the Conjugate Gradient algorithm has reduced complexity compared with the DMI
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Table 5.4 : The overall tap solver complexity comparison
Algorithm

Equivalent Complex Multiplication

Example (4 × 4)

DMI

O{(M + N F )(N F )2 }

92928

CG

O{JM [(N F )2 + 5N F ]}

43120

FFT-based

O{[(N 2 /2 + 2M N ) log2 LF + (N 3 + M N 2 )]LF /2}

5248

A lg o rith m c o m p le x ity c o m p a ris o n fo r M = 4 ,N = 4 ta p s o lv e r
10

5

DM I
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Figure 5.10 : Overall Tap Solver Complexity Comparison.

algorithm, the complexity reduction in the FFT-based algorithm is the most significant.
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Now we examine the complexity of the FFT-accelerated iterative equalizer. The complexity of matrix-vector multiplication with size (L + 1) in the CG iteration with different computing architectures is shown in Table 5.5. Note that L is the channel correlation window size which is usually chosen to be the same as the channel length. DMM
(Direct-Matrix Multiplication) and the Reversed-Form FIR architectures have the same
multiplication complexity. FIR-EF refers to the FIR-based architecture for the expandedform matrix. The original CG algorithm using a time-domain computing architecture has
complexity of the order of O(M J(N (L + 1))2 . For the frequency-domain architectures,
FFT-EF indicates the FFT-based architecture with the Expanded-Form matrix. FFT-RF
denotes the FFT-based architecture for the reversed-form matrix. It is seen that the constant of the FFT-RF complexity is reduced. The trend of the complexity for a single
sub-matrix operation is shown in Fig. 5.11 for increasing channel length. The benefit
of the FFT-RF is obvious for very long correlation lengths. From the summary of the
FFT-accelerated iterative tap solver, the number of FFTs in the iterative MIMO chip equalizer is (N 2 + M N J) and the number of IFFTs is M (N 2 + J). Moreover, there are
M ∗ N 2 ∗ J ∗ (2L + 1) complex multiplications for the frequency-domain dot product
and 1.5 · M N J(2L + 1) complex multiplications for the inner product. For an LF -point
FFT/IFFT, the number of complex multiplications is LF ∗ log2 (LF )/2. Altogether, the
complexity is [(M + 1)N 2 + M J(N + 1)](2L + 1)/2 log2 (2L + 1) + 1.5M N J(2L + 1) for
the reversed form FFT-based iterative tap solver. For simplicity, the dominant complexity
is given by the order of O{(M N 2 + M N J)/2(2L + 1) log2 (2L + 1)}. It could be seen that
the FFT-RF has significantly accelerated the algorithm by reducing the number of multiplications from O((N L)2 ) to O(N 2 L log2 (N L)) with a small order constant. It has been
shown in [69] that the complexity of the FFT-based solution with circulant approximation
is O{[(N 2 /2 + 2M N )(log2 LF ) + (N 3 + M N 2 )]LF /2}, where the LF ≤ 3L + 1 is deter-
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Table 5.5 : Algorithm complexity comparison: Matrix-Vector Multiplication
Architecture

Number of Complex Multiplications

DMM/FIR-RF

(L + 1)(L + 1)

FIR-EF

(2 ∗ L + 1)(L + 1)

FFT-EF

(3L + 1)[3/2 log2 (3L + 1) + 1]

FFT-RF

(2L + 1)[3/2log2 (2L + 1) + 1]

mined by simulation. Thus, the FFT-based acceleration has comparable complexity as the
circulant approximation with better numerical stability and BER performance in very long
channels.

5.5

Summary

In this chapter, we present a novel FFT-accelerated iterative algorithm in the frequency do¡
main to reduce the complexity of the LMMSE-based MIMO chip equalizer to O N L
¢
log2 (N L) . We first transform the direct form block-Toeplitz structure of the correlation
matrix in the CG iteration to a reversed form block-Toeplitz structure. The time-domain
matrix-vector multiplication is then accelerated by an equivalent frequency-domain circular
convolution with an FFT-based “overlap-save” architecture. The iteration rapidly refines a
crude initial approximation to the actual final equalizer taps. Both the FFT-based circulant
approximation and the FFT iterative algorithm proposed in this chapter lie in the category of
superfast algorithms. Unlike the FFT-based equalizer that approximates the Toeplitz structure with a circulant structure by adding corners, the FFT-accelerated iterative algorithm
does not increase the condition number of the system and demonstrates strong numerical
stability with rapid convergence rate.
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Figure 5.11 : The complexity trend of the equivalent matrix-vector multiplication architectures.
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Chapter 6
Displacement MIMO Kalman Equalizer for Fast Fading
Channels
The LMMSE equalizer’s performance is limited in fast-fading channels because its blockbased processing has difficulty in tracking the fast varying channel conditions. A Kalman
filter based on the state-space model provides the Best-Linear-Unbiased-Estimator (BLUE)
in fast fading channels. However, a straightforward extension of the conventional Kalman
algorithm to a MIMO-CDMA system has very high numerical complexity, which limits
the real-time applicability in mobile receivers. Numerous matrix-matrix multiplications
and the inverse of the innovation correlation matrix in the Kalman gain and new state estimation dominate the complexity. In this chapter, we will explore the displacement structure
in the state transition equation for a MIMO-CDMA downlink to reduce the redundant multiplications dramatically. Numerical matrix-matrix multiplications with O(F 3 ) complexity
are eliminated by a simple data loading process. By utilizing the block Toeplitz structure
of the channel matrix, an FFT-based acceleration is proposed to avoid direct matrix-matrix
multiplications in the time domain. Then the iterative Conjugate-Gradient based algorithm
is proposed to avoid the inverse of the Hermitian symmetric innovation correlation matrix
in the Kalman gain computer. Finally, a streamlined MIMO Kalman equalizer architecture is proposed to extract the commonality in the data path by combining the displacement
structure of the transition matrix and the block-Toeplitz structure of the channel matrix. The
proposed architecture not only reduces the numerical complexity to O(F log2 F ) per chip,
but also facilitates the parallel and pipelined VLSI implementation in real-time processing.
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6.1

Introduction

The LMMSE based algorithms proposed in Chapter 4 and Chapter 5 have demonstrated
fairly good performance in slow-fading channels. Both of them avoid the Direct-MatrixInverse by achieving O(N L log2 (L)) complexity. The block-circulant approximation has
a slightly smaller order constant but higher condition number than the FFT-based iterative
solution in high geometry rangee. With the complexity reduction efforts in the superfast
algorithms, the problem becomes more tractable for real-time hardware implementations.
The relevant VLSI architectures are reported in [68] [83].
Despite the tractable complexity with superfast solutions in LMMSE-based equalizers,
the performance is still limited in fast-fading channels. This is because the non-adaptive
solutions are based on quasi-stationarity within a data block. In fast-fading environments,
they lack the tracking capability to the time-varying channels. A Kalman filter based on the
state-space model of the dynamical system is known to provide the Best-Linear-UnbiasedEstimator of a linear system [90] [91]. It is preferable in the fast-fading environments
because of the following features: 1). It has the capability to track the non-stationarity in
the time-variant channel, noise process, etc; 2). It is an optimal estimator, i.e. a BLUE
estimator in the sense of Minimum-Mean-Squared-Error (MMSE).
It is well known that the Kalman filter theory only sets up the state-space model for
general dynamical systems. It has been applied in numerous applications to solve different
system problems [90]-[94]. To mention a few, the work of Iltis et al [92] [93] developed
the state-space model for estimation of the path gains and delays of multipath channels.
Of notable importance for this chapter is the work in [94], which associates the Kalman
filter to the MIMO CDMA system model and proposes the relevant state-space models for
the channel equalization. It is shown that significant performance gain over the conventional LMMSE chip equalizers is observed for the MIMO CDMA downlink in fast-fading
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environments.
However, the conventional Kalman equalizer has prohibitively high complexity for realtime hardware implementation. The Kalman filter involves an iterative computing structure to compute the Kalman gain and predict the state of the system. The complexity is
dominated by numerous matrix-matrix multiplications of big size and the inverse of the
innovation correlation matrix in Kalman gain and new state estimation. The fact that the
receiver must be embedded into a portable device limits the applicability of such a superior
technology in the downlink receiver. Complexity reduction and the efficient architecture
exploration play essential roles in the realization of theory to real-time implementation.
In this chapter, an efficient VLSI-oriented recursive architecture for a MIMO Kalman
equalizer is proposed by examining the timing relationships to extract the commonalities.
We then explore the block-displacement structure in the state transition and Kalman gain
to reduce the redundant multiplications dramatically. Numerical matrix-matrix multiplications with O(F 3 ) complexity are eliminated by a simple data loading process. A divideand-conquer methodology is applied to partition the MIMO displacement structure into
more tractable sub block architectures in the Kalman recursion. By utilizing the block
Toeplitz structure of the channel matrix, an FFT-based acceleration is proposed to avoid direct matrix-matrix multiplications in the time domain for predicted state-error correlation
matrix and the Kalman gain. Finally, an iterative Conjugate-Gradient based algorithm is
proposed to avoid the inverse of the Hermitian innovation correlation matrix in the Kalman
gain computer. The data path is streamlined by combining the displacement and blockToeplitz structure. The proposed architecture not only reduces the numerical complexity to
O(F log2 F ) per chip, but also facilitates the parallel and pipelined real-time VLSI implementation. Simulation demonstrates significant complexity reduction and memory storage
saving in the MIMO Kalman filter while keeping the performance gain over the conven-
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tional LMMSE-based chip equalizer.
This chapter is organized as follows: In section 6.2, we review the system model for
MIMO CDMA downlink with some self-contained notation in this chapter and the well
known Kalman theory based on the state-space model. In section 6.3, we derive a commonality extracted computing architecture and explore the displacement structure in the
MIMO state-transition equation to eliminate many matrix multiplications. An “over-lap
save” FFT-based acceleration scheme for the Kalman gain computer is proposed by exploring the block Toeplitz structure in the MIMO channel matrix in section 6.4. In section
6.5, an inner iterative algorithm based on conjugate gradient method is combined with the
displacement structure to avoid the inverse of the Hermitian symmetric innovation correlation matrix. The performance and complexity is discussed in section 6.6 and conclusion is
given in section 6.7.

6.2 MIMO CDMA And State-Space Model
6.2.1

MIMO CDMA Downlink Signal Model

We recap the system model of the MIMO CDMA downlink based on spatial multiplexing
with M Tx antennas and N Rx antennas. Some new notations specific to this chapter are
introduced to avoid the confusion in the derivation. First, the high data rate symbols are
demultiplexed into U ∗M lower rate substreams, where U is the number of spreading codes
used in the system for data transmission. The substreams are broken into M groups, where
each substream in the group is spreaded with a spreading code of spreading factor F . The
groups of substreams are then combined and scrambled with long scrambling codes and
transmitted through the tth Tx antenna. The chip level signal at the tth transmit antenna is
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given by
xt (i) =

U
X

sut (j)cut (i) + sPt (j)cPt (i)

(6.1)

u=1

where j is the symbol index, i is chip index and u is the index of the composite spreading
code. sut (j) is the j th symbol of the uth code at the tth substream. In the following, we
(s)

focus on the j th symbol index and omit the index for simplicity. cut (i) = cu (i)ct (i) is
the composite spreading code sequence for the uth code at the tth substream where cu (i)
(s)

is the user specific Hadamard spreading code and ct (i) is the antenna specific scrambling
(s)

long code. sPt (j) denotes the pilot symbols at the tth antenna. cPt (i) = cP (i)ct (i) is the
composite spreading code for pilot symbols at the tth antenna. The received chip level
signal at the rth Rx antenna is given by
yr (i) =

Lt,r
M X
X

ht,r (l)xt (i − τl ) + νt (i).

(6.2)

t=1 l=0

The channel is characterized by a channel matrix between the tth Tx and the rth Rx antenna
as
ht,r (t) =

Lt,r
X

ht,r (l)δ(t − τt,r,l )

(6.3)

l=0

where δ(t) is the Kronecker delta function. By collecting the F consecutive chips at the
k th symbol from each of the N Rx antennas in a signal vector yr (k) = [yr (kF + F −
1) · · · yr (kF )]T and packing the signal vectors from each receive antenna, we form a
signal vector as y(k) = [y1 (k)T · · · yr (k)T · · · yN (k)T ]T . Here F is the spreading gain.
In vector form, the received signal can be given by
yr (k) =

M
X

Ht,r (k)xt (k) + vr (k)

t=1

= Hr (k)x(k) + vr (k)

(6.4)

where vr (k) is the additive Gaussian noise. The transmitted chip vector for the tth transmit
antenna is given by xt (k) = [xt (kF + k − 1) · · · xt (kF ) · · · xt (kF − D)]T and the overall
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transmitted signal vector is given by stacking the substreams for multiple transmit antennas
as x(k) = [x1 (k)T · · · xt (k)T · · · xM (k)T ]T . D is the channel delay spread. The channel
matrix from multiple transmit is defined as Hr (k) = [H1,r (k) · · · Ht,r (k) · · · HM,r (k)],
where Ht,r (k) is the channel matrix from the tth transmit antenna and rth receive antenna.

6.2.2 MIMO State-Space Model
The Kalman filter theory can be traced back to several decades ago [91]. Extensive literature could be found because it is of profound theoretical as well as practical importance.
Through a stochastic state-space model, it provides a recursive computation structure and
the BLUE of the state of a linear, discrete time dynamical system. However, the application
of the theory in a particular field depends on the choice of the state-space model, which is
not specified in the fundamental theory. In this chapter, we will follow the model applied in
[94], which associates the Kalman theory with the MIMO CDMA downlink equalization.
It is assumed that the readers have the basic knowledge of Kalman theory. However,
to facilitate the understanding, we recap the theory briefly. The Kalman filter problem is
a solution to estimate the state x(k) given the entire observed data y(1), · · · , y(k). The
Kalman filter is derived from a state-space model consisting of a measurement equation
and a process equation. The measurement equation describes the generation model of the
observation y(k) from the state x(k) in a stochastic noise process. The process equation
describes the state transition of the new estimate x(k) at time k from the estimate x(k − 1)
at time k − 1. It is assumed that the transition matrix satisfies the product rule and the
inverse rule [91].
By defining the transition matrix as Θ(k), it is natural to have the measurement equation
as the received signal model and the process equation as an excitation of some process
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noise:
y(k) = H(k)x(k) + v(k);

(6.5)

x(k) = Θ(k)x(k − 1) + w(k);

(6.6)

where the measure matrix is the overall MIMO channel matrix H(k) given by H(k) =
[H1 (k)T , · · · , Hr (k)T , · · · , HN (k)T ]. Moreover v(k) denotes the measurement noise and
w(k) denotes the process noise.

6.3

Displacement MIMO Kalman Equalizer for Fast Fading Channels

6.3.1

Commonality Extracted Architecture

The conventional Kalman procedure given in [91] [94] contains many redundant computations with prohibitively high complexity for real-time implementation. In this section, we
extract the commonality in the conventional Kalman procedure and streamline the computing architecture with a study of the timing dependency and the physical meaning of the
Kalman procedure. We briefly derive the streamlined Kalman procedure from the physical
meaning of the process.
The Kalman filter solves the process and the measurement equations jointly for the
unknown states in an optimal manner. An innovation process and the correlation matrix of
the innovation process are defined by
α(k) = y(k) − ŷ(k|k − 1),

(6.7)

R(k) = E[α(k)αH (k)].

(6.8)

whose physical meaning represents the new information in the observation data y(k).
ŷ(k|k − 1) denotes the MMSE of the observed data at time k, given all the past observed
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data from time 1 to k − 1. It is shown that
R(k) = H(k)P(k|k − 1)HH (k) + Qv (k)

(6.9)

where the P(k|k − 1) matrix is the predicted state error correlation matrix defined by
P(k|k − 1) = E[ε(k|k − 1)εH (k|k − 1)].

(6.10)

Here ε(k|k − 1) = x̂(k) − x̂(k|k − 1) is the predicted state error vector at time k using
data up to time k − 1. By defining a Kalman gain as G(k) = E[x(k)αH (k)]R−1 (k), the
new state estimate can be given by
x̂(k|k) = [Θ(k)x(k|k − 1) + G(k)α(k)].

(6.11)

The physical meaning is that we may compute the MMSE of the state x̂(k|k) of a
linear dynamical system by adding a correction item G(k)α(k) to the previous estimate,
which is pre-multiplied by the transition matrix Θ(k). The Riccati equation provides a
recursive computation procedure of the predicted state error correlation matrix P(k|k − 1)
and the Kalman gain. By analyzing the data dependency and the timing relationship, the
streamlined procedure is given in Table 6.1.
One thing to note here is that, in most Kalman filter notation, the innovation correlation matrix is generated by first pre-multiplying the measurement matrix and then postmultiplying the Hermitian transpose of the measurement matrix as R(k) = H(k)P(k|k −
1)HH (k) + Qv (k). However, it is easy to shown that P(k|k − 1) is Hermitian symmetric, thus we introduce an intermediate matrix W(k) = H(k)P(k|k − 1) by only premultiplying the channel matrix to it. The generation of the R(k) is formed in a generic
pre-multiplication by H formed as R(k) = H(k)WH (k) + Qv (k). This change of form
will facilitate the complexity reduction as will be shown later.
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Table 6.1 : Summary of the commonality extracted Kalman procedure
Init :
x̂(0|0) = E[x(0)];
P(0|0) = E{[x(0) − x̂(0|0)][x(0) − x̂(0|0)]H }
Input vector : y(k);

Output vector : x̂(k|k);

Predefined parameters :
Transition matrix = Θ(k);

Measure matrix = H(k);

Correlation matrix of the process noise : Qw (k) = E[w(k)wH (k)];
Correlation matrix of the measure noise : Qv (k) = E[v(k)vH (k)].
Recursion for k = 1, 2, · · ·
(1). State transition equations :
x̂(k|k − 1) = Θ(k)x̂(k − 1|k − 1);
P(k|k − 1) = Θ(k)P(k − 1|k − 1)Θ(k)H + Qw (k) ;
(2). Innovation generation :
α(k) = y(k) − H(k)x̂(k|k − 1);
Ω(k) = H(k)P(k|k − 1);
(3). Kalman gain computation :
R(k) = H(k)ΩH (k) + Qv (k);
G(k) = ΩH (k)R−1 (k);
(4). State estimate & Predicted state error correlation update :
x̂(k|k) = x̂(k|k − 1) + G(k)α(k);
P(k|k) = P(k|k − 1) − G(k)Ω(k).
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The logic block diagram of the VLSI oriented architecture is then proposed in Fig.
6.1. The architecture is constructed with two parallel feedback loop structures that are
associated with a common Kalman gain G(k). On the top is the one step predictor of the
state x̂(k|k) using the input observation y(k). A MUX first selects either the initialization
state or the delayed feedback state estimate for x̂(k − 1|k − 1), where z −1 I in the figure
denotes the sample delay operator used in defining the z-transform of a sequence vector or
matrix. The x̂(k −1|k −1) is first pre-multiplied (PRM) by the transition matrix to generate
x̂(k|k − 1) and then pre-multiplied by the channel matrix H(k). The result is subtracted
from the input observation y(k) to generate the innovation process α(k). The innovation
is then multiplied by the Kalman gain G(k) and added to the x̂(k|k − 1) to finally generate
the filtered state estimate x̂(k|k). The dynamical transition is repeated for each time k to
get the state sequence estimate.
On the bottom of Fig. 6.1 is the feedback loop of the predicted state error correlation
P(k|k) and the Kalman gain computer. Similarly, a MUX first selects from the initial
value P(0|0) or the delayed feed P(k|k) for the P(k − 1|k − 1). It is pre-multiplied
and then post-multiplied by the transition matrix. The correlation of the process noise
Qw (k) is then added to form an intermediate correlation P(k|k − 1). This is pre-multiplied
by H(k) to generate the Ω(k), whose result is then Hermitian transposed. Note that the
Hermitian transpose is a virtual operation with no time/memory resource usage because the
subsequential operations can use the structure of ΩH (k) explicitly. ΩH (k) is pre-multiplied
by H(k) and the result is added to the measurement noise correlation matrix Qv (k) to
form the innovation correlation R(k). The Kalman gain is produced as the result of the
pre-multiplication of ΩH (k) with the inverse of R(k). The P(k|k) is then updated in
the Riccati processor accordingly. In this streamlined data path, the commonality for the
Riccati processor and Kalman gain processor is extracted as the dotted gray area compared
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Figure 6.1 : Commonality Extracted Data Path Block Diagram in the Kalman-based Statespace Model of Dynamic Systems.

with the conventional procedure in [94]. The timing and dependency relationship between
each block is clear. Fundamentally, the recursive structure is reduced to several pre/postmultiplications by the transition matrix, the pre-multiplications by the channel matrix and
one inverse.

144
6.3.2 MIMO Displacement Structure
Despite the streamlining to reduce redundancy, the computation complexity still remains
the same order. Both the matrix inverse and the matrix-matrix multiplication have O(F 3 )
complexity for an N × N matrix. In this section, we will show that because the transition
matrix assumes some displacement structure, the matrix multiplication complexity can be
dramatically reduced. Some explicit matrix multiplications are eliminated by a simple
data-loading process of a small portion of the full matrix.
It is shown that the transition matrix can be designed as follows
Θ(k) = IM ⊗ Θ̃(k)


 0F ×D 0F ×F 
Θ̃(k) = 

ID×D 0D×F

(6.12)
(6.13)

where ⊗ denotes the Kronecker product. The process noise is then given by w(k) =
[w1 (k)T · · · wt (k)T · · · wM (k)T ]T where the process noise for the tth transmit antenna
is given by wt (k) = [xt (kF + k − 1) · · · xt (kF ) 0 · · · 0]T . It is easy to verify that
to pre-multiply a matrix with Θ̃(k) is equivalent to shifting the first D rows of the matrix to the bottom and adding F rows of zeros to the upper portion. To post-multiply a
matrix with Θ̃(k) is equivalent to shifting the first D columns of the matrix to the right
and adding F rows of zeros to the left portion. For the MIMO case, the feature forms a
block-displacement structure and will be applied to related computations.

6.3.3

Displacement State Transition Equation

It is shown that the state transition equation can be partitioned into M transmit antennas
using the Kronecker product. x̂(k|k − 1) = [x̂1 (k|k − 1)T · · · x̂t (k|k − 1)T · · · x̂M (k|k −
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Figure 6.2 : The displacement based architecture for the state transition.

1)T ]T . Thus, the tth sub block of the transition is given by
x̂t (k|k − 1) = Θ̃(k)x̂1 (k − 1|k − 1) = [01×F x̂U1 (k − 1|k − 1)T ]T ,

(6.14)

where x̂Ut (k − 1|k − 1) ≡ [x̂t (k − 1|k − 1, 0) · · · x̂t (k − 1|k − 1, D − 1)]T is the upper D
rows of the previous state. This process is shown in the Fig. 6.2.

6.3.4 Filtered State Estimation Output & Feedback
This displacement structure can be further applied in the filtered state estimation and feedback process. Similarly we can partition the update equation x̂(k|k) = x̂(k|k − 1) +
G(k)α(k) into x̂t (k|k) = x̂t (k|k − 1) + Gt (k)α(k) where x̂(k|k) = [· · · x̂t (k|k) · · · ]
and G(k) = [· · · Gt (k)T · · · ]. We further partition the element-wise state estimate and
the Kalman gain into three sub-blocks, the upper D rows, the lower D rows and the reT T
T
L
T
maining rows in the center as x̂t (k|k) = [x̂Ut (k|k)T x̂C
t (k|k) x̂t (k|k) ] and Gt (k) =
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T
L
T T
[GUt (k)T GC
t (k) Gt (k) ] . We define the effective transition state vector as the lower D

rows of the state at time (k − 1). It can be shown from the transition that the upper and
center portions of the new states do not need to add the previous states. Only the lower
portion is updated from the previous state with the Kalman gain. Then the new effective
transition state vector is simply a copy of the new upper portion of the state. In the real-time
implementation, only this portion is stored and fed back to form the state transition.
x̂Ut (k|k) = GUt (k)α(k)

(6.15)

C
x̂C
t (k|k) = Gt (k)α(k)

(6.16)

x̂Lt (k|k) = χLt (k − 1) + GLt (k)α(k)

(6.17)

χLt (k) = x̂Ut (k|k).

(6.18)

This can accelerate the feedback before the whole vector is ready. The transition matrixvector multiplication and part of the vector addition are eliminated. The storage of the
transition vector is also reduced.

6.3.5

Predicted State Error Correlation Matrix

Another process involved with the transition matrix is the computation of the predicted
state error correlation matrix P(k|k − 1) = Θ(k)P(k − 1|k − 1)Θ(k)H + Qw (k). It is
shown that the process noise correlation is given by
Qw (k) = E{w(k)w(k)H } = IM ⊗ Q(k)


 Q̃w (k) 0F ×D 
Q(k) = 
.
0D×F 0D×D

(6.19)
(6.20)

Thus if we span the MIMO correlation matrix from the sub-blocks as P(k|k − 1) =
span{Pt1 ,t2 (k|k−1)} and P(k−1|k−1) = span{Pt1 ,t2 (k−1|k−1)} for t1 and t2 ∈ [1, M ],
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we can get the partitioned sub blocks given by
Pt1 ,t2 (k|k − 1) = Θ̃(k)Pt1 ,t2 (k − 1|k − 1)Θ̃(k)H + Qt1 ,t2 (k)
Qt1 ,t2 (k) = Q(k)δ(t1 − t2 ).

(6.21)
(6.22)

With the feature of the pre-multiplication and post-multiplication with the displacement
transition matrix, we can show that the new state error correlation matrix is given by the
following partitioning,



Pt1 ,t2 (k|k − 1, F : F + D − 1, F : F + D − 1) = ρt1 ,t2 (k − 1)



Pt,t (k|k − 1, 0 : F − 1, 0 : F − 1) = Q̃w (k)




 P (k|k − 1, i, j) = 0,
o.w.
t1 ,t2

(6.23)

where the sub block matrix ρt1 ,t2 (k − 1) is a D × D left-upper corner of the partitioned
correlation matrix defined by
ρt1 ,t2 (k − 1) = Pt1 ,t2 (k − 1|k − 1, 0 : D − 1, 0 : D − 1).

(6.24)

Thus, the matrix multiplications and additions in computing P(k|k − 1) from P(k −
1|k − 1) are all eliminated. Logically we only need to copy some small sub-blocks of
P(k − 1|k − 1) to Qw (k) following the special pattern. Actually, the storage of the full
matrix is not necessary since the matrix is sparse with many zero entries. This displacement
procedure is demonstrated by the data loading process in Fig. 6.3.

6.3.6 Updated State Error Correlation Matrix
Jointly considering the feedback data path of P(k|k) and the displacement structure in
P(k|k − 1), it is clear that only the upper left corner ρt1 ,t2 (k − 1) is utilized for the element
matrix Pt1 ,t2 (k − 1|k − 1). The other elements are redundant information that will be
dropped during the displacement procedure. Thus, there is no need to compute and keep
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Figure 6.3 : The displacement based architecture for predicted state error correlation matrix.

these components. Because there is matrix multiplication of the Kalman gain with Ω(k)
as in P(k|k) = P(k|k − 1) − G(k)Ω(k), we define an intermediate variable Ψ(k) for the
multiplication and partition it to MIMO sub-blocks as
Ψ(k) = G(k)Ω(k)

 Ψ11 (k) · · ·

..
= 
.


ΨM 1 (k) · · ·


Ψ1M (k) 

.


ΨM M (k)

(6.25)

(6.26)

Instead of computing the full matrix of P(k|k), we only need to compute the relevant
submatrices given by
ρt1 ,t2 (k) = Pt1 ,t2 (k|k − 1, 0 : D − 1, 0 : D − 1) + Ψt1 ,t2 (k, 0 : D − 1, 0 : D − 1).(6.27)
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We also partition the Kalman Gain G(k) and the Ω(k) matrices into MIMO sub-blocks as


···
G1,N (k) 
 G1,1 (k)


..
,
G(k) = 
(6.28)
.
G
(k)
t,r




GM,1 (k)
GM,N (k)


···
Ω1,N (k) 
 Ω1,1 (k)


..

(6.29)
Ω(k) = 
.
Ω
(k)
t,r




ΩM,1 (k)
ΩM,N (k)
where Gt,r (k) = [GUt,r (k)T GLt,r (k)T ]T is further partitioned into the upper and lower
sub-matrices while Ωr,t (k) = [ΩLr,t (k) ΩR
r,t (k)] is partitioned into the left and right submatrices of the following sizes as
GUt,r (k) : upper

D×F

(6.30)

GUt,r (k) : lower

F ×F

(6.31)

ΩLr,t (k) : lef t

F ×D

(6.32)

ΩR
r,t (k) : right

F ×F

(6.33)

It is clear that the element block in the Ψ(k) is given by
Ψt1 ,t2 (k) =

N
X

Gt1 ,r (k)Ωr,t2 (k)

(6.34)

r=1



PN

L
U
r=1 Gt1 ,r (k)Ωr,t2 (k)



= 

 P
N

r=1

GLt1 ,r (k)ΩLr,t2 (k)



PN

R
U
r=1 Gt1 ,r (k)Ωr,t2 (k)

PN
r=1



.



(6.35)

GLt1 ,r (k)ΩR
r,t2 (k)

Comparing the displacement structure, only the left-upper corner of size D×D is necessary,
e t1 ,t2 (k) = Ψt1 ,t2 (k, 0 : D − 1, 0 : D − 1) = PN GU (k)ΩL (k).
which is given by Ψ
r,t2
t1 ,r
r=1
This is only associated with the upper part of Gt1 ,r (k) and left part of Ωr,t2 (k).
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As a summary, the updated effective state error correlation is simplified by adding the
correction item to the D × D corner of Q̃w (k) which is constant for the transmit antenna
elements t1 and t2 as
e t1 ,t2 (k).
ρt1 ,t2 (k) = Q̃w (k, 0 : D − 1, 0 : D − 1)δ(t1 − t2 ) + Ψ

(6.36)

This optimization not only saves many computations and memory storage but also quickens
the update and reduces feedback time.

6.4

FFT-Acceleration

6.4.1 Frequency-domain Computing Architecture
In the innovation and the matrix Ω generation, there are pre-multiplications by the channel
matrix H(k) as in α(k) = y(k) − H(k)x̂(k|k − 1) and Ω = H(k)P(k|k − 1). It can be
shown that the matrix has the format as

 H1,1 (k) · · ·

...
H(k) = 


H1,N (k)


HM,1 (k) 

.


HM,N (k)

(6.37)

We define the estimated observation and partition it into the sub-vectors for the multiple
receive antennas as
ŷ(k) = H(k)x̂(k|k − 1)

PM
t=1 Ht,1 (k)x̂t (k|k − 1)


..
= 
.

 P
M
t=1 Ht,N (k)x̂t (k|k − 1)




.



(6.38)

Since the channel matrix from the tth transmit antenna and rth receive antenna Ht,r (n)
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assumes the Toeplitz structure as



Ht,r (n) = 




hrt,0

0

···
..
.

hrt,D

0
..

.

hrt,0 · · ·



,



(6.39)

hrt,D

the matrix-vector multiplication can be viewed as an FIR filter with the channel impulse
response [hrt,D , · · · , hrt,0 ]. This can be implemented in the time domain by a delayed tap
line architecture as a conventional FIR. It is well known that the time-domain FIR filter
can also be implemented by FFT-based circular convolution in the frequency domain. In
chapter 5 and [86], the “overlap-save” based matrix-vector multiplication architecture is
proposed to accelerate the computation. The similar architecture can be applied directly
to the Kalman filtering problem in this chapter. This achieves an O((F + D) log2 (F +
D)) complexity algorithm versus O((F + D)2 ) for the matrix-vector multiplication and
O((F + D)2 log2 (F + D)) versus O((F + D)3 ) for the matrix-matrix multiplications in the
innovation estimation and the Kalman Gain computer. The procedure is described briefly
as following:
1. Take the FFT of the zero-padded channel impulse response [hrt,D , · · · , hrt,0 , 0, · · · , 0];
2. Take the FFT of the right-product vector x̂t (k|k − 1);
3. Compute the dot product of the frequency-domain coefficients;
4. Take the IFFT of the product;
5. Truncate the result to get the valid coefficients as the matrix-vector multiplication
result.
The FFT-based architecture for the MIMO observation estimate ŷ(k) = H(k)x̂(k|k−1)
is depicted in Fig. 6.4. First, the element-wise FFT bank computes the frequency coeffi-
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Figure 6.4 : Functional logic block diagram of the FFT acceleration for the observation
estimate computing architecture.

cients of each zero-padded MIMO channel impulse response vector. Simultaneously, another FFT bank computes the dimension-wise coefficients of the estimated state. The dot
product of the two groups of coefficients are computed according to the transmit antenna
index t. Then the results are grouped by the receive antenna index r by summing the result
for all the transmit antennas. A dimension-wise FFT-bank with N IFFTs computes the dot
products correspondingly and truncates the result according to the “over-lap save” architecture to generate the estimated observation. For a matrix-matrix multiplication involved
with the block-Toeplitz channel matrix, we can extend the matrix-vector multiplication architecture to multiple vectors in a straightforward way. Note that we only need to take the
FFT once for each channel impulse response vector. For the multiple vectors to be filtered,
we can form a pipelined FFT computation to use the hardware resource efficiently.
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6.4.2 Computation Update Rate
We discuss the computation rate of the FFT coefficients here. It is clear that for all the H(k)
pre-multiplications in each of the k th iterations, we only need to compute the element-wise
FFT of H(k) once. We only need to compute the FFTs of the right-hand multiply factor
and the dot products individually. Specifically, if we define
ŷ(k) =
Ωr,t (k) =

M
X

Ht,r (k)x̂t (k|k − 1)

t=1
M
X

Ht1 ,t Pt1 ,t (k|k − 1)

f or r ∈ [1, N ], t ∈ [1, M ];

(6.40)

f or r ∈ [1, N ], t ∈ [1, M ],

(6.41)

t1 =1

we only need to compute the element-wise FFT of Ht,r (k) once for both multiplications.
Moreover, even in a fast fading environment, it is most likely that we can assume the
channel impulse response is quasi-stationary for many symbols in a frame. Thus, for the
coherence time that the channel coefficients are assumed to be quasi-static, i.e H(k) = H,
we only need to compute the FFTs once. For each symbol, there will be one dimensionwise (in the domain of transmit antenna) FFT bank for the estimated state x̂(k|k − 1)
and one dimension-wise (in the domain of receive antenna) IFFT bank for the observation
estimate . For the computation of the Ω matrix, there will be element-wise FFT banks for
the P(k|k − 1). However, after we examine the structure of the P(k|k − 1), it is clear
that the first F column of each of the Pt1 ,t (k|k − 1) is a constant matrix if the Qw (k) is
assumed to be constant for the observation frame. Only the right-bottom (D × D) corner of
Pt1 ,t (k|k − 1) is variable for each k. This is very likely even in a fast-fading environment
as this is an input for a frame. Thus, only D columns need to be recomputed for each k.
If we further assume that Pt1 ,t (k|k − 1) = Pt1 ,t (k|k − 1)δ(t1 − t) , i.e. only the diagonal
block of P(k|k − 1) will be effective, the computation of Ω is simplified as
Ωr,t (k) = Ht,r Pt,t (k|k − 1).

(6.42)
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Table 6.2 : Summary of the FFT acceleration of Matrix-Vector Multiplication.

Update/frame :
(1). The FFT bank of the channel and process error correlation coefficients :
e t,r );
Φt,r = FFT(h
e
b w );
Λ(ω)
= FFT(Q

e t,r = [ht,r 0],
h

for t ∈ [1, M ]; r ∈ [1, N ]

b w = [Q̃w (k)T 0F ×D ]T ;
Q

(2). The IFFT-truncation of dot product in the frequency domain coefficients :
¿
n
oÀ
U
e
Ωr,t (col) = truncate IFFT Φt,r ◦ Λ(ω, col) , col ∈ [0, F − 1];
Update/iteration k :
(1). FFT bank of the state estimate and effective state error correlation :
©
ª
b t (ω, k) = FFT x̂t (k|k − 1)
X
t ∈ [1, M ]
½
¾
£
¤
T T
b
Γt1 ,t2 (ω, k) = FFT 0D×F ρt1 ,t2 (k − 1)
(2). The IFFT-truncation of the dot product in the frequency domain:
¿
nP
oÀ
M
e
ŷr (k) = truncate IFFT
, r ∈ [1, N ];
t=1 Φt,r ◦ Xt (ω, k)


 ΩU (col), col = 0 : F − 1;
r,t
Ωr,t (k, col) =
D
©
ªE

b t,t (ω, k, col − F ) , col ∈ [F, F + D];
 truncate IFFT Φt,r ◦ Γ

It is seen that this simplification does not degrade the performance significantly. As a
summary, the computation procedure is described with the different update rate in Table
6.2.
The computation of the correlation matrix of innovation as
R(k) = H(k)ΩH (k) + Qv (k)

(6.43)

is also accelerated by the FFT-based computing architecture in the frequency domain after
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the change of order with the Hermitian feature of P(k|k − 1) and Qv (k). The procedure is
similar to the Table 6.2 for the computation of ΩH (k). Thus, the direct matrix computation
involving the channel matrix H(k) is replaced by the FFT-based procedure. This reduces
the complexity and facilitates the parallel processing in VLSI architectures.

6.5

Iterative Inverse Solver in Kalman Gain Computer

With the afore mentioned optimizations, the complexity has been reduced dramatically.
However, there is one last difficult structure in computing the Kalman gain as in
G(k) = ΩH R−1 (k).

(6.44)

It is known that Gaussian elimination can be applied to solve the matrix inverse with complexity of the order of O[(N F )3 ]. Moreover, Cholesky decomposition can also be applied
to accelerate the computation by reducing the hidden constant factor in the order of complexity. However, since these two solutions do not use the structure of the matrix, the
complexity is of the same order as to solve the inverse of a general matrix.
We made the following observations: (1). R is a (N F × N F ) Hermitian symmetric
matrix. This can be easily verified as RH (k) = Ω(k)H(k)H + QH
v (k) = H(k)P(k|k −
1)H(k)H + Qv (k) = R(k) because P(k|k − 1) = P(k|k − 1)H and Qv (k) = QH
v (k)
are also Hermitian symmetric. It is known that the iterative Conjugate Gradient algorithm
can solve the inverse of this type of matrix more efficiently. (2). The full matrix G is not
necessary from the displacement structure of the state transition matrix. Only the lower
D × N F (GLt ) and the left upper D × D (GUt,r ) corner are required. This feature can also
be used to optimize the matrix inverse and the matrix multiplication involved in the Kalman
Gain computation.
To avoid the direct inverse of R using the iterative CG algorithm, the Kalman gain
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computation and the state update is re-partitioned to generate the following new problem.
χ(k) = G(k)α(k) = ΩH (k)[R−1 (k)α(k)] = ΩH (k)Φ(k)

(6.45)

Ψ(k) = G(k)Ω(k) = ΩH (k)[R−1 (k)Ω(k)] = ΩH (k)P(k)

(6.46)

where Φ(k) = R−1 (k)α(k) and Π(k) = R−1 (k)Ω(k) respectively. With this changed order of computation, the iterative procedure of the CG-based algorithm is shown as follows.
6.5.1 Computation of Φ(k) = R−1 (k)α(k)
The computation of Φ(k) is a direct application of the iterative Conjugate-Gradient algorithm. The procedure is shown as in Table 6.3.

Table 6.3 : Summary of the CG procedure for the Φ(k) = R−1 α(k)
(1). Initialization
Φ0 = 0;
γ 0 = α(k);

∆0 = α(k);

δ0 = γ H
0 · γ 0;

δ1 = δ0 ;

(2). For an iteration from j = 1 : J until convergence:
Γj = R · ∆j−1 ;

µ = δj /∆H
j−1 Γj ;

Φj = Φj−1 + µ∆j−1 ;
δj+1 = γ H
j γj;

γ j = γ j−1 − µΓj ;

ν = δj+1 /δj

∆j = γ j + ν∆j−1 .

Thus, the inverse of the R matrix is reduced to performing matrix-vector multiplication
in the recursive structure. The Kalman gain is not computed explicitly. Note that the vector
χ(k) = ΩH (k)Φ(k) can also be partitioned into χ(k) = [· · · , χt (k)T , · · · ]T . Using the
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displacement structure for the filtered state estimate discussed in section 6.3, the element
vector χt (k) can still be partitioned into the upper, center and lower portions as χt (k) =
L
[χUt (k) χC
t (k) χt (k)], where

χUt (k) = ΩU (k)H Φ(k);

(6.47)

C
H
χC
t (k) = Ω (k) Φ(k);

(6.48)

χLt (k) = ΩL (k)H Φ(k);

(6.49)

If there is no need to output x(k), then there is no need to compute the center and lower
portions from an analysis of the data dependency in the Kalman iteration. Although this
is not true, using the displacement feedback, we can feedback the upper portion once the
result is ready to speedup the iteration pipelining. Nevertheless, the complexity of this
portion is reduced dramatically.

6.5.2 Update of Predicted State Error Correlation
Another computation involving the Kalman gain and the inverse of the correlation matrix
of the innovation is the update of the predicted state error correlation P(k|k). With the
definition of Π(k) = R−1 (k)Ω(k), the CG procedure will need to be applied to the column
vectors of Π(k) and Ω(k). Similar to (6.34), it can be shown that Ψ(k) = ΩH (k)Π(k)
can also be partitioned into sub-block matrices for the MIMO configuration. The element
is given by
Ψt1 ,t2 (k) =

N
X
[Ωr,t1 (k)]H Πr,t2 (k)

(6.50)

r=1

where the Ωr,t1 (k) is the element of the omega matrix and Π(k) is partitioned as


···
Π1,M (k) 
 Π1,1 (k)


..
.
Πr,t2 (k) = 
.
Π
(k)
r,t




ΠN,1 (k)
ΠN,M (k)

(6.51)
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Figure 6.5 : Effective data in the Ω(k) and Π(k) matrices.

Since only the left upper corner in Ψt1 ,t2 (k) is of interest as shown in


PN
L
H L
 r=1 [Ωr,t1 (k)] Πr,t2 (k) · · · 
Ψt1 ,t2 (k) = 
,
···
···

(6.52)

the full matrix Π(k) is not necessary and the complete matrix multiplication by ΩH (k) is
redundant. Thus, if the Π(k) is defined by column sub-matrices as Π(k)=[Π1 (k) · · · Πt (k)
· · · ΠM (k)], and each Πt (k) is further partitioned into the left portion and right portion as
Πt (k) = [ΠLt (k) ΠR
t (k)], we only need to calculate the left portion from the CG iterative
algorithm. Because the iterative algorithm finally reduces to matrix-vector multiplications
in a loop, the interesting columns can be easily identified and picked up by simply ignoring
the right portions. The effective data for both the ΩH (k) and Π(k) are shown in Fig.
6.5 as the shaded portions. The iterative procedure to compute the matrix inverse and
multiplication Π(k) = R−1 (k)Ω(k) is only necessary for the effective data as shown in
Table. 6.4.
Note that the D columns in the tth sub-column matrix can be computed independently,
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Table 6.4 : Summary of the CG procedure for partial Π(k) = R−1 Ω(k)
(1). Initialization: for t = 1 : M
Πt,0 = 0;
η t,0 = ΩLt (k);

λt,0 = ΩLt (k);

κt,0,l = [η t,0 (:, l)]H η t,0 (:, l);

κt,1,l = κt,1,l ; for l ∈ [1, D].

(2). for t ∈ [1, M ], form an iteration from j = 1 : J until convergence:
ξ t,j = Rλt,j−1 ;
for l = 1 : D {
©
ª
ρt,l = κt,j,l / [λt,j−1 (:, l)]H ∗ ξ t,i (:, l) ;
}
Πt,j = Πt,j−1 + λt,j−1 ∗ diag(ρt,1 , · · · , ρt,l , · · · , ρt,D );
η t,j = η t,j−1 − ξ t,j ∗ diag(ρt,1 , · · · , ρt,l , · · · , ρt,D );
for l = 1 : D {
κt,j+1,l = [η t,j (:, l)]H η t,j (:, l);

σt,l = κt,j+1,l /κt,j,l ;

}
λt,j = η t,j + λt,j−1 ∗ diag(σt,1 , · · · , σt,l , · · · , σt,D ).

as well as the M sub-columns. The computation of κt,0,l = η H
t,0 (:, l)η t,0 (:, l) is actually a
norm computation for the lth column vector of η t,0 , i.e. η t,0 (:, l). Similarly, ξ t,j (:, l) is the
lth column vector of ξ t,j and λt,j−1 (:, l) the lth column vector of λt,j−1 . The computation
of κt,j+1,l and ρt,l only involves dot-product of two vectors. The matrix multiplication
of λt,j−1 ∗ diag(ρt,1 , · · · , ρt,l , · · · , ρt,D ), ξt,j ∗ diag(ρt,1 , · · · , ρt,l , · · · , ρt,D ) and
λt,j−1 ∗ diag(σt,1 , · · · , σt,l , · · · , σt,D ) are actually implemented by independent scaling
of the column vectors of the left-side matrix. The complexity is dominated by the matrix-
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submatrix multiplication ξt,j = Rλt,j−1 multiplication which is D independent matrixvector multiplications. Thus, the direct-matrix inverse of R is avoided and the “inverse
+ multiplication” is reduced to a small portion of the matrix-vector multiplications in a
iteration loop. Combining the complexity reduction in calculating Ψt1 ,t2 (k), the complexity
order is reduced significantly.

6.6

Performance & Complexity

6.6.1 Performance
Since it is well known that the chip equalizer has much better performance than the conventional Rake receiver, we only compare the performance of the LMMSE based chip
equalizer using the direct-matrix inverse with the Kalman based receiver. The performance
is evaluated in a CDMA2000 1X EV-DV simulation chain. The focus is to optimize the
complexity without sacrificing the performance. Both the Bit-Error-Rate (BER) and the
Block-Error-Rate (BLER) are compared from a link level simulation. The ITU VehicularA channel model is applied. Forward Error Correcting (FEC) codes of rate 0.7083 and
0.5156 are applied for QPSK and 16-QAM modulation, respectively. In the simulation, the
spreading gain is 32 and U = 25 codes are applied for data transmission. Fig. 6.6 and 6.7
show the performance for M = 2, N = 1 with vehicular speed of 30km/h and 50km/h
respectively. Fig. 6.8 shows the performance for the 16-QAM for 2 × 2 MIMO configuration with speed of 50 km/h. The superiority of the Kalman filter over the LMMSE chip
equalizer is obvious.

161
MIMO Error Rate: QPSK, M=2, N=1, U=25, L=9, Veh−A, v=30km/h.
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Figure 6.6 : Performance of the QPSK MIMO link with M = 2, N = 1, U = 25, L = 9,
Veh-A at speed of v = 30km/h.

6.6.2 Numerical Complexity
The complexity is a major consideration besides the performance. In this section, we briefly
summarize the complexity reduction achieved from the displacement structure, FFT-based
acceleration and the Conjugate Gradient iterative solver for only the effective elements.
It is clear that the original Kalman procedure has a complexity of O(F 3 ) for each of the
matrix-matrix multiplications and the inverse of the Kalman gain matrix. The procedure is
applied for the symbol duration. Thus, the complexity of the original procedure is O(F 2 )
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MIMO Error Rate: QPSK, M=2, N=1, U=25, L=9, Veh−A, v=50km/h.
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Figure 6.7 : Performance of the QPSK MIMO link with M = 2, N = 1, U = 25, L = 9,
Veh-A at speed of v = 50km/h.

per chip. After using the displacement structure, many matrix multiplications involving
the transition matrix are replaced by simple data loading procedures. Moreover, the FFT
acceleration of the matrix multiplication for the channel matrix reduces the complexity to
several FFT operations. Finally, the conjugate gradient procedure with only the effective
sub blocks avoids the direct matrix inverse and reduces the complexity to matrix vector
multiplications. Overall, the complexity per chip becomes O(F log2 F ). Moreover, the
proposed architecture has a more parallel structure, which is suitable for VLSI real-time
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MIMO Error Rate: 16QAM, M=2, N=2, U=25, L=10, Veh−A, v=50km/h.
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Figure 6.8 : Performance of the 16-QAM MIMO link with M = 2, N = 2, U = 25, L =
10, Veh-A at speed of v = 50km/h.

implementation.

6.7

Summary

In this chapter, a displacement Kalman equalizer is proposed for the MIMO-CDMA downlink for fast-fading channels. An efficient VLSI-oriented recursive architecture for the
MIMO Kalman equalizer is proposed by examining the timing relationships to extract the
commonalities. We explore the block-displacement structure and block Toeplitz structure
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of the channel matrix to reduce the redundant multiplications in the state transition and
Kalman gain dramatically. Numerical matrix-matrix multiplications with O(F 3 ) complexity are eliminated by a simple data loading process. A divide-and-conquer methodology is
applied to partition the MIMO displacement structure into more tractable sub-block architectures in the Kalman recursion. Finally, an iterative Conjugate-Gradient based algorithm
is proposed to avoid the inverse of the innovation correlation matrix. The proposed architecture not only reduces the numerical complexity to O(F log2 F ) per chip, but also
facilitates the parallel and pipelined real-time VLSI implementation.
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Chapter 7
Reduced Complexity Adaptive Parallel Residue
Compensation: Algorithm and VLSI Architecture
In Chapter 4, 5 and 6, we proposed equalizer architectures for different channel conditions
with different performance and complexity tradeoffs. All these equalizers are single user
detectors without considering the multiple users’ information in CDMA systems. With
the knowledge of the multiple users, explicit interference cancellation schemes can be applied in CDMA systems. In this chapter, we propose a novel multi-stage adaptive ParallelResidue-Compensation (PRC) receiver for CDMA with reduced complexity to explicitly
suppress the interference. The user and stage specific adaptive weights lead to significant
performance gains over the conventional complete and partial PIC. The multi-code commonality is explored to avoid the direct Interference Cancellation (IC) by a PRC architecture, which reduces the IC complexity from O((M K)2 G) to O((M K)G). Novel scalable
System-on-Chip (SoC) VLSI architectures based on simple Sumsub-MUX-Unit (SMU)
combinational logic are proposed to eliminate dedicated multipliers with at least a 10×
saving in hardware resources. The Catapult-C HLS methodology is applied to schedule
the SoC architectures for FPGA prototyping according to the structures of the algorithm.
Layered parallelism and pipelining is applied to explore the design space and achieve architecture efficiency. The most area/time efficient design only utilizes area similar to the
most area constrained architecture but gives at least 4× speedup.
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7.1

Introduction

Multiple Access Interference (MAI) is one of the major limiting factors to system capacity
in CDMA systems. The technologies proposed in the previous three chapters are for single
user detection. Theoretically, for a multiuser CDMA system, the Maximum Likelihood
detector is the optimal solution. However, this algorithm has prohibitively high complexity which makes it impossible to implement in real-time systems. Because of this, some
sub-optimal algorithms are proposed for explicit interference cancellation. In [103] [104],
a Parallel Interference Cancellation (PIC) algorithm was developed to detect the multiple
users simultaneously by completely cancelling the estimated MAI from all remaining users.
Since it is much simpler than the Maximum Likelihood (ML) multi-user detectors, it has
been well accepted as one of the most practical algorithms for real-time implementation.
A multi-stage real-time VLSI architecture based on this algorithm is reported in [105].
Related implementation schemes are found in [106] and [107]. However, when the interference estimation is not accurate (e.g. when the system load is high or it is in the early
stages), cancelling the wrong estimate may even add more interference to the signal. This
leads to the so-called “ping-pong” effect in the conventional PIC scheme. In such situations, it is preferable not to cancel the entire estimated interference. Divsalar et al. [108]
suggested partial cancellation of the MAI by introducing a weight at each stage. The stage
specific weights are found by a trial-and-error computer search for all the users with only
the intuitive constraint 0 < w1 < w2 < · · · < wm < 1, where wm is the weight at stage m.
A DSP prototype based on this improved algorithm is reported in [109].
Although considerable capacity enhancement over the complete PIC is achieved by
Partial-PIC (PPIC), it is shown in [110] that the choice of the weights affects the performance significantly. It is clear that the intuitive weights applied in [108] are far from the
optimal solution because this technique does not apply any optimization criteria in finding
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the weights. To seek better weights, an adaptive PIC algorithm based on Minimum Mean
Squared Error (MMSE) criteria was proposed in [110]. The weight for each user in each
stage is computed by an adaptive Normalized Least-Mean-Square (NLMS) algorithm. A
significant performance gain is observed over both the PIC and PPIC versions. However,
the introduction of the NLMS algorithm and user-specific weights increases the system
complexity considerably, which makes the real-time implementation very challenging. Related VLSI architecture research has not been reported yet in the literature. The extra
complexity demands special treatment to meet the real-time requirements and hardware
resource limit.
To achieve the goal of real-time implementation, a symbol level Parallel-Residue-Compen
-sation (PRC) architecture is proposed in this chapter to avoid the direct interference estimation for each individual user. The PRC reduces the complexity of the adaptive PIC from
O((KM )2 G) to O((KM )G) without performance loss, where K is the number of users,
M is the number of transmit antennas and G is the spreading gain. It is achieved by utilizing the commonality of the multiple codes. The algorithm is further optimized extensively
to reduce the redundant computations, avoid timing conflicts and share hardware resources
for efficient real-time implementations. Even with the lower complexity in the PRC architecture, the NLMS-based user and stage specific weight updating procedure dominates the
system complexity. It is still challenging to achieve a compact VLSI design architecture
for this algorithm.
Because System-On-Chip (SoC) design has many advantages over general-purpose
DSP processors in terms of higher parallelism and pipelining, lower power consumption
and more compact size, we propose scalable VLSI architectures for the NLMS-PRC in this
chapter. Special bit-ware VLSI units based on the simple Sum-Sub-Mux Unit (SMU) for
the bottleneck design blocks are proposed to eliminate dedicated ASIC multipliers. This
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reduces the hardware complexity dramatically and achieves an efficient tradeoff for parallel and pipelined architectures. The efficient Catapult-C High Level Synthesis (HLS)
design methodology is applied to extensively explore the design space using layered parallelism and pipelining. The most area/time efficient VLSI architectures are implemented
in an FPGA prototyping system, giving at least 10× savings in hardware resources over a
multiplier based design and at least a 4× speedup over the conventional area-constrained
architecture.
The chapter is organized as follows. In section II, we present the conventional PIC
receivers. In section III, the symbol level adaptive PRC is presented to reduce the complexity. Section IV reviews the SoC architecture design methodology briefly and proposes
the system partitioning and the derivation of the SMU combinational logic. VLSI architectures for the bottleneck weight updating and PRC modules based on SMU blocks are
presented in section V. In section VI, we provide the VLSI design space exploration results
and the fixed-point performance verification from emulation. This chapter concludes with
a summary in section VII.

7.2 System Model and Conventional Receiver
To make it simpler to present the conventional algorithms, we start with the synchronous
multi-code CDMA system using the QPSK modulation scheme. The nth symbol for the
k th user at the transmitter is mapped to constellation points using a group of bits {b0k , b1k } ∈
√
(n)
{0, 1}. The symbol output at the modulator is sk = {[−2b0k (n)+1]+[−2b1k (n)+1]j}/ 2
with equal probability. In an AWGN channel, the received complex base band signal at the
ith chip of the nth symbol is expressed as
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r

(n)

(i) =

K
X

(n)
αk

q
(n) (n)
Pk sk ck [i + (n − 1)G] + z(i)

(7.1)

k=1
(n)

(n)

where αk , Pk

are the complex channel amplitude and transmitted power for the k th user,

respectively. ck [i + (n − 1)G] is the ith chip spreading code of the nth symbol for the k th
user and takes the value of {±1 }. G is the spreading factor and K ∈ [1, G] is the number of
active users. z(i) is the sample of the complex additive Gaussian noise with double-sided
spectrum density N0 /2.
We focus on the nth symbol and omit the symbol index for notation simplicity in the
following. By collecting the G chip samples in one symbol duration into a vector, we have
the expression in a vector as r = [r(0) r(1)

···

r(G − 1)]. A matched filter can be

used to despread the received signal and to generate the soft estimation of the multi-users
symbols
S̃M F 0 = rCH /G

(7.2)

where C is the spreading code matrix for all the users. R = [C∗CH ] is the cross correlation
matrix of the spreading codes where superscript H denotes Hermitian conjugate. MAI
appears when the cross correlation is not identity. The elements of S̃M F 0 , i.e., the k th
user’s symbol estimation is given by
s̃k = αk

p

K G−1

Pk sk +

G−1

1 XX p
1 X
αj Pj sj cj (i)c∗k (i) +
z(i)c∗k (i).
G j=1, i=0
G i=0

(7.3)

j6=k

The matched filter output is then corrected by the channel estimation phase and sent to a
multi-user demodulator. At the demodulator, the estimated bits of the k th user are detected
as



 b̂0 = sgn{<(s̃k · /αk √Pk )}
k
√

 b̂1k = sgn{=(s̃k · /αk Pk )}

(7.4)
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7.2.1 Complete Multistage PIC
This method proposed a multi-user Parallel-Interference-Cancellation (PIC) [103] algorithm for simultaneous detection of all the users. By assuming the bit estimates of the
(m − 1)th stage as the transmitted bits for each user, it estimates the interference at the mth
stage for each of the users by reconstructing the transmitted signal excluding the particular
user as in
K G−1

1 XX
(m)
(m−1)
Iˆk (i) =
α̂j ŝj
cj (i)
G j=1 i=0

(7.5)

j6=k

(m−1)

where ŝj

is the modulator symbol output for user j at the (m − 1)th stage by using the

hard-decision bits of the (m−1)th stage as in (7.1). The estimated interference is subtracted
completely from the received signal for each user. The corrected signal is despread and
demodulated as in (7.6) to generate more accurate estimates of the bits. This process is
repeated in an iterative pattern for multi-stage detection.
G−1

(m)

s̃k

=

1 X
(m)
[r(i) − Iˆk (i)]c∗k (i)
G i=0

(7.6)

7.2.2 Partial PIC Receiver
It is pointed out in [108] that if the interference estimates in the early stages are not accurate
enough, the complete PIC even adds more interference to the signal. This may introduce the
so-called “ping-pong” effect in the complete PIC when the utilization of more stages does
not guarantee the convergence of the detection error. To achieve more accurate interference
cancellation, a partial weight is introduced for each stage. The weights are chosen based
on the intuition that the estimates from an earlier stage are less accurate than a later stage
and thus less interference should be cancelled. The later stages should have more accurate
interference estimation and should have more interference cancelled. The intuitive weights
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are found by an offline trial-and-error computer search with the only constraint that w1 <
w2 < · · · < wm . The more accurate signal used for demodulation of each user is generated
by adding the partially interference cancelled signal and a weighted soft input signal of the
previous stage as in (7.7).
(m)
(m−1)
= w(m) [r(i) − Iˆk (i)] + [1 − w(m) ]s̃k
ck (i)
G−1
1 X (m)
(m)
s̃k =
r̃ (i)c∗k (i)
G i=0 k
(m)

r̃k

7.3

(7.7)
(7.8)

Adaptive Parallel Residue Compensation Architecture

7.3.1 Adaptive PIC receiver
Despite the performance gain of PPIC over the complete PIC, the intuitive weighting
scheme is far from the optimal solution because the weights do not depend on the accuracy of the individual symbol estimates. For better accuracy, it is preferable to choose
individual weights for each user depending on the accuracy of the symbol estimates. To
achieve this, a set of weights is introduced in [110] for each of the users in each stage. By
defining a cost function in terms of the squared Euclidean distance between the received
signal r(i) and the weighted sum of all users’ estimated signal, the optimal weights are
given by minimizing the MSE of the cost function as
(m)

wopt = arg min E[|r(i) − r̂w(m) (i)|2 ]
(m)

(7.9)

wk

where the weighted sum of all users’ hard-decision symbols at the mth stage is given by
r̂w(m) (i) =

K
X

(m)

(m−1)

wk [ck (i)ŝk

] = w(m) Ω̂(m−1) (i).

(7.10)

k=1
(m)

Here w(m) = [w1

(m)

w2

(m−1)

Ω̂(m−1) (i) = [c1 (i)ŝ1

(m)

· · · wK ] is the weighting vector for the mth stage and
(m−1)

c2 (i)ŝ2

(m−1) T

· · · cK (i)ŝK

] is the output vector of the multi-

user spreader in the signal regenerator of the PIC. Define the residual error between the
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(m)

desired response and its estimate in the mth stage as ²(m) (i) = r(i) − r̂w (i), the MMSE
optimization problem in (7.9) is solved by the Normalized Least-Mean-Square (N-LMS)
algorithm in an iterative update equation operated in the bit interval at the chip rate as
w(m) (i + 1) = w(m) (i) +

µ
k Ω̂(m) (i) k2

ˆ (m−1) (i)]∗ ²(m) (i)]
[Ω

(7.11)

(m)

wopt = w(m) (G − 1)
where µ is the step size and Ω̂(m−1) is the input vector to the NLMS algorithm. The
interference for each user in the adaptive PIC is estimated in a direct form for all the K
users as
(m)
Iˆk (i) =

K
X

(m)

(m−1)

wj (N − 1)[cj (i)ŝj

]

(7.12)

j=1
j6=k

The more accurate chip-level signal with interference cancelled is generated for each user
(m)
(m)
as γ̃k (i) = r(i) − Iˆk (i), and more accurate symbols are detected as
G−1

(m)
s̃k

1 X (m)
γ̃ (i)c∗k (i).
=
G i=0 k

(7.13)

7.3.2 Adaptive Parallel Residue Compensation
Since the computational complexity determines the cost of necessary hardware resources
such as the number of functional units, it is one of the most important considerations in
the implementation of PIC schemes. The complexity of direct form PIC in one chip for
K users is 4K(K − 1) real multiplications, 2K(K − 1) real additions and 2K subtractions. Moreover, there is one “if” conditional statement which is mapped to a hardware
comparator for each user loop. This makes the loop structure irregular and not very suitable for pipelining. Considering the regularity of the computations for all users, we change
the order of “interference estimation” and “interference cancellation”. Instead, the new
architecture has the following steps:
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1. “Weighted-Sum-Chip Function”: by summing up all users’ weighted signal together,
we get weighted estimation of the received signal in chip rate samples as
(m)
r̂w,opt (i)

=

K
X

(m)

(m−1)

wk (G − 1)[ck (i)ŝk

].

(7.14)

k=1

2. “Residual Error Generation”: a common residual signal for all users is generated by
a single subtraction from the original signal as
(m)

²(m) (i) = r(i) − r̂w,opt (i).

(7.15)

3. “Parallel Residue Compensation”: in the final step, this residual error is compensated
for each user to produce the interference-cancelled chip signal,
(m)

γ̃k

(m)

(m−1)

= ²(m) (i) + wk (G − 1)[ck (i)ŝk

].

(7.16)

4. A multi-user “chip matched-filter” can be carried out on the corrected signal as in
(7.13). The afore-mentioned procedure thus constructs a “Chip-Level” PRC (CLPRC) structure. However, by jointly considering the matched filter and the residue
compensation step in (7.14), (7.15) and (7.16), the 0th stage multi-user matched filter
output can be utilized to generate the “Symbol-Level” PRC (SL-PRC) architecture.
The “spreading” and then “matched filter” procedure for the weighted symbols of
each user is redundant at the chip level. We only need to do matched filtering for
the weighted-sum chips as in (7.17). The soft-decision matched filter output of the
corrected signal is finally generated in the symbol level as (7.18). The optimally
(m)

(m−1)

weighted symbol in (7.14) can be computed as ws (k) = wk (N − 1)ŝk

before

the spreading in (7.14) and stored in registers or memory arrays.
G−1

1 X (m)
ξˆw,M F (k) =
(i)c∗k (i).
r̂
G i=0 w,opt
(m)

s̃k

= S̃M F 0 (k) − ξˆw,opt (k) + ws (k).

(7.17)

(7.18)
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Table 7.1 : Complexity of different interference cancellation schemes
Algorithm

Mult #

Add/Sub #

DF-PIC

4K 2 ∗ G

(2 ∗ K 2 − 1) ∗ G

CL-PRC

5K ∗ G

(4K − 2) ∗ G

SL-PRC

5K ∗ G

(3K − 2) ∗ G + K

The complexities of one stage of PRC and matched filters for the three different schemes are
shown in Table 7.1 and summarized here. DF-PIC means the Direct-Form PIC structure. It
is seen that the interference cancellation complexity is reduced from the order of O(K 2 ∗G)
in DF-PIC to O(K ∗ G) in the PRC architecture, which is linear in the number of users.
Overall, the symbol-level PRC has the minimum complexity. Although it is similar to
the chip-level PRC, the loop chain for the chip index is more compact and regular for
scheduling the pipelined and parallel architecture than the chip level processing, thus it
tends to generate faster designs.

7.3.3

Extension to Multipath Channel

The adaptive PRC architecture can be easily extended to the frequency-selective multi-path
channel. To avoid the notation confusion with previous chapters, we redefine the notations
specifically used in this chapter. The multipath channel for the k th user is shown to be
hk (t) =

L−1
X

hk,l δ(t − τk,l )

(7.19)

l=0

where hk,l and τk,l are the channel coefficient and delay of the lth path for the k th user and
δ(t) is the Kronecker delta function. Thus, in general the ith chip of the nth symbol at the
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receiver is given by
r

(n)

(i) =

K
L−1 X
X

q
(n)
hk,l

(n) (n)

(n)

Pk sk ck [i + (n − 1)G − τk,l ] + z(i).

(7.20)

l=0 k=1

For the multi-code CDMA system, since the multiple codes are assigned to a single sub(n)

(n)

(n)

scriber, it can be assumed that hk,l = hl

(n)

and τk,l = τl

for simplicity.

Instead of the matched filter for the AWGN channel, a conventional Rake receiver can
be applied to deal with the multipath channel using Maximal Ratio Combining (MRC) as

(n)
sek

L−1 (n+1)G−1
X

1 X
=
G l=0

(n)∗

(n)

α̂k,l r(n) (i) · c∗k [i + (n − 1)G − τ̂k,l ].

(7.21)

i=nG

(n)

(n)

where α̂k,l is the channel estimate of the composite channel at the receiver and τ̂k,l is the
delay estimate for the lth path. In the following, we still focus on the nth symbol and omit
this index.
To apply the adaptive PRC for the multi-path fading channel, we need to introduce a set
of weights for the multi-path and the multi-users in the mth interference cancellation stage
and form the weighted sum of the re-generated signal using the weights as
r̂w(m) (i)

=

K
L−1 X
X

(m) (m−1)

wk,l ŝk

ck [i − τ̂k,l ]

(7.22)

l=0 k=1

where the superscript (·)(m) now denotes the variable for the mth stage in the multi-stage
APRC. Thus, we further define the detected hard-decision chip sample at the regenerator
(m)

(m−1)

output as Ω̂k (i − τ̂k,l ) = ŝk
(m)

wk

(m)

ck [i − τ̂k,l ] and the k th user’s multi-weight vector as

(m)

(m)

= [wk,0 wk,1 · · · wk,L−1 ]T . The composite multipath weight vector for all users is
(m),T

defined as W(m) = [w1
(m)

(m),T

, w2

(m),T T

, · · · , wK

(m)

] . If the delayed regenerator vector for

(m)

(m)

user k is formed as Ω̂k (i) = [Ω̂k (i − τ̂k,0 ), Ω̂k (i − τ̂k,1 ), · · · , Ω̂k (i − τ̂k,L−1 )]T , then
the omega vector for all users is formed as
(m)

(m)

(m)

Ω̂(m) (i) = [Ω̂1 (i)T , Ω̂2 (i)T , , · · · , Ω̂K (i)T ]T .

(7.23)
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With these formula definitions, the weighted sum signal at the mth stage can be still written
in a vector form as
r̂w(m) (i) = W(m) Ω̂(m) (i).

(7.24)

Thus, the optimal weight vector can still be given by minimizing the MSE of the received
signal r(i) and the weighted sum of all users’ signals passing the reproduced multi-path
channel using the weights as the channel coefficients as
(m)

Ŵopt = arg min E[|r(i) − W(m) Ω̂(m) (i)|2 ].
W(m)

(7.25)

This MMSE problem can be still solved by the NLMS algorithm in a similar way with
only the different notation. Similarly, we can easily extend the residue compensation architecture by extracting the code commonality to avoid the direct interference cancellation.
As a summary, the procedure is shown as follows.
1. Initialization : We can use the channel estimation vector as the initial values for the
weight vector in each symbol duration as Ŵk (0) = [α̂k,0 , α̂k,1 , · · · , α̂k,L−2 , α̂k,L−1 ]T .
2. Weight update iteration : In the symbol duration for i ∈ [0, G]: compute the weighted
sum chips using the multi-path weighting chip function as in (7.22); compute the
residual error of the weighted re-generation chips in the same way as the AWGN
channels; iteratively update the weights for multi-path using the same NLMS update
equation as in (7.11). Note that a difference between the multi-path and the AWGN
is that there are two nested loops for both the multi-path dimension and the multicode dimension. However, these nested loops can be parallelized during the logic
hardware timing. After one iteration is complete, output the optimal weights and
compute the regenerated sum chips from the buffered hard-decision symbols;
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3. Interference Cancellation : In this stage, the interference can also be explicitly estimated for each individual user by the equivalent multi-path channel which now
applies the updated optimal weights as the channel coefficients as
(m)
Iˆk (i) =

K
L−1
X
X

(m)

(m−1)

ŵj,l (G − 1)ŝj

cj (i − τ̂j,l ),

(7.26)

j=1,j6=k l=0
(m)
γ
ek (m)(i) = r(i) − Iˆk (i).

(7.27)

However, the residue-compensation architecture can be readily extended to avoid the
redundancy similar to the AWGN channel as
(m)
γ
ek

=

L−1
X

(m)

(m−1)

ŵk,l (G − 1)ŝk

]ck (i − τ̂k,l + ²̂opt (i).

(7.28)

l=0

4. mth stage Rake receiver : the Rake receiver is then applied to the interference cancelled signal accordingly.

7.3.4 MIMO Adaptive PRC
For the MIMO scenario, the interference comes from different sources as shown in (7.29).
In summary, it could come from the other codes in the same transmit antenna, which is
(m),M AI
the traditional MAI Iˆnt ,nr ,k where nt is the transmit antenna index and nr is the receive

antenna index. It could also come from all the codes in the other transmit antennas. This is
(m),CAI
also classified explicitly as the Co-Antenna-Interference (CAI) Iˆnt ,nr ,k . Finally, besides

the codes used for the data channels, the pilot symbols also consume some transmission
energy. This results in the IˆnPti from the pilot symbols.
(m)
(m),M AI
(m),CAI
Iˆnt ,nr ,k (i) = Iˆnt ,nr ,k + Iˆnt ,nr ,k + IˆnPti .

(7.29)

Because the pilot symbols are known at the receiver, this part of the interference can be
cancelled accurately if the channel estimation is accurate. Cancelling the pilot interference
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first before the parallel interference cancellation of the data channels can increase the signal
quality. Moreover, because the pilot symbols are the exact transmitted symbols, there is no
need to do a multi-stage operation on this part after a complete cancellation of the pilot
interference. We assume that the pilot interference has been cancelled and focus on the
parallel cancellation of only the data channels.
If we view all the data sub-streams from different transmit antennas as virtual users, the
extension of the adaptive PRC is almost straight-forward for the specific sub-stream from
an individual TX antenna. Thus, the interference cancelled signal is shown as
(m)
(m)
γ
ent ,nr ,k (i) = rnr (i) − Iˆnt ,nr ,k (i).

(7.30)

A conventional multi-stage space-time Rake detection is applied for the symbol softdecision at three levels: the first level is the Matched-Filter level for code separation; the
second level is the conventional MRC to deal with the multipath fading channels; the third
level is the spatial combining which is corresponding to the spatial multiplexing at the
transmitter. Thus, the space-time Rake receiver for the mth stage is shown as
(m)
sent ,k

=

Nr ½ LnX
t ,nr −1
X
X
£ 1 G−1
nr =1

l=0

G

(m)
α̂n∗ t ,nr ,l γ
ent ,nr ,k (i)

∗

· [cnt ,k [i − τ̂nt ,nr (l)]]

¤

¾
(7.31)

i=0

where now Lnt ,nr is the number of paths and α̂nt ,nr ,l , τ̂nt ,nr (l) are the channel coefficients
and delay, respectively.
With the presentation of the proposed algorithm for both AWGN and multi-path channels, the extension to the MIMO scenario only needs to include the antenna indices and
reform the signal vectors accordingly. Instead of weights for a single antenna, the weighted
th
sum for the nth
r receive antenna at the m stage is denoted as

(i)
r̂n(m)
r

=

MT X
K LnX
t ,nr −1
X
nt =1 k=1

l=0

ª
© (m)
(m)
ŵnt ,nr ,k (l) Ω̂nt ,nr ,k [i − τ̂nt ,nr (l)] .

(7.32)
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It can also be denoted in vector form as
(m)
r̂w,n
(i) =
r

MT
X

Ω(m)
Wn(m)T
nt ,nr (i).
t ,nr

(7.33)

nt =1

Thus, the weight optimization problem is to optimize the MSE of the weighted reconstruction signal and the received signal for each receive antenna nr as
£
¤
(m)T
(m)
Ŵopt,nt ,nr = arg min E |rnr (i) − r̂w,n
(i)|2 .
r
W

(7.34)

This equation is again solved by the NLMS algorithm with the steps of initialization,
signal reconstruction and error computation, the weight update recursion and finally the
optimal weight output. In a compact vector form, the update equation still follows (7.11)
where only the definition of the weight and signal vectors are for the MIMO scenario accordingly. To make the presentation clear, we repeat in detail the somewhat tedious procedure for the MIMO scenario with the proposed parallel residue compensation computing
architecture as follows.
th
For the nth
t transmit and nr receive antenna, initialize the weight vector to ŵnt ,nr ,k (0) =

[α̂nt ,nr (0), α̂nt ,nr (1), · · · , α̂nt ,nr (L − 1)]T ; then reconstruct the signal for the nr receive an(m)

(m)

tenna and compute the residual error as ²̂nr (i) = rnr (i) − r̂nr (i). The weight update
recursion is done for each of the nr -th antenna as
Ŵn(m)
(i + 1) = Ŵn(m)
(i) +
r
r

µ
(m)
||Ω̂nr (i)||

∗ (m)
Ω̂(m)
nr (i) ²nr (i).

(7.35)

(m)

(m)

The optimal weights are given by Ŵopt,nr = Ŵnr (G − 1). Then instead of computing the
explicit interference individually as
(m)
Iˆnt ,nr ,k (i) =

K
X

(m)

(m−1)

ŵnt ,nr ,j (G − 1)Ω̂nt ,nr ,j (i)

j=1,j6=k

+

MT
K
X
X
ñt =1,6=nt j=1

(m)

(m−1)

ŵñt ,nr ,j (G − 1)Ω̂ñt ,nr ,j (i)

(7.36)
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we only compensate the common residue for all the antennas and users to the weighted
chip to generate the interference cancelled chip signal as
(m)

(m)

(m−1)

γ
ent ,nr ,k (i) = ŵnt ,nr ,k (G − 1)Ω̂nt ,nr ,k (i) + ²̂opt,nr (i).

7.4

(7.37)

Pipelined Multi-stage VLSI Architecture

The total system complexity is growing as enhanced performance is desired and more functionality is integrated to the CDMA transceiver design. To meet the challenges and reap
the rewards of System-on-Chip design, engineering teams need a scalable verification solution that addresses all aspects of the design cycle and reduces the verification gap. In this
section, we focus on the hardware implementation of the NLMS based adaptive PRC architecture. For SoC implementation, the following issues besides fixed-point word length
effects needs to be addressed: design methodology, hardware resource/architecture constraints and system partitioning, etc. We follow the Catapult-C based design methodology
in Chapter 3 for VLSI architecture exploration. In this section, we focus on the multi-stage
pipelined VLSI architecture for the proposed APRC receiver.

7.4.1 Scalability: Layered Pipelining/Parallelism
A “Total Verification” process provides the solutions for each stage of the verification process: from block, sub-system and system level to the full-chip design level. We carried out
a comprehensive analysis of the architecture using this flexible methodology for complex
designs. Fig. 7.1 shows the conceptual SoC architecture. The system level VLSI design is
partitioned into several subsystem blocks (SB) according to the functionality and timing relationships. Each SB reflects one Catapult-C design block. They are cascaded in a pipeline
by glue logic blocks and Xilinx CoreGen dual-port RAM IP Cores in HDL Designer. Each
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SB consists of several processing elements (PE) either in pipeline mode or parallel mode.
The pipelining and parallelism at the PE level reflects the loop structures in the algorithm
and has the most opportunity for optimization. The PE is mapped to the hardware resources
at the Functional Units (FU) level, i.e., the multipliers, adders, register filters or memory.
FSMs, counters and controllers are generated to load the data at the correct time to the
input of the FUs. Multiplexors (MUX) are utilized to share some of the large FUs. Data
dependency and structure hazard may stall the pipeline while logic blocks and MUXs determine the clock rate and cycle number. The keys for optimization of the area/speed are
loop unrolling, pipelining and resource multiplexing. Multi-level parallelism/pipelining are
studied extensively to find the most efficient VLSI architecture for the multi-stage adaptive
PRC architecture.

7.4.2 Multistage Pipelined VLSI System Partitioning
The top-level logic block diagram of the multi-stage adaptive PRC architecture is shown
in Fig. 7.2. A PN generator generates the spreading codes either from a ROM block or
from a simple combinational logic block. The channel estimator takes the input samples
and the pilot symbol to estimate the channel coefficients and feed them to the multi-stage
APRC Processing Elements (PE). In each APRC stage, there is a NLMS block to update
the weight and the PRC module to do the actual interference cancellation based on the
optimal weights from the NLMS block.

7.4.3 Joint Modulator Spreader and Multi-code Combiner (MSMC)
At the transmitter, the input bit streams for K users are packed into one single word bit
PK
k−1
to save storage. The spreading codes for Kvector buffer as: B[n] =
k=1 bk (n)2
P
k−1
. The bits
users can also combine to form a code vector ROM as C[i] = K
k=1 ck (i)2
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Figure 7.1 : Conceptual SoC architecture with layered parallelism/pipelining using
Catapult-C methodology.

are read from a buffer memory communicating with the higher-level DSP. In the hardware,
the modulation and spreading is merged to apply the commonality on the loop architecture.
The multiplication of the spreader is designed using the bit-level combinational logic to
avoid the usage of multipliers. The script for the hardware combinational logic design is
shown as follows, where i ∈ [0, G − 1] is the outer loop and k ∈ [1, K] forms the inner
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Figure 7.2 : Top level architecture of the APRC in the MIMO-CDMA system.

loop.
ck (i) = (C[i] >> k)&1;
SkI = {[(B[0] >> k)&1] << 1} + 1;
SkQ = {[(B[1] >> k)&1] << 1} + 1;


(I,Q)
(I,Q)
 Ssum
−=S
, if (ck (i) == 0);
k


(I,Q)
(I,Q)
 Ssum
+ = Sk ,

if (ck (i) == 1);

Although logically the K users can be processed in parallel, if the system clock rate is
fast enough, they can be processed in serial and still meet the real-time requirement. In the
following, we propose efficient VLSI architectures designed by combinational logic. In the
design, the Modulator Unit (MODU) and Spreader-Unit (SPU) are designed with combinational logic “right-shifter”, “AND” gate, and MUX controlled by the spreading code bits
for K users. The Multi-code Combiner Unit (MCU) applies an accumulator architecture.
This architecture can achieve the real-time requirement for K users when the system clock
rate is high enough with almost the minimum design area as shown in Fig. 7.3 for the
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Figure 7.3 : VLSI architecture of the transmitter.

transmitter.

7.4.4 Receiver Partitioning
To design the hardware more efficiently at the receiver, the loop structures and the intrinsic
timing in the algorithm need to be arranged well to achieve pipelining and parallelism.
The algorithm is optimized extensively to reduce the redundant computations, avoid timing
conflicts, and share functional units as well as the registers and memories. Pipelining,
timing balance and modularity are important considerations for the system partitioning.
The top-level logic block diagram is depicted in Fig. 7.4.
The first stage matched filter output for K codes are stored in memory block SM F 0 [K]
for the symbol level PRC. At the output of the demodulators (DEM), the detected bits
for K users are packed into two words B0 , B1 for QPSK modulation. The output of the
re-constructor using modulator (MOD) and spreading (SP) units is passed to the stage 1
NLMS block for weight computation and simultaneously stored in a buffer for PRC while
the weight is being computed. The signal after the interference cancellation is detected
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Figure 7.4 : System partitioning of the multi-stage adaptive PRC VLSI architecture.

by merged Matched-Filter-and-Demodulator-Units (MFU+DEMU) for K users. Multiple
stage hardware units of the NLMS-PRC block are laid out in pipelined mode. The detected
bits are passed to the later stages for multi-stage processing. FIFOs are applied to balance
the processing latency in different chains.
Fig.7.5 shows the multi-user matched filter architecture designed with two parallel DeSpreader-Matched-Filter-Unit (DSMFU) engines. The design is implemented with the
combinational logic blocks by utilizing the features of the spreading codes. The K users
are broken down into two groups of K/2 users. The users in each group utilize one PE in
serial. The temporary results from the matched filter are stored in individual DPRAM vectors. For each input chip sample Re(i) and Im(i), K/2 users spreading codes are shifted in
serial from the code vector ROMs. When one symbol is accumulated, a “SymRDY” signal
is asserted for the demodulator unit to read the symbol estimates. The first-stage matched
filter is relatively simple compared with the NLMS function and the PRC architectures. We
discuss the architecture tradeoffs in the following sections with more details and propose
efficient VLSI designs for these two major blocks that have been shaded in Fig.7.4.
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7.5 VLSI Architectures of Bottleneck Modules
7.5.1

Pipelined Weight-Updating-Block

The NLMS is a major design bottleneck since it involves division (DIV) and many multiplication (MULT) operations as in equation (7.11) with feedback structures. This design
block takes the input vector for the chip-based complex NLMS algorithm and computes
the optimal weights for all the users in each symbol, as in the equation (7.11). To map the
algorithm into hardware, we need to look at the data-flow and timing for an efficient parti-
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tioning. Although it is relatively straightforward to synthesize high-speed architectures for
feed-forward-only signal processing structures such as the conventional PIC, it is considerably more difficult to synthesize similar architectures when there are a feedback structures.
In the NLMS adaptation, the error of the weighted hard-decision signal is used to adjust
the weight coefficients in real-time. Conventional methods of mapping the LMS algorithm
into parallel and pipelined architectures either introduce delays in the coefficient updates
or have excessive hardware requirement.
In this section, we describe a hardware-efficient pipelined architecture for the NLMS
adaptation that produces the same output and error signals as that of a standard LMS architecture without adaptation delays. The new architecture’s throughput is independent of
the length of the input-vector, i.e., the number of users, compared with existing architectures for the delay-less LMS adaptation. There are two top-level loop structures “L1, L2”
corresponding to the equations in (7.10) and (7.11). L1 loop is the recursive loop for the
updates in the chip-basis for each symbol. “L2” updates the weight estimates from registers to memory blocks when one symbol is ready. The loops are mapped to hardware units
as shown in the block diagram in Fig. 7.6. In L1 loop there are 2 second-level loops corresponding to user indices: L1.1 computes the weighted estimation of the received signal
based on the current weights. L1.2 computes the iterative weights for K users. According
to the loop structures for the code index k and chip index i, the NLMS block can be partitioned into two major functions: the WSF (Weighted-Sum-Function) as in equation (7.10)
and WAF (Weight-Adaptation-Function) as in equation (7.11). In the WSF sub-block, the
estimated hard-decision bits are extracted from the bit vectors B0 and B1 by the De-Packing
(m−1)

Unit (DPU) block. The Ω̂(m−1) (i) = [c1 (i)ŝ1

(m−1)

c2 (i)ŝ2

(m−1)

· · · cK (i)ŝK

]vector is

generated using the same Modulator-Spreader-Unit (MSU) as in the transmitter from the
estimated bits and the spreading code vector C[i]. This vector is then stored either in mem-

188
µ /norm

Iter(m)

rst clk

W

[K]

L2:

C [i]
DPU/
B0

WLP

CWU/

MSU

CAU

B1
Ω [K]

Ping - pong
Buffer
r [N]

OPT

L1.1:WSF

L1.2:WAF

W

Counter i

i==N?

Tmp

[K]

SymRDY

INIT

start

Figure 7.6 : The logic block diagram of the NLMS weight updating module.

ory blocks or register files. In the same loop structure, the Chip-Weighting-Unit (CWU)
and Complex-Add-Unit (CAU) will generate the weighted sum of the replica as in (7.10).
This replica of the received signal is then subtracted from the received chip samples to form
(m)

the residual error as ²(m) (i) = r(i) − r̂w (i). The omega vector and the residue error are
then sent to the WAF block for weight update. The omega vector is first multiplied by the
residue and then multiplied by the factor of µ/norm as in equation 7.11. This quantity is
then added to the previous iteration of the weights and written back to the Wtmp [K] space.
This is repeated iteratively for the chips in one symbol. After the weights are ready for
each symbol, the WLP (Weight Load Process) loads the optimal weights for interference
cancellation.
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A ping-pong buffer is designed to store the input chip samples of the next symbol while
the NLMS block is computing the weights. In the NLMS L1 structure, a counter i is applied
to control the iteration. For the first chip of each symbol, the initial values of the weight
vector are set to be the channel estimation for each user scaled by the SN U M = 2BW , where
BW is the bit-width for scaling system to avoid the overflow in fixed-point computation.
©
ª
w(m) (i) = round [α̂1 α̂2 · · · α̂K ] ∗ SN U M .

(7.38)

The top-level loop for the K-user vector Ω generator is merged with the loop in the NLMS
algorithm. As a summary, the scripts of the WSF and WAF in L1.1 and L1.2 are shown
in Table 7.2. In the WSF block, a vector processing of the modulation is formed for all
the K users. In the WAF block, we need to compute the norm of the Ω̂re,im (k) vector. A
straightforward computation of the norm for the vector Ω is as follows.
K
X
[Ω̂re (k)2 + Ω̂im (k)2 ].
||Ω̂|| =
2

(7.39)

k=1

This norm has the complexity of 2K multiplications and (K −1) additions. If Ω̂re,im (k) are
(m−1)

stored in memory arrays, this also requires 2K memory READs. However, since ŝk

∈

{±1 ± j} and ck (i) ∈ {±1} for QPSK, the norm does not need to be computed for each
symbol individually. It can be shown that ||Ω̂||2 = 2K is a constant. The division can
be implemented by a right-shift of log2 (2K). Since the step size µ does not need to be a
very accurate particular value without loss in performance, we can combine the µ and norm
into one coefficient and right-shift only by log2 (K), which can be computed as a constant
offline.

7.5.2 Sum-Sub-Mux-Unit
A conventional design of the Spreading-Unit (SU) and Chip-Weighting-Unit (CWU) in
(7.10) and (7.11) utilizes explicit dedicated multipliers for all the involved multiplications.
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Table 7.2 : Scripts for the WSF, WAF loops
WSF (L1.1): for k ∈ [1, K]
wre (k) = SN U M ; wim (k) = 0;

if(i == 0)

Ω̂re (k) = {1 − 2[(Ci >> k)&1]}{1 − 2[(B0 >> k)&1]}
Ω̂im (k) = {1 − 2[(Ci >> k)&1]}{1 − 2[(B1 >> k)&1]}
r̂wre + = wre (k)Ω̂re (k) − wim (k)Ω̂im (k)
r̂wim + = wre (k)Ω̂im (k) + wim (k)Ω̂re (k)
WAF (L1.2): for k ∈ [1, K]
=re = ²re Ω̂re (k) − ²im Ω̂im (k)
=im = ²im Ω̂re (k) + ²re Ω̂im (k)
wre (k)+ = [(µ=re ) >> Bw ] >> log2 K
wim (k)+ = [(µ=re ) >> Bw ] >> log2 K
re,im
if (i == N ) then {wopt
= wre,im (k);}

The circuit is shown in Fig. 7.7 for two users. Each SU has 2 multipliers and each CWU has
4 multipliers. Moreover, there will be 2 adders for each CWU and a pipelined ComplexAdder-Unit(CAU) tree layout is required for a fully pipelined summation of K users. The
complexity is still rather high with 6K multiplications for the loop. However, since both
the real and imaginary parts ŝre/im (k), Ω̂re/im (k) and Ci (k) only take values from {±1},
we use {0, 1} instead to represent these values and pack the K users into vector words
B0 , B1 , Ci . The bit-ware values are extracted from the words as b0 = (B0 >> k)&1;
b1 = (B1 >> k)&1; Ck (i) = (C[i] >> k)&1. The actual value of Ω̂(k) can be determined
from a truth table based on different input bits of the spreading code and the hard decision
bits, as shown in Table 7.3. By using one unsigned bit {0, 1} instead of signed two bits
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Table 7.3 : Truth table of Ω̂re/im (k)
Ck (i) b0

b1

Ω̂re (k)

Ω̂im (k)

0

0

0

-1

-1

0

0

1

1

-1

0

1

0

-1

1

0

1

1

1

1

1

0

0

1

1

1

0

1

-1

1

1

1

0

1

-1

1

1

1

-1

-1

{±1} to represent Ω̂(k) too, the logic design is shown to be
uint1 : Ω̂re (k) = {[(Ci >> k)&1]}XOR{[(B0 >> k)&1]}

(7.40)

uint1 : Ω̂im (k) = {[(Ci >> k)&1]}XOR{[(B1 >> k)&1]}

(7.41)

where uint1 means the unsigned one bit integer data type. The multiplication by
Ω̂(m−1) with 2-bit values of {±1} then can be implemented with MUX circuits controlled
by the decoder of Ω̂(k) with 1-bit values {0, 1}. The multiplications in (7.10) are implemented as Sum-Sub-Mux-Unit(SMU) for Weighted symbols (SMUw) as

re
im


 r̂w,sum = w (k) + w




 r̂w,sub = wre (k) − wim (k)


r̂wre + = Are , Are ∈ {±r̂w,sum , ±r̂w,sub }





 r̂im + = Aim , A ∈ {±r̂
im
w,sum , ±r̂w,sub }
w

(7.42)

The same structure can be used for Ω̂(m−1) (i)∗ ²(m) in (7.11) as an SMU block for Error
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Figure 7.7 : The multiplier-based Chip-Weighting Unit (CWU).

(SMUe). This is shown as =re ∈ {±²̂sum , ±²̂sub } and =im ∈ {±²̂sum , ±²̂sub } where


 ²̂sum = ²re + ²im ;

 ²̂sub = ²re − ²im ;

(7.43)

The circuit logic for one SMUw/SMUe is depicted in Fig. 7.8, where only the sign and
input to the accumulator is controlled by the 4-way MUX. The “Sel” signal decoder generates the Sel[k] signals to replace the original Ω vector. The difference of the SMUw
and SMUe is the input to the Connection Network (CN) to the MUX. The Connection
Network can be designed from truth tables as in Table. 7.4 for different “Sel” signals.
The WSF and WAF blocks for the NLMS algorithm then can be integrated with these
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C [i]
B[0]
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w re [k]/ ε re [k]
w im [k] /ε im [k]
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rwim

SMU

CN

Aim / ℑim

Figure 7.8 : The Sum-sub-MUX Unit (SMU) based Chip-Weighting Unit (CWU).

basic design blocks. An example with two SMUw and SMUe engines in parallel is shown
in Fig. 7.9. In the WSF function, the “SELdecoder” takes the C[i] and B0 , B1 to generate
the select signals for the SMUw. The SMUw takes the input from the temporary weight
memory block. A Complex-Adder-Unit adds the two portions of paths to get the total
weighted sum chip signal. It is then subtracted from the received original signal to generate
the error, which is input to the SMUe module in the WAF block. After multiplying the
“µnormed ”, it is adjusted by the weights from the previous iteration and written back to the
memory. In this way, each engine acts as a single processor for serial processing of K/2
users. Dramatic optimization in the VLSI area and timing closure can be achieved with this
design compared to the conventional multiplier-based design as shown in the performance
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Table 7.4 : The connection networks for the SMU of both the weighted sum symbols and
the residual errors
Ω̂re Ω̂im

Are

Aim

=re

=im

00

−r̂w,sub

−r̂w,sum

−²̂sum

²̂sub

01

−r̂w,sum

r̂w,sub

−²̂sub

−²̂sum

10

r̂w,sum

−r̂w,sub

²̂sub

²̂sum

11

r̂w,sub

r̂w,sum

²̂sum

−²̂sub

RE[i]

u_normed
IM[i]

C[i]
B[0]
B[1]

W1re[K/2]
W1im[K/2]

L1.2:WSF
WSF1

L1.2:WAF

Seldecoder
SEL1[K/2]

SMUe

SMU w

WSF2

Seldecoder
SEL2[K/2]

W2re[K/2]
W2im[K/2 ]

-

SMUw

Rw re
CAU Rw im

SMUe

Figure 7.9 : The data path of the SMU-based NLMS architecture using WSF and WAF.

analysis.
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7.5.3 Weighted Matched Filter and PRC Architecture
Another major block is the Weighted-Sum-Matched-Filter and the Residual-Compensation
block denoted by equations (7.14). Similar to the NLMS block, symbol level SMUws
(Sum-Sub-MUX-Unit) for Weighted-Symbol is designed with bit-ware combinational logic
to generate ws [k]. In this case, the Weighted-Symbol (WS) SMU is controlled only by the
“SelDecoder” triggered by the B0 and B1 vectors. A MUX controlled by the spreading
codes and the accumulator forms the equivalent Weight-Matching-Filter-Unit (WMFU).
This generates the optimal weighted sum chip signal r̂w,opt if the WMFU is accumulating
the partial results based on the user index k. This design module is shown in Fig. 7.10.
Based on this basic design module, the complete data path logic block diagram for the
Weighted-Sum-Matched-Filter and Residue-Compensation process denoted by equations
(7.14)-(7.18) is shown in Fig. 7.11. This figure shows an example with two parallel Processing Elements built from the combinational logic. The K users are split into two groups
of K/2 users. The users in each group utilize the one PE in serial. In each PE, the optimal
weights for one symbol are input into the SMUws module for the weighted symbol ws [k]
and the weighted sum chip signal. The weighted sum chip signal is then detected with the
ˆ
chip matched-filter WMFU to form the ξˆw,M F (k), which is marked as <(k)
in Fig. 7.11.
This quantity is subtracted from the S̃M F 0 [k] and then added by the weighted symbol. This
finally leads to the matched filter output of the interference-cancelled signal. When one
symbol is accumulated, a “SymRDY” signal is asserted for the demodulator unit to read
the symbol estimates.
Notice that in this design, we do not have to use general-purpose multipliers. The very
simple combinational logic bit-level VLSI architecture can achieve much higher clock rate,
as we will show later. This allows more time for the processing of each user and each
chip and avoids the fully parallel layout of duplicate hardware design units in the order
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Figure 7.10 : Single processing element for the SMUws (Sum-Sub-MUX-Unit for
Weighted Symbol) and Weighted Matched Filter Unit (WMFU).

of user number K. This feature gives more flexibility in designing a configurable VLSI
architecture that is important and challenging for the multi-code CDMA system.

7.6

Simulation and Emulation Results

7.6.1 Floating-point BER Performance
The floating point Bit Error Rate (BER) performance simulation results are shown in this
section. In Fig. 7.12, 7.13, and 7.14, the BER performance versus the SNR is shown
for Matched Filter (MF), conventional PIC, Partial-PIC (PPIC) and the proposed Adaptive
PRC (APRC) for stages 1, 2 and 3 using random codes. The Spreading Factor SF = 16,
the number of active codes is K = 10. For the PPIC case, two sets of intuitive weights
that satisfy w1 < w2 < w3 are simulated. In the APRC algorithm, the step size µ controls
the convergence speed of the weights. Since in the later stages, the APRC converges to
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Figure 7.11 : The data path of the SMU-based Weighted-Sum-Matched Filter and ResidueCompensation architecture.

complete PIC, it is preferable to choose smaller step size for fine adjustment of the weights.
It could be seen that both PPIC and APRC perform much better than the complete PIC.
However, the intuitive weights in PPIC affect the performance dramatically. For all three
stages, the APRC outperforms both the PIC and PPIC significantly. It could also be seen
that for the complete PIC, stage 3 does not guarantee better results than stage 2, thus this
introduces the ping-pong effect in a highly loaded system.

7.6.2 Fixed-point Implementation and Performance
While all the mentioned algorithms are developed using floating-point arithmetic, their
implementation using Very-Large-Scale-Implementation (VLSI) requires fixed-point arithmetic for the sake of hardware cost and speed. The reduction of the bit width almost linearly
reduces the design size, hardware complexity and power consumption. However, the sta-
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Figure 7.12 : Floating point Bit Error Rate versus user SNR: BPSK, stage 1.

bility of the algorithm and the performance may suffer from excessive finite word length
effects, due to the overflow and quantization noise, unless all signals are scaled properly
and sufficient word length is assigned. So it is important to find a reduced word-length with
negligible performance degradation. In SoC architectures, we apply integer operations for
all the computations in the algorithm. All the fractional numbers are scaled and truncated
to integer numbers. Because of the multiplications or divisions in the algorithm, overflow
should be avoided by scaling the result back to the appropriate word length. Meanwhile,
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Figure 7.13 : Floating point Bit Error Rate versus user SNR: BPSK, stage 2.

the precision should be maintained to avoid underflow and divide by zero errors. The BER
performance versus SNR for various bit-widths are shown in Fig. 7.16 and 7.17 for the
2nd and 3rd stages of interference cancellation for BPSK with 10 active codes when the
spreading factor is 16. It is found that from 8 bits to 12 bits has similar BER performance
as the floating point case for both the 2nd and 3rd stages for APRC. When the bit width is
reduced to 7 bits, a jump in the BER is observed. Also 10 bits can have a similar result
as 12 bits and floating point. But a reduction 9 bits already generates a jump in the BER
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Figure 7.14 : Floating point Bit Error Rate versus user SNR: BPSK, stage 3.

for high SNR ranges. The difference is higher when the number of stages increases. The
APRC algorithm failed with 5 bits only. The fixed-point performance for QPSK modulation is shown in Fig. 7.18, 7.19 and 7.20. It can be seen that for the APRC scheme, 10 bits
will generate similar performance as the floating-point results. For the PPIC scheme, 8 bits
works similar as 10 to 12 bits and floating-point in the 3rd stage. For the APRC, 9 bits and
8 bits will diverge from the floating-point performance considerably. Even though, it still
performs better than the PPIC algorithm. The lower BER floor with more iteration stages
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Figure 7.15 : Floating point Bit Error Rate for Pedestrian-B multi-path channel from stage
1 to stage 4.

may cause the sensitivity of the APRC to quantization noise with shorter word lengths.
The proposed VLSI architectures are implemented with the Catapult-C methodology
and prototyped on the Xilinx FPGA Virtex-II V6000 platform. The target real-time design
specification follows the WCDMA and HSDPA system, where the chip rate is 3.84 MHz
[71] for downlink wireless multimedia services. The spreading gain is 16. If the working
clock rate is set to 38.4 MHz, then there are 10 cycles available to process each chip and
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Figure 7.16 : Fixed-point Bit Error Rate versus SNR: BPSK, stage 2.

160 cycles for one symbol.

7.6.3

Resource Mapping and Architectural Constraints

The latency for one design is determined by the number of cycles and the working clock
rate, as TL = Ncycle /fclk . This indicates two directions to reduce the latency: reduce the
Ncycle , or increase the fclk . For a PE with several different functional units, the critical path
determines the highest clock rate as fc = 1/max(Tsp ) = min(1/Tsp ). Since the latency
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Figure 7.17 : Fixed-point Bit Error Rate versus SNR: BPSK, stage 3.

in the critical path is the accumulation of latency of all the functional units, retiming is
usually needed to increase the clock frequency. Efficient Xilinx ASIC IP cores can be
used to replace some of the slower design elements. However, when the design becomes
complex, the manual retiming using a traditional design methodology is extremely difficult
for a changing design specification.
There are tradeoffs between the speed and size by using different storage hardware. If
register files are applied to map the arrays, they can be accessed in parallel in one cycle.

204
QPSK: SF=16, K=10, Stage1
0

10

Matched Filter
−1

10

BER

PPIC

7bits

12,10 bits
−2

10

APRC
FL,10,9 bits

−3

10

−2

0

2

4

6

8

10

SNR (dB)

Figure 7.18 : Fixed-point Bit Error Rate versus SNR: QPSK, stage 1.

However, if the data arrays are mapped to memory blocks, only one entry can be accessed
for a single memory block. Sometimes, the memory access race problems can stall the
pipeline and force the design to process more slowly in serial. This increases the latency
and reduces the processing speed. So register files tend to provide more parallelism. On
the other hand, if multiple register files need to share the functional units, MUXs need to be
applied in front of each of the inputs of the functional units. For a multi-user PIC system,
this can be a very large MUX structure with up to N inputs, where N is the spreading
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Figure 7.19 : Fixed-point Bit Error Rate versus SNR: QPSK, stage 2.

factor. In FPGAs, these large MUX blocks with many ports could be even bigger than the
functional units such as the adders themselves. This can be a major factor in increasing
the design size. Size reduction through multiplexing fails in such situations. Moreover, the
large MUX makes timing balancing difficult and generates a slower design in terms of the
clock rate.
In this section, we apply Catapult-C to achieve automatic retiming based on the clock
rate constraint in the system configuration. This makes it possible to do a scalable verifica-
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Figure 7.20 : Fixed-point Bit Error Rate versus SNR: QPSK, stage 3.

tion of the design with dramatically different specifications. To get accurate size estimates,
the HDL design is synthesized using Leonardo Spectrum for the Virtex-II V6000 FPGA
with 10 bits input word length for r(i). In the Vitex-II V6000, there are 144 dedicated
18 × 18 ASIC multipliers. These multipliers do not occupy the Configurable-Logic-Block
(CLB) fabric. The hardware net list is generated with Xilinx ISE Place and Route (P&R)
tools and verified in Nallatech FPGA development platforms [68].
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7.6.4 Scalable Architecture for the NLMS Module
First, we investigate the different mapping and pipelining options for the NLMS block.
Table 7.5 shows the storage resource mapping and with different architecture constraints
for the major loops of the multiplier-based NLMS weight update block. The abbreviation
codes used in the table have the following meaning: “MEM” means the storage option for
the array variables is memory; “REG” indicates that the arrays are stored in register files.
For the loop architecture constraint, “-” denotes no special processing such as pipelining,
and the loop remains rolled for the serial processing; “P” means loop is pipelined and “UR”
means the loop is unrolled. Dedicated ASIC multipliers are applied for all the involved
multiplications. The loop label notation correspond to the scripts in Table 7.2.
Table 7.6 shows the netlist synthesis results for the NLMS block. Solution 1 applies
memory blocks for both the I/O interface and local variables. All the loop structures remain
rolled with no pipelining. For solution 2, both the interface and internal variables use
register files. But all the loop structures remain rolled with no pipelining. In solution 3, the
internal variables use all register files while the interface uses the memory blocks for intermodule communication. The second level loops L1.1 and L1.2 could be pipelined when
the usage of register files avoid the race problem. For solution 4, both the I/O interface and
local variables use memory blocks. The L1.1 and L1.2 loops are unrolled. The difference
between solution 5 and solution 4 is that register files are applied. L2 loop is relatively small
and since there is no data dependency in this loop, it can be always pipelined to reduce the
cycle number in Table 7.6. Solution 1 represents the area-constrained design because all the
multiplications can reuse many multipliers in serial without using MUXs at the input of the
multipliers. But this is also the slowest design with 856 cycles latency because the RAM
bandwidth is limited by the race problem with the RAM blocks. When replacing the RAM
blocks with register files, the design is slightly faster, with 611 cycles latency as shown in
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Table 7.5 : Hardware architecture constraints for multiplier-based NLMS architectures
Solution

I/O

Local

L1

L1.1

L1.2

L2

1

MEM

MEM

-

-

-

-

2

REG

REG

-

-

-

-

3

MEM

REG

-

P

P

P

4

MEM

MEM

-

UR

UR

P

5

REG

REG

-

UR

UR

P

solution 2. But the area is also larger. In solution 3, since pipelining of the loops is used,
the design is much faster with only 307 cycles needed. But this requires more complex
control logic and more multipliers for pipelined processing. If the memory blocks are used
for storage, even with the loops unrolled in parallel, the design is still too slow with 376
cycles latency. To meet the 160 cycles latency requirement, register files have to be used
everywhere and the two major loops need to be unrolled in parallel. The solution 5 has 147
cycles latency. But 91 dedicated ASIC multipliers need to be used. Although this reduces
the number of MUXs and the CLB usage, the design is still too large. It is not possible to
fit two stages into one Virtex-II V6000 FPGA. Without using a dedicated VLSI ASIC, the
algorithm is not very suitable for practical implementation.
In Table 7.7 and 7.8, the design architectures based on the SMU bit-level combinational
logic circuit with different resource mappings and computation architectures are compared.
There are a few multiplications that could not be replaced with the SMU circuits. Solution 1
uses memory blocks for all internal and I/O arrays. There is no pipelining controller needed
for all the loops in the block. It corresponds to the most area-constraint design. However,
it could not meet the real time requirement having 529 cycles latency. Solution 2 only
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Table 7.6 : Synthesis results for the multiplier-based NLMS architectures
Sol

CLB

RAM

DFF

Cycle

Fclk (M Hz)

ASICMult

1

1303

7

703

856

55.0

18

2

1496

0

850

439

66.0

4

3

4014

0

2791

307

45.4

32

4

3799

7

1906

376

48.3

64

5

2697

0

2198

147

48.4

91

replaces the memory blocks with register files and has the same computation structure.
It is slightly faster with 439 cycles latency. But the usage of MUXs for the remaining
multipliers leads to a higher CLB number. Solution 3 uses register files for local arrays
and memory for the interface. To meet the latency requirement, we unroll the L1.1 and
L1.2 loops and design the logic circuits using the SMU units jointly for all the 10 users.
Pipelining is achieved for the modules built from simple combinational gates. Re-timing is
carried out to balance the critical path. It could be seen that in solution 3, we can meet the
timing requirement with 151 cycles at 59 MHz clock rate. 9 dedicated multipliers are still
used for the remaining multiplications. For solution 4 and solution 5, we reduce the number
of multipliers to 7 and 4, respectively. The designs meet the cycle number constraint, but
the clock rate is a little bit below the 38.4 MHz clock rate. This is reasonable because
the use of fewer multipliers requires a more complex MUX at the input of the multiplexed
multipliers, which increases the critical path. However, physical optimization could be
applied to increase the clock rate further.
As a summary, solution 3 meets the time constraint with dramatically reduced number
of multipliers. It demonstrates the best area/time efficiency. All the SMU-based designs
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Table 7.7 : Hardware architecture constraints for the SMU-based NLMS architectures
Solution

I/O

Local

L1

L1.1

L1.2

L2

1

MEM

MEM

-

-

-

-

2

REG

REG

-

-

-

-

3

MEM

REG

-

UR

UR

P

4

REG

REG

-

UR

UR

P

5

REG

REG

UR(2)

UR

UR

P

Table 7.8 : Synthesis results for the SMU-based NLMS architectures
Fclk (M Hz) ASICMult

Solution

CLB

RAM

DFF

Cycle

1

963

8

513

529

68.5

4

2

1496

0

850

439

66.0

4

3

3477

0

1076

151

59.0

9

4

3519

0

1077

156

36.2

7

5

4283

0

824

159

35.3

4

have a dramatically reduced usage of multipliers compared with the multiplier based architectures in Table 7.6.

7.6.5 Scalable Architecture for the PRC-MFB Module
Table 7.9 and 7.10 give the scalable specifications for multiplier-based and SMUws-based
architectures of the PRC-MFB module respectively. In Table 7.10, solution 1 represents the
most compact design in CLB consumption because it uses memory blocks for all arrays and
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Table 7.9 : Hardware architecture constraints for the multiplier-based PRC-MFB architectures
Solution

I/O

Local

L1

L1.1

L1.2

1

MEM

MEM

-

-

-

2

REG

REG

-

-

-

3

MEM

REG

-

P

P

4

MEM

REG

-

UR

UR

5

REG

REG

P(2)

UR

UR

no advanced architecture is designed for all level loops. Solution 2 uses register files for
all arrays also without pipelining. It is a little bit faster but also bigger. Solution 3 utilizes
elegant partial loop pipelining and unrolling for different levels based on the algorithm
structure. Solution 4 unrolls the L1.1 and L1.2 loops in parallel but no pipelining on the
top level is designed. Solution 5 first unrolls the L1.1 and L1.2 and designs L1 pipelining
with an initial interval of 2. It is seen that for multiplier-based design, although solutions
3 and 4 are much faster than the solutions 1 and 2, neither of them meets the 160-cycle
constraint. It could be also seen that solution 3 has a larger CLB area than solution 4. This
may be caused by the pipelining control logic. However, since the number of iterations
in these two loops is not very big, it does not benefit too much from the second-level
loop pipelining, except that a faster clock rate could be achieved. Only a fully pipelined
architecture meets the 160-cycle requirement with 16 ASIC MULTs. This gives a design
with 35 cycles latency, which is much faster than necessary.
In Table 7.11 and 7.12, the architectures for the SMU-based design are compared. The
loop structure is different for the SMU based design. The dominant loops are L2.1 and
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Table 7.10 : Synthesis results for the multiplier-based PRC-MFB architectures
Fclk (M Hz) ASICMult

Solution

CLB

RAM

DFF

Cycle

1

389

2

329

594

67

4

2

966

0

729

434

82.6

2

3

1731

0

1186

290

91.6

4

4

765

0

469

210

72.2

4

5

869

0

389

35

77.5

16

L2.2 inner loops. In solution 1 with memory blocks used for every array, although a very
small design with very fast clock rate is achieved, the number of cycles is 644. Notice
that we prefer to let the VLSI design run at a slow working clock rate for the purpose
of power saving. In solution 2 where all arrays are mapped to register files, the number
of cycles is 294, which is already much faster than the 434 cycles in a multiplier-based
counterpart. In solution 3, although pipelining is designed for L1, L3 and the L2.1 and
L2.2 are un-rolled, the number of cycles are limited by the memory bandwidth. The design
solutions 4 to 6 meet the cycle constraint. Solution 5 uses all register files while solution
4 maps the I/O interface arrays to memory. Moreover, solution 4 separates the different
local arrays into register files and memory according to the data dependency. Solution 4
is only slightly slower than solution 5 in terms of the cycle number. But it still meets the
requirement and the critical path is shorter. Thus the CLB area is much smaller and the
clock rate is faster than in solution 5. In solution 6, top level pipelining is designed after
the L2.1 and L2.2 are unrolled. The total latency is only 42 cycles. But the fully pipelined
architecture demands around 3× hardware resource for CLBs and DFFs. Overall, solution
4 of the SMU-based design represents the most area/time efficient architecture, giving 4×
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Table 7.11 : Hardware architecture constraints for the SMU-based PRC-MFB architectures
Solution

I/O

Local

L1

L2

L2.1

L2.2

L3

1

MEM

MEM

-

-

-

-

-

2

REG

REG

-

-

-

-

-

3

MEM

MEM

P

-

UR

UR

P

4

MEM

M+R

P

-

UR

UR

P

5

REG

REG

P

-

UR

UR

P

6

MEM

REG

UR

P

UR

UR

UR

speedup over the most area constraint architecture in solution 1 with similar CLBs. It also
gives 3× saving in hardware over the fully pipelined architecture. All the designs except
solution 1 in the SMU-based architecture has 0 ASIC multipliers. The superiority of the
SMU-based VLSI architecture is obvious. It is also found that when the I/O uses memory,
the L1 pipeline fails no matter whether the local array uses memory or registers. When the
I/O uses registers, the pipeline with initial interval 1 fails but pipelining with initial interval
2 succeeds only when all the internal registers are register files.

7.6.6 Sensitivity to the Number of Users
Since the computational complexity is almost linear in the number of users, it is interesting
to see the relationship of the hardware requirements of the design for different numbers of
users. To achieve a configurable VLSI design for different numbers of users, mostly we
need to design the core circuit to support the highest number of users. For an efficient design, the overhead to support a higher number of users should not be too high. In Fig. 7.21,
we compare the CLB, DFF and the ASIC multiplier resource usage for the most area/time
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Table 7.12 : Synthesis results for the SMU-based PRC-MFB architectures
Fclk (M Hz) ASICMult

Solution

CLB

RAM

DFF

Cycle

1

888

8

584

644

102.3

1

2

2555

0

1592

294

78.5

0

3

1817

8

988

241

98.6

0

4

971

4

618

159

122.5

0

5

3050

0

1441

142

71.9

0

6

2520

0

1998

42

117.6

0

efficient SMU-based design and the fully pipelined multiplier-based design versus the different number of users. It could be seen from Fig. 7.21 that the CLB and DFF size of the
SMU-based design increases moderately with the increasing number of users. The slope
for the CLB and DFF of the SMU-based design is smaller than that of the multiplier-based
design. Moreover, the slope of the number of multipliers for the multiplier-based design
is almost linear while the SMU-based design requires no multiplier. This demonstrates the
efficiency of the hardware resource usage for the SMU-based architecture.

7.6.7 Hardware Cost over the PPIC Architecture
It is interesting to consider the hardware cost of the performance improvement brought by
the optimal weight PRC. The NLMS block is an extra unit compared with PPIC. However,
in the matched filter and interference cancellation stage of PPIC, the usage of multipliers
could not be avoided because the soft decision from the previous stage and interferencecancelled signal do not have the {±1} feature of the vectors as in the APRC algorithm.
The hardware design is a little larger than the multiplier-based PRC-MFB in the NLMS al-
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Figure 7.21 : Hardware resource versus number of users.

gorithm. The overall size of one stage of the NLMS-PRC design in this chapter has similar
usage of multipliers and roughly 1500 more CLBs than one stage of PPIC. Considering the
fact of its faster convergence in BER performance, it is possible to use fewer stages than
PPIC and still get improved performance. The acceptable hardware cost is quite worthwhile
for the significant performance gain.
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7.7

Summary

In this chapter, we propose a novel low cost multi-stage Adaptive Parallel-Residue-Compensation
(APRC) receiver architecture with reduced complexity for a CDMA system. The accuracy
of the interference estimation is improved with a set of weights from adaptive updates compared with both the complete PIC and PPIC algorithms. A Parallel-Residue-Compensation
architecture is proposed to avoid the direct Interference Cancellation and reduce the complexity. The computation architecture of the adaptive PRC is optimized to reduce the redundant computation and facilitate efficient VLSI design. The user-specific weights are
clipped with certain thresholds to generate the multi-stage Convergence-Masking-Vector
(CMV). The CMV will be combined with clock gating as power management scheme for
the multi-stage weight updating and residue compensation components in the next chapter.
The dynamic power consumption in the VLSI architecture can be reduced by 90% after
stage 2 with negligible performance loss. Efficient VLSI architectures are designed based
on very simple combinational logic circuits to avoid the usage of dedicated ASIC multipliers. The most area/time efficient architecture is designed by using the Catapult-C based
HLS design methodology to find an efficient architecture constraint. The VLSI architectures demonstrate efficient hardware resource usage by meeting the real-time requirements.
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Chapter 8
Power Efficient Architecture with Dynamic Power
Management
In this chapter, I propose a novel low power multi-stage Parallel-Residue-Compensation
(PRC) receiver architecture based on the adaptive PRC proposed in the last chapter. The
physical meaning of the complete versus weighted interference cancellation is applied to
clip the weights above a certain threshold. The multi-stage Convergence-Masking-Vector
(CMV) is then proposed to control the convergence of the multi-stage structure and reduce
the number of PRC stages so as to reduce the hardware resources. Dynamic power management is applied using the CMV and clock gating is applied for the multi-stage weight
updating and residue compensation components. This reduces the dynamic power consumption in the VLSI architecture based on the stochastic feature of the CMV vectors by
up to 90 %.

8.1

Introduction

To reduce the computational complexity, a symbol level parallel residue compensation architecture is proposed in the last chapter and in [123] to avoid the direct interference estimation for each individual user. The Parallel-Residue-Compensation (PRC) algorithm reduces
the complexity of the adaptive PIC from O(K 2 N ) to O(KN ) without loss in performance.
An efficient pipelined VLSI architecture is also proposed in [123] based on Sum-sub-MUX
bit-ware combinational logic for the hard-decision symbols to replace dedicated multipli-
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ers.
Even with the lower complexity in the PRC bit-ware architecture, the NLMS-based
user and stage specific weight updating procedure dominates the system complexity. It is
still challenging to design a low power architecture with the extra complexity in weight
computation. Power consumption is a critical consideration for both VLSI and DSP processor designs, especially for mobile stations. Average power determines the battery life
while peak power affects the reliability. In the VLSI architecture, algorithmic transformations like pipelining and parallel processing can be used to reduce power consumption by
operating the system with lower supply voltage. On the other hand, power saving can be
achieved by shutting down some idle blocks in the system either by shutting off the clock
or in certain cases by shutting off the power supply. In modern DSP processors, setting the
processor core to standby mode also provides power savings. Reduced computation leads
to fewer instructions in a DSP implementation and fewer cycles in a VLSI design. The
power savings achieved in this manner can be significant but are very algorithm dependent.
A proper addressing of when and how to shut down and scale the voltages can result in
substantial improvement in energy efficiency with no or little loss in performance.
In this chapter, we investigate the physical meaning of the weights in the Adaptive Parallel Residue Compensation (APRC) scheme. A conventional complete PIC is considered
as a special case of the adaptive scheme with weight ‘1’ for all users. In the NormalizedLeast-Mean-Square (NLMS) algorithm, the user and stage specific weight is initialized to
be ‘1’. It can be shown that when the interference weight for one particular user in one stage
is ‘1’, it implicates that the symbol of the particular user is estimated “almost” correctly
and the interference from that user is completely cancelled. Logically, if the interference is
cancelled “correctly” and “completely”, there should be no need to do further cancellation
in later stages. We then investigate the inter-stage features of the user-specific weights. In
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the early stages, the NLMS algorithm will adjust the weights more significantly since the
symbol estimation is less accurate than later stages. But the weight tends to converge to ‘1’
in later stages as the MSE converges. After the first stage, only a small portion of weights
will diverge from the initial values. Moreover, it is found that when a particular user’s
weight at one stage converge to ‘1’, the weights for this user at later stages also almost
converges to ‘1’. Thus, the distance of one user’s weight from the initial value is used as an
indicator of the accuracy of the symbol estimation of that user. A Convergence-MaskingVector (CMV) is generated by comparing each user’s weight with a given threshold at each
stage. The vector only contains flags ( 0 or 1 ) to indicate if the weight has converged or
not.
To save power, the circuit is partitioned into pipelined small blocks that have their own
derived clocks. The CMV is combined with clock gating as power management scheme for
the multi-stage components for VLSI architectures. If the CMV indicates a convergence,
then there is no need to update the weight for this user at all later stages and the NLMS
and PRC components in later stages are shut down. The CMV can also be applied in a
DSP processor implementation to dramatically reduce the number of MIPS required. The
dynamic power consumption is reduced based on the stochastic feature of the CMV vectors.
Simulation shows that the active rate can be dropped to 60% after stage 1 and to 10% after
stage 2 with a threshold of 90%, which leads to negligible performance loss. This gives
40% dynamic power savings in stage 1 and 90% savings after stage 2.
This chapter is organized as follows. In section II, we examine the low power design
strategies for VLSI-based SoC architectures. In section III, we study the inter-stage relationships of the multiple stage weights and analyze the probability distribution of the
weights at each stage. The stochastic Convergence Masking Vector (CMV) is proposed by
studying the physical meaning of the weights for complete and partial interference cancel-
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lations. We then propose clock gating for dynamic power management in the VLSI design
in section IV and the weight initialization schemes. Section VI presents the BER performance and complexity tradeoff with weight clipping. Section VII gives the active rate with
the clipped weight for different clipping thresholds.

8.2

Low Power Design Architecture

Low power design can be an important factor in lowering system cost. Since technology
alone will not provide sufficient answers to power-efficient ASIC design, one has to focus
on other approaches to reduce the power consumption. The source of power consumptions
in CMOS technology includes the switching current (dynamic power), short circuit current,
and leakage currents. The average power consumption of a CMOS gate due to the switching
component is given by
2
P = αCL · Vdd
·f

(8.1)

where f is the system clock frequency, Vdd is the supply voltage, CL is the load capacitance,
and α is the switching activity (the probability of 0 → 1 transition during a clock-cycle).
The above equation suggests many strategies for increasing the energy efficiency at various abstraction levels: from the algorithmic level down to the layout level. Algorithmic
transformations like pipelining and parallel processing can be used to reduce power consumption by operating the system with lower supply voltage. Power consumption can also
be reduced by reducing capacitance with strength reduction transformations either at the
algorithmic level or the numerical level. The working space from designing an algorithm
to architecture is depicted in Fig. 8.1. On the algorithm side, the focus is the system
performance in terms of bit error rate, power efficiency etc. On the architecture side, the
focus is the VLSI performance in terms of the real-time cycle number, clock rate, silicon
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Figure 8.1 : Working space from algorithm to VLSI architecture.

area and the dynamic power dissipation. To convert an algorithm to the real-time architecture, we work at different levels: from floating point algorithm to the behavioral model,
the bit-true model, the RTL model and the gate level netlist. To achieve this, we need to
specify the system parameters and quantize the floating-point algorithm to the fixed-point
word level architecture and then to the bit-level architecture using the number system and
finite precision arithmetic. The purpose is to keep the accuracy of the system performance
while achieving the best VLSI performance. In this chapter, we apply the following main
approaches to lower the power consumption:
1). Switching activity reduction: The reduction of α in equation 8.1 is accomplished by
a variety of ways: restructure the computation, restructure the communication, restructure
the memory storage architecture and hierarchy, change the data encoding, etc. Retiming by
moving registers in a circuit while maintaining input /output functionality will be utilized
to minimize the switching activity based on the observation that the register outputs have
significantly fewer transitions than the register inputs. In a synchronous system, the clock
dissipates a significant amount of power. Generally this is the only signal that switches all
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the time and it usually has to drive a very large clock tree. However, in many cases, the
switching of the clock causes a lot of unnecessary switching activity.
2). Predictive activity based system shut down: It can be accomplished either by shutting off the clock (f = 0) or in certain cases by shutting off the power supply (Vdd = 0)
[13]. To save power, the circuit is partitioned into small blocks that have their own derived
clocks. Power savings are achieved by stopping the clock fed into the idle modules. The
power savings achieved in this manner are very algorithm dependent but can be significant.
Voltage scaling is often coupled with lower clock rates. A proper addressing of when to
shutdown and how to scale the voltages can result in substantial improvement in energy
efficiency with no or little loss in performance.
We propose a Convergence-Masking-Vector (CMV) based on the inter/intra stage stochastic feature of the weights to provide a control logic signal to stop the multi-stage NLMS
adaptation based on convergence detection. We can employ either a central or a set of distributed control units. A centralized control unit consists, in principle, of a ROM where
the control signals for the PEs and RAM addresses are stored and a counter that generates
the addresses for the ROM. The control signals are used for loading data to the input and
output registers of the PEs, configuration of the PEs, and for reading and writing to the
RAM memory. It is more favorable to use a set of distributed control units since long,
and fast control signals are eliminated. These distributed control units also become much
simpler and faster and consume less power. The control unit is applied to shut down the
system and enter into an idle state. This has a large impact on the power consumption.
The innovative low power optimization techniques applied for this design are described in
a detailed manner.
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8.3

Stochastic Convergence Masking Vector

Because of the MMSE criteria in the adaptive PRC scheme, the mean squared error will
converge in the NLMS update recursion. Moreover, because of the non-linear interference
cancellation, the mean squared error becomes smaller in the later stages than the early
stages. This is shown in Fig. 8.2 for an example of BPSK with 10 codes. This implicates
that the convergence feature of the MSE both inter-stage and intra-stage could be applied
to reduce complexity. In one symbol, if the weight for the mth stage is very close to the
initial value of the NLMS algorithm, it means that the MSE has converged and the interference from the particular user has been subtracted at the mth stage, Thus, there is no
need to continue the weight update and interference cancellation in later stages. To analyze
the stochastic feature of the user-specific weights, we plot the normalized optimal weights
versus chip index for stages 1, 2 and 3 in Fig. 8.3. It is observed that the weights for some
symbols converge to the initial values (a normalized weight of 1), which may indicate that
those symbols are detected almost correctly and at this stage the interference from this user
can be completely cancelled by re-generating the signal with the initial weights. Moreover,
if a particular weight converges for a group chips at the (m − 1)th stage, the weight for
this user and symbol tends to converge also at the mth and later stages. This makes sense
because the weight in the adaptive NLMS PRC is user, symbol and stage specific. The
convergence of the weight depends on the confidence level of the correctness in symbol
detection. If the symbol is already detected correctly, then a normalized weight “1” can
cancel the interference from this user “completely”. There is no need to continue the cancellation for the particular user symbol in later stages. With more stages, more weights
converge to the normalized “1” (in the case of BPSK, many of them converge in the second stage). Thus, after more interference is cancelled and the signal is getting cleaner and
cleaner in later stages, the majority of the weights will be close to the normalized weight
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MSE vs. iteration for 2 stages:BPSK, 20dB, 10 codes
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Figure 8.2 : Inter stage convergence behavior of mean square error in APRC.

“1”. This is demonstrated by the probability-distribution-function (PDF) for stages 1, 2, 3
and 4 in Fig. 8.4. For the later stages, only a small portion of both the weights and interferences need to be updated and cancelled respectively. This in turn reduces the computation
complexity in terms of FLOPS for a processor-based implementation. It also gives a metric
to control the hardware utilization in multi-stage architectures. Dynamic power management then can be applied for the design of the NLMS and PRC blocks. Specifically, for the
System-On-Chip (SoC) architecture, with pipelined multi-stage layout processing units, we
can construct a Convergence-Masking-Vector (CMV) to provide control logic to stop the
multi-stage NLMS adaptation and the PRC section. The CMV provides a stochastic shut-
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Figure 8.3 : Inter stage feature of the normalized weights in adaptive PRC.

down scheme to save dynamic power by controlling the gated clock for each stage. The
procedure is summarized briefly in the following. First, we would detect the Ω̂(0) (i) from
the 0th stage MF. Then at the 1st stage, we initialize w(1) (0) = α̂ and update the weights
according to the NLMS recursion in (7.11). For each of the users, we set the CMV vector
(1)

Vk

for k = 1 : K using a threshold Tsh as


(1)
 V (1) = 1
|wopt,k − α̂k |/|α̂k | < 1 − Tsh
k

 V (1) = 0
k

o.w.

(8.2)
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Figure 8.4 : The probability distribution function of the multistage weights in adaptive
PRC.

(1)

where Vk

= 1 means that the k th user has converged to “correct” symbol detection,
(1)

there is no need to continue to detect this symbol for this user in later stages. Else Vk

=0

indicates the APRC receiver needs to continue the multistage weight update for the k th user.
We also separate the weighted-sum chip signal in (7.14) into two terms: the converged term
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(1)

(1)

r̂V and the not-converged term r̂w as
(1)
r̂w,opt

=

K
X

(0)
α̂k [ck (i)sk ] +

k=1,
(1)
Vk =1

|

{z

K
X

(1)

k=1,
(1)
Vk =0

}

(0)

wopt,k [ck (i)sk ] .

|

{z

(1)
r̂V

(8.3)

}

(1)
r̂w (i)

Then the symbols Ω̂(0) (i) are detected from (7.17) and (7.18) with the interference can(m−1)

celled. For the mth (m > 1) stage, if Vk

(m)

= 1, then Vk

= 1. There is no need to

detect these symbols at later stages. Otherwise, we initialize and update the weight from
(m)

(m)

the NLMS update equation (7.11). We compute wopt,k = wk (N − 1) only for the users
(m−1)

that have not converged, i.e., for those Vk

= 0. For the newly updated weights, com-

(1)

pare them with the threshold again. If |wopt,k − α̂k |/|α̂k | < 1 − Tsh , then the weight for
(m)

the user k has already converged and is set Vk
(m)

tect symbol ŝk

= 1. Again there is also no need to de-

at later stages and Ω̂(m) (i) = Ω̂(m−1) (i). Moreover, because we separate

the weighted-sum in (8.3) to a converged-term and not-converged term, we can add the
newly converged users from the mth stage into the converged term in the weighted-sum
chip signals during the accumulation.
(m)

r̂V (i) =

K
X

(m−1)

α̂k [ck (i)sk

(m−1)

] = r̂V

(m−1)

(i) + r̂V,new (i)

(8.4)

k=1,
(m)
Vk =1

r̂w(m) (i) =

K
X

(m)

(m−1)

wopt,k [ck (i)sk

].

(8.5)

k=1,
(m)
Vk =0

where
(m−1)
r̂V,new (i)

K
X

=

(m−1)

α̂k [ck (i)sk

k=1

(m−1)

Vk

(m)

Vk

=0

=1

].

(8.6)
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(m)

is the new term found converged at the mth stage. Else if Vk

= 0, we need to continue

the weight update and PRC computation for later stages.

(m)

ŝk

N −1
1 X (m)
γ̂W,M F (k) =
r̂w,opt (i)c∗k (i).
N i=0
¡
¢
= sgn S̃M F 0 (k) − γ̂w,M F (k) + ws (k)

(8.7)
(8.8)

Unlike the differential multi-stage scheme for complete PIC in [105], the weighted PRC
guarantees convergence of the MSE. For the differential scheme in complete cancellation,
if the interference is estimated incorrectly, then the mistake is locked in latter stages. However, simulation results for the proposed adaptive PRC indicate that great saving in power
consumption can be achieved over a straightforward design with a fixed-number of stages
at little or no loss in system performance.

8.4

Gated Clock Dynamic Power Management

The top-level block diagram of the multi-stage adaptive PRC architecture using the CMV
to control power saving is shown in Fig. 8.5. A PN generator generates the spreading
codes either from a ROM block or from a simple combinational logic block. The channel
estimator takes the input samples and the pilot symbol to estimate the channel coefficients
and feeds them to the multi-stage APRC Processing Elements (PE). In each APRC stage,
there is an NLMS block to update the weight and the PRC module to do the actual interference cancellation based on the optimal weights from the NLMS block. A CMV block will
take the output of the weight update and set the values for the convergence masking vector
(m)

Vk

. The CMV is sent to the dynamic power management module to generate the control

logic for the power saving features of each stage. A pipeline controller also generates the
control logic for the multi-stage pipelined processing to reduce the processing latency.
The power management unit is also responsible for the generation of the clocks, which

229

Channel Estimator

PN Generator

I/Q Input

W

W

W
Demodulation

APRC Stage 1

APRC Stage2

APRC Stage 3

APRC Stage 4
Decoder

EN

CMV(1)

EN

CMV(2)

EN

CMV(3)

Dynamic Power management
Pipelining controller

Figure 8.5 : The block diagram of pipelined APRC architecture with dynamic power management.

are supplied to the rest of the design. Clock gating is a commonly used technique to reduce
dynamic power dissipation by gating off clock signals to registers, latches, and clock regenerators. An example logic block is shown in Fig. 8.6. Gating may be done when there is
no required activity to be performed by logic whose inputs are driven from a set of storage
elements. Since output values from the logic will be ignored, the storage elements feeding
the logic can be blocked from updating to prevent irrelevant switching activity in the logic.
The “START DET” and “SHUT DOWN” signals are designed in a pattern to serve as the
pulse into the T-flip flop to generate an enable signal output. This enable signal is “AND”
with the inverse of the CMV for the k th user at the mth stage to generate a enable signal
for the clock. It is worth noting that, in order to prevent glitches in the clock network, for
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Figure 8.6 : The gated clock dynamic power management using Convergence-MaskingVector.

each enable signal we must introduce a latch for each stage, which contributes an overhead
in energy consumption. However, this overhead is negligible compared with the overall
system complexity. Consequently, in order to reduce energy dissipation, a simple circuit
detects the occurrence of convergence events for each user at each stage. It also detects the
convergence event of the earlier stages. When this occurs, the clocks to the NLMS and the
PRC modules are blocked, and no further weight calculations are performed. The event
transition of the CMV can be implemented by a simple Finite-State-Machine (FSM).

8.5

Weight Initialization

To apply the NLMS algorithm for weight computation, the weights need to be initialized
before the iteration begins. In the aforementioned schemes, we have assume that the chan-
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nel estimate coefficients are available and we initialize the weights to channel estimate
coefficients at the beginning of each NLMS update. The advantage of this is that the vector
Ω is simple and takes values only from the hard decision symbols. The disadvantage is
that we need to normalize the weight when we compare the optimal weight to a threshold
to generate the CMV. As an alternative, we can also initialize the weights to be the natural
number “1”. This will be justified soon. Then the vector Ω is modified to incorporate the
channel amplitudes and phases for the re-generation signal as
(m)

(m)

Ψ̂(m) (i) = [α̂1 Ω̂1 (i) · · · α̂K Ω̂K (i)]

(8.9)

Thus, the weight update NLMS recursion needs to be modified as
w(m) (i + 1) = w(m) (i) +

µ
k Ψ̂(m) (i) k2

ˆ (m−1) (i)]∗ ²(m) (i)
[Ψ

(8.10)

The advantage of choosing the initialization value of “1” is that the CMV can be generated
by comparing the original weight with a given threshold as follows in 8.11. This simplicity
is then a tradeoff with slightly higher complexity in the NLMS update.


(1)
 V (1) = 1
|wopt,k − 1| < 1 − Tsh
k

 V (1) = 0
k

8.6

(8.11)

o.w.

BER Performance and Complexity Tradeoff

The floating point Bit Error Rate (BER) performance simulation results are shown in this
section. In Fig. 8.7 and 8.8, the BER performance versus the number of users for a fixed
Signal-to-Noise Ratio (SNR) of 4dB is shown for Matched Filter (MF), conventional PIC,
Partial-PIC (PPIC) and the Adaptive PRC (APRC) for stages 1 and 2 using random codes.
The Spreading Factor SF is 64. For the PPIC case, a set of intuitive weights that satisfy
wm−1 < wm are simulated. In the APRC algorithm, the step size µ controls the convergence
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speed of the weights. Since in the later stages, the APRC converges to complete PIC, we
can choose a smaller step size for fine adjustment of the weights. It can be seen that
at stage 1, PIC even outperforms the PPIC with a small weight and a small number of
users. This is because the weight for PPIC at stage 1 is chosen too small. Because the
interference estimation could be accurate in the low system load case, the PPIC with a
fixed weight of 0.3 at stage 1 and a weight of 0.7 at stage 2 even converges slower than the
PIC. It demonstrates that the intuitive weights in PPIC affect the performance dramatically.
At stage 2, the PPIC begins to outperform the complete PIC after the number of users
increases above 12. For the case of APRC, the performance outperforms both the PIC and
PPIC significantly at both the 1st and 2nd stages. It can be concluded that when the system
load is low, the complete PIC works fairly well. However, when the system load is high,
PPIC starts to outperform complete PIC. On the other hand, by using the NLMS algorithm
to compute the optimal weights for each stage, the adaptive PRC outperforms both the PIC
and PPIC in a wide range of the system loads. This demonstrates the superior performance
of the adaptive PRC algorithm.
The BER performance of the proposed power saving scheme through the use of the
convergence-masking vector is compared with the original APRC algorithm in Fig. 8.9 and
Fig. 8.10 for different stages and relative thresholds. In both figures, the spreading factor is
set to 16 and SNR set to 12 dB. In Fig. 8.9, it shows the performance for a 10-user system
while the number of users is 14 in Fig. 8.10. For a 10-user system, when the threshold is
set to be 50% at stage 1, 70% at stage 2 and 90% at stage 3 and stage 4, the performance
drop is negligible. However, if the threshold is below a certain level, e.g., 80% at stage 4 or
40% at stage 2, significant performance degradation is observed when compared with the
original PRC scheme. For a 14-user system, the performance degradation is less sensitive
to the threshold level because the BER floor of the 14-user system is higher than the 10-user
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Figure 8.7 : Floating point Bit Error Rate versus user number K: stage 1.

system. If the threshold is set to 95%, the BER is almost the same as the “always-update”
adaptive PRC scheme.

8.7

IC Stage Active Rate

The active rate of one component ζact = τact /Tall ∗ 100% is the percentage of time when
the component is not shut down through clock gating. Thus, the active rate is an indicator
of the power savings for the pipelined VLSI architecture. In Fig. 8.11, we demonstrate
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Figure 8.8 : Floating point Bit Error Rate versus user number K: stage 2.

the active rate of each stage under a different threshold level. The plain solid curve is the
active rate of stage 1, the solid curve with squares is stage 2, the diamond curve is stage 3
and the dotted curve is stage 4. From the simulation results in Fig. 8.9 and Fig. 8.10, it is
demonstrated that different thresholds could be applied to different stages. If we choose a
threshold of 75% for stage 1, 90% for stage 2 and 95% for stages 3 and 4, it leads to a 35%
active rate for stage 1, a 10% active rate for stage 2 and roughly a 5% active rate for stage
3. For stage 4, only if the threshold is set to above 96% will the active rate increase to 5%.
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Figure 8.9 : The BER performance versus convergence masking vector threshold.

The low active rate indicates that large power savings can be achieved over the original
design with little or no loss in system performance.
Note that in a DSP implementation, the active rate also indicates the reduction in computational complexity and the number of instructions. Combined with the control of the
standby mode, this also leads to power savings in the DSP processor. One difference between the DSP implementation and the pipelined multi-stage VLSI architecture is that the
VLSI architecture can achieve fixed latency because of the parallel processing of multiple users, while the DSP implementation may generate variable latency depending on the
stochastic feature of the convergence masking vector. However, the reduction in instruc-
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Figure 8.10 : The BER performance versus CMV threshold in multiple stages.

tions indicates 1/(1 − ζact ) speedup in computing the detected symbols.

8.8

Summary

In this chapter, we proposed a novel low power multi-stage Parallel-Residue-Compensation
(PRC) receiver architecture with reduced complexity for the CDMA systems. The accuracy
of the interference estimation is improved with a set of weights from adaptive updates. A
Parallel-Residue-Compensation architecture is proposed to avoid the direct Interference
Cancellation and reduce complexity. The user-specific weights are clipped with certain
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versus CMV threshold.

thresholds to generate a multi-stage Convergence-Masking-Vector (CMV). The CMV is
combined with clock gating as a power management scheme for the multi-stage weight
updating and residue compensation components. The dynamic power consumption in the
resulting VLSI architecture is reduced by 90% after stage 2 with negligible performance
loss.
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Chapter 9
Conclusions and Future Work
9.1

Conclusions

In this thesis, we have addressed the advanced receiver design issues for the MIMO CDMA
systems with enhanced interference suppression. The key contributions of the thesis cover
the following major aspects: the design methodology, advanced algorithms for interference suppression with low complexity, and efficient SoC architectures for the proposed
algorithms.

9.1.1 Summary of System Challenges
We first identified the challenges and the requirements in Chapter 1. In terms of the design
methodology, a good wireless development environment should be able to model various DSP algorithms and architectures at the right level of abstraction, clearly describe the
real-time architecture, and map naturally to real hardware and software components and
algorithms. In terms of the communication system performance, interference from various resources have been identified as the major limiting factor to MIMO system capacity.
To enhance the interference suppression, advanced signal processing algorithms have been
proposed, leading to much higher receiver complexity than current systems. However, advanced receiver algorithms require much more processing power and/or more gates to replace the conventional Rake receiver. The mapping of algorithms to mobile devices makes
the design problem much more challenging because of the limitations of power and hard-
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ware resources. VLSI-oriented optimization in the numerical algorithms plays an essential
role in hardware architecture design.

9.1.2 SoC Design Methodology
To address these problems, we first proposed an efficient High-Level-Synthesis (HLS)
methodology for computationally intensive wireless system development in Chapter 3.
We derived an efficient design methodology that integrates key technologies including
Catapult-C Synthesis and HDL Designer. This design flow starts with an un-timed floating
point C/C++ algorithm and schedules for the most efficient fixed-point VLSI architectures
in terms of time and area based on the architecture and resource constraints. The integrated
system modelling abstraction significantly facilitates the tradeoff study of concurrent architectures for wireless systems. This provides the flexibility to explore design trade-offs,
optimize system partitioning and adapt to new technologies as they become available. This
dramatically reduces the SoC design cycle, enabling rapid prototyping of computationintensive MIMO receiver algorithms. This methodology has been applied to design efficient SoC architectures of the computational intensive core algorithms proposed in this
thesis.

9.1.3 Contribution Summary for the Algorithms
For enhanced interference suppression performance, we proposed both chip equalizer cancellation and explicit interference algorithms with reduced complexity to facilitate the
VLSI-oriented SoC design architecture. For the equalizer part, we have proposed FFTbased accelerations for the LMMSE chip equalizer both with a circulant approximation
and Conjugate-Gradient iteration for different channels in Chapter 3 and Chapter 4, respectively, to avoid the Direct-Matrix-Inverse (DMI). The circulant approximation solution
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reduces the DMI of size (N F × N F ) matrix with O((N F )3 ) complexity to O(N ) FFT operations with O(N F log2 (F )) complexity and inverse of LF sub-matrices of size (N × N ).
The frequency-domain iterative algorithm accelerates the time-domain matrix-vector multiplication in a standard Conjugate Gradient iteration by an equivalent frequency-domain
circular convolution with FFT-based “overlap-save” architecture. While the FFT-based
equalizer with circulant approximation has the lowest complexity for hardware implementation, the iterative algorithm has better numerical stability for poorly conditioned systems
but at the cost of higher complexity. However, we have shown that both the FFT-based
circulant approximation and the FFT iterative algorithms proposed lie in the category of
superfast algorithms, which significantly facilitates the real-time implementation.
We also have shown that the LMMSE equalizer update rate is limited by the processing
time in computing the equalizer taps for fast-fading channels because of the block-based
operation. For this sake, we have also proposed a Kalman equalizer based on the state-space
model which provides the Best-Linear-Unbiased-Estimator (BLUE) for the fast-fading environment in Chapter 6. Numerous matrix-matrix multiplications and the inverse of the innovation correlation matrix in the Kalman gain and new state estimation dominate the complexity. To reduce the complexity dramatically for real-time implementation, we explore
the displacement structures in the state transition equation for the MIMO-CDMA downlink. Numerical matrix-matrix multiplications with O(N 3 ) complexity are eliminated by a
simple data loading process. By utilizing the block Toeplitz structure of the channel matrix,
an FFT-based acceleration is proposed to avoid direct matrix-matrix multiplications in the
time domain. Then the iterative Conjugate-Gradient based algorithm is proposed to avoid
the inverse of the Hermitian symmetric innovation correlation matrix in the Kalman gain
computer. Finally the proposed streamlined MIMO Kalman equalizer architecture extracts
the commonality in the data path by combining the displacement structure of the transition
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matrix and the block-Toeplitz structure of the channel matrix. The proposed architecture
not only reduces the numerical complexity from O(N 2 ) to O(N log2 N ) per chip, but also
facilitates a parallel and pipelined VLSI implementation in real-time processing.
All these equalizers by far are single user detectors and do not consider the multiple
users’ information in the CDMA system. With the knowledge of the multiple codes, explicit interference cancellation schemes can be applied in CDMA systems. However, when
the interference estimation is not accurate (e.g. when the system load is high or it is in the
early stages), cancelling the wrong estimation may even add more interference to the signal.
We proposed a novel multi-stage adaptive Parallel-Residue-Compensation (PRC) receiver
for CDMA with reduced complexity to explicitly suppress the interference. The user and
stage specific adaptive weights lead to significant performance gain over the conventional
complete and partial PIC. The multi-code commonality is explored to avoid the direct Interference Cancellation (IC) by a PRC architecture, which reduces the IC complexity from
O((M K)2 G) to O((M K)G).

9.1.4 Contribution Summary for the Architectures
For the SoC-based real-time architecture, we proposed parallel architectures for the highorder MIMO chip equalizer with VLSI-oriented optimizations, e.g., Hermitian optimization and the reduced-state FFT for further complexity optimization. A divide-and-conquer
method is applied to simplify the sub-matrix inverses. Modular VLSI architectures are derived for the 4 × 4 high-order receiver from partitioned 2 × 2 sub-matrices. This leads to a
more parallel VLSI design with 3× further complexity reduction. The VLSI design space,
in terms of area/time efficiency, is explored extensively for layered parallelism and pipelining with the Catapult-C High-Level-Synthesis methodology, enabling a rapid prototyping
on real-time FPGA platforms.
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While MAI reduction techniques continue to develop, very few research activities have
studied the viability of VLSI implementations of these techniques. While the CompletePIC and Partial-PIC algorithms provide good performance with relatively low computational complexity, their real-time hardware implementations are still extremely challenging. Commercialization of these algorithms is particularly dependent upon finding a viable
VLSI architecture that can apply the hardware resources efficiently to achieve low power
and low cost in design. In addition, the reduced computational complexity should complement the VLSI implementation by utilizing features inherent with the MAI reduction
algorithm. In this thesis, we have also proposed low complexity and low power architectures for the adaptive Parallel Residue Compensation (APRC) with numerical features
of the algorithms analyzed to increase the robustness/stability for fixed-point implementation. Efficient SoC architectures with optimal performance/area/time/power tradeoffs to
meet different resource and architectural constraints of the various algorithms have also
been proposed in Chapters 7 and 8. The novel scalable SoC VLSI architectures based
on simple Sumsub-MUX-Unit(SMU) combinational logic eliminate dedicated multipliers
with at least a 10× saving in hardware resources. The Catapult-C HLS methodology is
applied to schedule the SoC architectures for FPGA prototyping according to the structures
of the algorithm. Layered parallelism and pipelining is applied to explore the design space
and achieve architecture efficiency. The most area/time efficient design only utilizes area
similar to the most area constrained architecture but gives at least 4× speedup.
For the supporting blocks, both the equalizer and the interference cancellation requires
the knowledge of channel impulse response, which is estimated using the known training
symbols inserted into each transmission burst. FIR filtering and covariance estimation are
common to all the equalizer algorithms.
As a summary, the proposed design methodology in Chapter 3 has been applied through-
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out the thesis for architecture design space exploration. This methodology significantly
improves the productivity and enables extensive tradeoff study. We have also proposed
both the equalization and interference cancellation technologies for different application
scenarios. The proposed architectures demonstrated significant improvement in both the
computational complexity and the architectural efficiency.

9.2

Future work

9.2.1 Decision Feedback Equalization and Turbo Equalization
As we have shown in the interference cancellation chapters, the accuracy of the interference
estimation plays an essential role for system performance. All different weighting schemes
are targeting to improve the interference estimation accuracy from the preliminary symbol
detection. Using the equalizer instead of the Rake receiver as the initial stage can increase
the accuracy of the first stage symbol detection, thus increasing the overall system performance. However, the replacement of the Rake receiver with the equalizer may increase the
complexity. On the other hand, the use of an equalizer as the initial stage will shorten the
channel for the multi-stage interference cancellation. This may lead to simpler interference
cancellation stages. The tradeoff analysis of such combinations will be an interesting topic
for realistic system implementation.
Alternatively, Decision Feedback Equalization may improve the system performance
but also may lead to increased complexity. For even better performance, recently, some
turbo equalization receivers have been proposed in the literature by including the channel
decoder in the loop. This is because the decision symbols are even more accurate at the
output of the channel decoder. This accordingly leads to more accurate interference cancellation. However, the major issue for this group is the greatly increased complexity of
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real-time implementation architectures. Moreover, the long processing latency caused by
the decoder in the feed-forward loop is another major concern for the turbo type of receivers. Real-time architectures for space-time codes or LDPC codes in specific systems
will also be an interesting direction for future research.

9.2.2 Power Analysis
For real-time architectures, although an FPGA is a good platform for rapid prototyping,
the power consumption for the current FPGA devices is still a concern for use in mobile
devices. For mass production to reduce the cost and power consumption, the architectures
should finally be manufactured in ASIC implementation technology. Moreover, the power
model in ASIC will be different from the FPGA power models due to structural differences
in basic cells and routing. Research in accurate power models for equivalent ASIC architectures for early stage power consumption estimation will be an interesting and important
topic. Nevertheless, with the development of new generation FPGA devices, such as the
Virtex-4 FPGAs recently released by Xilinx, the power consumption of the FPGA devices
have reduced significantly. This makes it closer for the the FPGA architectures to be applied directly in the end-user products. It would be interesting to address the architectural
modifications with the newly introduced FPGA features.

9.2.3 MIMO-OFDM Receiver for 4G Wireless Systems
The current MIMO-CDMA receiver is intended for high speed extensions of 3G and beyond cellular systems. Recently the MIMO technology has also been combined with
the Orthogonal-Frequency-Division-Multiplexing (OFDM) transmission for Wireless LAN
(WLAN) applications for short range, indoor environments. A MIMO-OFDM system converts the multipath frequency-selective fading channel into a flat fading channel and sim-
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plifies the channel equalization by inserting a cyclic prefix to eliminate the Inter-Symbol
Interference (ISI). The complexity of the optimal maximum likelihood detector increases
exponentially with the number of antennas and the symbol alphabet which is prohibitively
high for practical implementation. To achieve a good tradeoff between performance and
complexity, a suboptimal QR Decomposition and M-search (QRD-M) algorithm was proposed in [197] to approximate the maximum likelihood detector. Despite the superior performance of the QRD-M type of algorithm for symbol detection and its much reduced
complexity compared with the ML detector, its complexity still dominates the receiver design and is a tremendous challenge for real-time implementation.
Although most of the current MIMO-OFDM systems are applied in indoor environments, the future 4G systems may combine both MIMO-OFDM and MIMO-CDMA technologies for much higher data rates for outdoor cellular applications. For the outdoor environment, the cyclic prefix may be not long enough to cover the long delay spread channels.
This may lead to some pseudo-inverse problems for partial channel equalization similar to
the OFDM equalizer problem discussed in [59]. This will introduce interesting challenges
for real-time architectures as well.
As a summary, real-time architectures for 4G systems give tremendous opportunities
for future research directions based on the proposed High-Level-Synthesis methodology
for SoC design. Extensions of the algorithms proposed in this thesis to 4G systems will
also be interesting future directions.
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