




	
	

ABSTRACT 

Wireless Synchronization and Spatial Combining of Widely-Spaced 
mm-Wave Arrays in Silicon 

by 

Charles Chen 

Due to the rapid advancement of semiconductor processes and the maturity of 

sub-5GHz RF design, there has been increasing interest in the higher-frequency, mm-

wave (30GHz to 300GHz) and THz (300GHz to 3THz) regime. The higher carrier 

frequency enables exciting new applications such as radar, mm-wave imaging and 

spectroscopy. The main challenges at these frequencies include miniaturization, power 

generation and beamforming. Miniaturization allows for low-cost and accessible sensing 

applications. Higher power extends the detectable distance while a narrow beamwidth 

improves the angular resolution in radar imaging systems. In this thesis, we take various 

approaches to address these challenges. 

First, we present a fully-integrated transceiver for time-domain electron 

paramagnetic resonance (EPR) spectroscopy implemented using a 0.13µm SiGe 

BiCMOS technology. The system utilizes an on-chip resonator to study time domain 

relaxation behavior of paramagnetic samples, i.e. materials with unpaired electron spins. 

The single-chip EPR spectrometer consists of an EPR resonator, 22-26GHz tunable 

VCO, a programmable pulse generation block, RF buffer and power amplifier, a multi-

stage LNA, and down-conversion mixer all in a 2mm2-size chip area. Time-domain 



	
	

transceiver operation is successfully measured with a 1-nS pulse width. This is the first 

demonstration of a fully-integrated, time-domain mm-wave EPR transceiver in silicon. 

Next, we present the design of a Wirelessly Synchronized Multi-chip Array 

(WSMA) in 65-nm CMOS. The proposed architecture makes use of a central wireless 

signal to synchronize a mm-wave array, eliminating the need for connecting wires 

between the array elements. Wireless injection locking of a single chip is successfully 

demonstrated and a 3-dB linewidth of 400 Hz at a carrier frequency of 50 GHz is 

achieved (stability ratio of 8 ppb). In addition, a 2-element WSMA with an array aperture 

greater than 20 wavelengths is demonstrated using the proposed transceiver architecture. 

The reported transceiver includes a receiving on-chip antenna, a low-noise amplifier, an 

injection-locked voltage-controlled oscillator, a buffer amplifier, an in-phase/quadrature 

generator, a phase shifter, a power amplifier, and a transmitting on-chip antenna. The 

chip is fabricated in a 65-nm CMOS process and occupies an area of 1.7 mm x 3.8 mm. 

This work sets the foundation for increasing the array aperture through wireless injection 

locking, extending traditional array systems into the high-resolution, narrow-beamwidth 

regime. �

Finally, a 500GHz 2×1 transmitter array based on the WSMA architecture is 

designed and implemented in 90nm SiGe BiCMOS technology. Wireless synchronization 

allows for coherent operation of the THz array and enables rapid scaling of the radiated 

power and narrowing of the array beamwidth. The RX consists of an on-chip dipole 

antenna, a phase shifter, buffers, and a frequency doubler. The TX consists of an 

injection-locked oscillator, buffers, power amplifiers, ×5 frequency multipliers and on-

chip dipole antennas. Substrate cancellation enhances the array radiation efficiency. The 



	
	

multiplier-last architecture enables systematic and optimal design of the oscillator and the 

antenna. An output power of −10.3dBm at 500GHz is demonstrated in this design. The 

chip size is 2.2mm × 2.4mm. 
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Chapter 1 

Introduction 

1.1.  Trends in the Semiconductor Industry 

This is a truly exciting era for circuit designers. Fairchild Semiconductors 

demonstrated the first integrated circuit back in 1960, which started the IC industry’s 

revolution for many decades to come. Since then the semiconductor has come a long way 

to reach today’s unprecedented level of integration and performance. Recently we have 

seen an explosion in sub-5GHz applications that enabled wireless connectivity such as 

WiFi, Bluetooth, and LTE. However, this spectrum has become congested and there is 

increasing interest in the higher-frequency, mm-wave (30GHz to 300GHz) and THz 

(300GHz to 3THz) regime. The higher carrier frequencies enable promising yet 

challenging new applications such as automotive radar, 5G, WiGig, and the Internet of 

things (IoT). We briefly describe each technology here and the implications for the circuit 

designer. 
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1. Automotive Radar (24/77GHz): Autonomous driving is expected to become 

the next technological disrupter and requires accurate imaging of the vehicle’s 

surroundings. Current vehicles utilize light detection and ranging (LIDAR) to 

scan and image the driver’s surroundings. The shortcoming of this technology 

is its sensitivity to harsh environments such as rain, fog, and snow. Mm-wave 

frequencies are insensitive to such weather conditions and therefore serve as a 

great complement to existing laser technology. Texas Instruments and 

Freescale are early developers of fully integrated mm-wave radars in silicon.  

2. 5G cellular (28/37/39GHz): Although the exact definition of 5G is still under 

discussion, the carrier frequencies are likely to be in the mm-wave regime. 

The wide available bandwidth at these frequencies enables data rates up to 

tens of gigabits per second. 5G is also expected to work simultaneously with 

thousands of wirelessly connected sensors called the Internet of Things (IoT). 

Proof of concepts have been demonstrated in academia [1], [2] and is under 

active development in industry. 

3. WiGig (60GHz): The unlicensed 60-GHz band (WiGig) has shown great 

promise in delivering high data rates. Expected applications are in the areas of 

high-throughput wireless local area network (WLAN), personal area network 

(PAN) [3], or wireless docking. 

4. Internet of Things: A ubiquitous array of sensors with wireless connectivity 

proves beneficial in applications such as automotive, industrial, and 

environmental. The IoT is expected to work seamlessly with the upcoming 5G 

technology described previously. 
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5. Medical/Security Imaging: Mm-waves penetrate through clothing and 

packaging materials, making it suitable for security imaging. Furthermore, 

since the beamwidth is proportional to wavelength, it is beneficial to perform 

imaging using mm-wave frequencies to improve the resolution of the images. 

Imaging examples are shown below in Figure 1.1. 

                    

Figure 1.1 – Mm-wave/THz frequencies are useful for security and imaging 

applications due to its unique properties.  

A unifying theme from these examples is the higher carrier frequency. The wider 

available bandwidth at these frequencies helps to relieve the congestion in sub-5GHz 

applications and enables the potential for higher-performance wireless connectivity. In 

addition, due to the high complexity and challenging performance requirements in these 
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systems, it is important to design custom silicon in order to optimize the performance for 

each application. Interdisciplinary knowledge from analog, RF, millimeter-wave, antenna 

and electromagnetics will help us design circuits that meet these challenging 

requirements. It is also crucial to run system-level simulations to understand coupling 

mechanisms that may adversely affect the system performance.  

Traditionally, mm-wave signals have been generated using either using quantum 

cascade lasers (QCL) or III-V electronics. QCL requires cooling and is unsuitable for 

consumer applications, while III-V technologies are expensive and cannot be integrated 

with consumer digital signal processor (DSP) technologies. With its continuing 

advancement, silicon has become an excellent candidate to fill the so-called “mm-

wave/THz gap”, shown in Figure 1.2. Silicon offers a high level of integration with 

existing digital and mixed-signal electronics, and is high-yield and low-cost when mass 

manufactured. These are key advantages to enabling mobile consumer electronics. 

                         

Figure 1.2 – Silicon as a low-cost, high-integration solution to fill the mm-wave/THz 

gap. 
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However, there are many challenges in silicon mm-wave/THz. These include how 

to miniaturize and design fully wireless systems for mobile applications, how to generate 

enough power to compensate for the high loss, as well as how to form a narrow 

beamwidth to improve the resolution in imaging systems. The low power results from the 

high loss and low gain of silicon at mm-wave frequencies. The traditional single-chip 

design limits the array size which results in low output power and wide beamwidths. 

Furthermore, there has been limited efforts towards designing a fully wireless mm-wave 

system, which limits the mobility and the scalability of these designs. 

In this thesis, we take several approaches to tackle these challenges. In particular, 

we present the design of a 26GHz fully integrated electron paramagnetic resonance 

(EPR) spectrometer, a 50/100GHz wirelessly synchronized mm-wave array (WSMA), 

and a 500GHz 2×1 transmitter array with wireless synchronization. In each design, 

system-level requirements are presented and circuit blocks are optimized for its particular 

application. Chip-level electromagnetic (EM) simulations are performed to identify and 

address undesirable coupling between circuit blocks. In addition, circuit-level EM 

simulations help ensure proper circuit performance and functionality such as oscillator 

start-up, amplifier stability and matching accuracy. 

1.2. Organization 

This thesis is organized as follows: 

In Chapter 2, an integrated transceiver for time-domain EPR spectroscopy is 

implemented using a 0.13µm SiGe BiCMOS technology. The system utilizes an on-chip 
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resonator to study time domain relaxation behavior of paramagnetic samples, i.e. 

materials with unpaired electron spins. The single-chip EPR spectrometer consists of an 

EPR resonator, 22-26GHz tunable VCO, a programmable pulse generation block, RF 

buffer and power amplifier, a multi-stage LNA, and down-conversion mixer all in a 

2mm2-size chip area.  

In Chapter 3, we present the first wirelessly synchronized multichip array 

(WSMA) in 65-nm CMOS. The proposed architecture makes use of a central wireless 

signal to synchronize an mm-wave array, eliminating the need for connecting wires 

between the array elements. Wireless injection locking of a single chip is successfully 

demonstrated, and a 3-dB linewidth of 400 Hz at a carrier frequency of 50 GHz is 

achieved (stability ratio of 8 ppb). In addition, a two-element WSMA with an array 

aperture greater than 20 wavelengths is demonstrated using the proposed transceiver 

architecture.  

In Chapter 4, a 500GHz 2×1 transmitter with wireless synchronization is 

demonstrated using 90nm SiGe BiCMOS technology. Wireless synchronization allows 

for coherent operation of the THz array and enables rapid scaling of the radiated power 

and narrowing of the array beamwidth. Substrate cancellation enhances the array 

radiation efficiency. The multiplier-last architecture enables systematic and optimal 

design of the oscillator and the antenna. An output power of −10.3dBm at 500GHz is 

demonstrated in simulation. 

Finally, Chapter 5 concludes this thesis.  
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Chapter 2 

A Silicon-Based, Fully Integrated Pulse 
Electron Paramagnetic Resonance System for 

mm-Wave Spectroscopy 

EPR is a powerful tool that measures the spectral signature of materials with 

unpaired electrons. These systems are traditionally implemented in III-V technologies 

that are expensive and bulky, making them available only to specialized laboratories. In 

order to improve the mobility and accessibility of EPR, in this chapter we propose a 

fully-integrated transceiver for time-domain EPR spectroscopy implemented using a 

0.13µm SiGe BiCMOS technology. The system utilizes an on-chip resonator to study 

time domain relaxation behavior of paramagnetic samples, i.e. materials with unpaired 

electron spins. The single-chip EPR spectrometer consists of an EPR resonator, 22-

26GHz tunable VCO, a programmable pulse generation block, RF buffer and power 

amplifier, a multi-stage LNA, and a down-conversion mixer all in a 2mm2-size, 130nm 

BiCMOS silicon chip area. 
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2.1. Introduction 

Electron Paramagnetic Resonance (EPR or Electron Spin Resonance (ESR)) is a 

powerful spectroscopic technique used for studying materials and processes involving 

unpaired electron spins. The required magnetic field in EPR is about 700 times smaller 

than that of NMR (for the same resonance frequency). This significantly reduces the 

requirements of the magnet making it possible to build a handheld EPR spectrometer. 

EPR is used to study properties of paramagnetic species, such as metal ions in enzymes 

or free radicals involved in biochemical signaling pathways. The EPR technique is 

capable of direct measurement of the partial pressure of oxygen (pO2) in tissues with 

high sensitivity and accuracy [4]. EPR is also used in studying of cardiovascular diseases 

[5]. EPR is used for studying a special type of human skin cancer known as melanoma, 

where melanin pigments – naturally occurring proteins protecting against UV radiation 

and responsible for hair and skin color – act as ‘traps’ for free radicals that can be 

subsequently detected or imaged using EPR technology [6].  
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Figure 2.1 – Concept of pulse EPR spectroscopy. The transmitter sends two 

modulated RF pulses (90 degrees and 180 degrees) and detects the echo from the 

EPR sample. 

Currently there are two major family of techniques used to perform EPR 

spectroscopy. The first one is a frequency domain method using Continuous Wave (CW) 

EPR and the second one is a time domain technique using pulse EPR. CW utilizes a 

continuous, narrow-band signal to energize unpaired electrons in the presence of an 

external DC magnetic field (B0), and sweeps the frequency or the DC magnetic field to 

obtain the absorption line shape of the sample. It has been traditionally used for EPR 

because it is simpler in terms of circuitry and is able to study a wide range samples, 

including those with broad lines or very fast relaxation times (tens of nanoseconds). 

However, direct measurement of certain spin relaxation parameters, such as longitudinal 
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relaxation due to spin-lattice interaction (T1) and transverse relaxation due to spin-spin 

interaction (T2) is feasible using time domain or pulse techniques.  

In pulse EPR shown in Figure 2.1, instead of sweeping a continuous signal, high-

energy narrow pulses are used to generate an RF magnetic field, B1, normal to the DC 

field, B0. The B1 RF field flips the spins of the unpaired electrons. The subsequent time-

domain signal from spin relaxation is then recorded. Wideband spectral information of 

the EPR samples is reproduced using Fourier transform techniques applied to the EPR 

transient response. EPR spectrometers traditionally consisted of discrete microwave 

components that are heavy, expensive and bulky. In this paper, we present the first 

silicon-based, fully integrated mm-wave pulse EPR spectrometer capable of time-domain 

measurements.  

2.2. Circuit Design and Implementation 

A block-diagram of the integrated EPR spectrometer is shown in Figure 2.2. 

During the first phase (excitation), the transmitter section provides an RF magnetic field 

on the EPR sample by controlling the output current of an on-chip resonator connected to 

a power amplifier (PA). The 30GHz B1 magnetic field generated in the excitation coil 

causes flipping of electron spins. In phase two, a control pulse signal switches off the PA 

in less than 0.5ns. This is implemented by switching off both the PA and its previous 

buffer stage, as will be explained in the following paragraphs. The sooner the transmitter 

turns off, the faster the time domain EPR signal can be observed. In this scheme, it is not 

necessary to turn off the LNA, as the LNA transition from saturation to linear operation is 

also about 0.5ns. In the final stage (the detection phase) the four-stage differential LNA 
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amplifies the received EPR signal by 60dB, and sends it to the mixer for downconversion 

to the baseband.  

                         

Figure 2.2 – The system architecture of the mm-wave EPR spectrometer. 

The transmitter consists of a voltage controlled oscillator (VCO) operating at 22 

GHz to 26 GHz range, buffers and a power amplifier (PA). The VCO topology used is a 

negative resistance cross-coupled transistor pair that provides the oscillator core. 

Differential transmission lines are used to bias the oscillator core as well as to serve as 

inductors to resonate with the varactor. The varactor is implemented using reversebiased 

diodes. Following the VCO is a single-stage buffer which isolates the VCO from the PA 

and its preamplifier. This buffer ensures that the oscillation frequency remains unchanged 

by keeping the VCO load impedance constant during the transition from the excitation 
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phase (PA on) to the detection phase (PA off). The VCO signal is then routed to the RF 

and LO paths, each through a two-stage buffer. In particular, the second stage of the two-

stage buffer in the RF path has a switch that shorts its base voltage to ground, providing a 

high level of isolation between the VCO output and the on-chip resonator. The PA has a 

similar switching mechanism with an additional pull-down transistor at the base of the 

PA cascode transistor stage that provides further isolation. This operation allows for the 

VCO to remain on throughout all stages, eliminating start-up time issues. The combined 

effect of switching the buffer and the PA provides 55dB on/off ratio for the current on the 

excitation coil.  

                         

Figure 2.3 – Schematic of the spectrometer core consisting of the PA, on-chip loop 

resonators and the first stage of the 4-stage LNA (biasing not shown). 
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Figure 2.4 – Programmable pulse generation circuit. The current sources are binary 

scaled, allowing for programmable pulse widths with 10-bit resolution. The pulse 

width ranges from 0.5ns-500ns. 

The spectrometer core consisting of the PA, resonator and the LNA is shown in 

Figure 2.3. The PA employs a differential cascode topology, which converts the input 

power to an RF current on the excitation coil. In order to maximize this current, the PA 

output matching network is optimized using on-chip transmission lines. Top metal layers 

with low sheet resistances (0.007 /square for 7th layer and 0.037 /square for 5th layer) are 

used for the coils in order to make high quality factor resonators. The excitation coil size 

is 20 µm and it produces a B1 field of 20 Gauss by a current of 16mA. This is sufficient 

for generating a 90-degree flip angle of ~100 ns long.  

A programmable pulse generator capable of producing digital pulses with pulse 

widths ranging from 0.5ns-500ns is integrated, as shown in Figure 2.4. The pulse width 

is determined by the time it takes for the capacitor to discharge from the supply voltage to 
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a threshold voltage. The “Set” signal charges the capacitor on falling edges through the 

pull-up PMOS transistor and discharges it through the current sources on rising edges. 

Ten binary scaled current sources, each representing a digital bit, control the rate at which 

the capacitor discharges and therefore the pulse width. This is equivalent to having pulse 

width resolution of 0.5ns. The comparator and the NOR gate are used to identify the 

rising edge of the Set signal and the rising edge of the comparator output. In order to 

derive an expression for the pulse width as a function of the digital bits, we can express 

the voltage on the capacitor as follows: 

! " = !$ −
1
' (	*" = !++ −

( ∗ "
' = !-.

/

0
 

Ignoring the propagation delay times for the comparator and the NOR gate, the time it 

takes for the capacitor to discharge to level of VTH is therefore: 

" = !++ − !-. ∗ '
(  

Equation	2.1	–	Approximate	expression	for	the	pulse	width.	

where	in	Equation	2.1	the	total	current	I	is	the	sum	of	each	binary-weighted	current	

sources,	 VTH	 is	 the	 threshold	 voltage	 for	 the	 inverting	 comparator,	 and	 C	 is	 the	

capacitance	 to	 be	 charged	 and	 discharged.	 	 In	 this	 design,	 the	 values	 are	 selected	

such	 that	 the	 pulse	 widths	 can	 be	 programmed	 from	 0.5ns	 to	 500ns	 with	 10-bit	

resolution.	
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On the receiver side, a four-stage variable-gain LNA providing a gain of 60dB is 

implemented to amplify the EPR signal. Each LNA uses differential cascode topology. 

The LNA input matching circuit is designed to maximize the LNA gain and match it to 

the detection coil. Following the LNA is a down-conversion mixer. The mixer uses 

double-balanced Gilbert cell topology. 50-Ω resistors are used to degenerate the mixer in 

order to improve the linearity. The demodulated signal is finally amplified by the 

baseband amplifier which employs a differential amplifier matched t output impedance of 

100 Ω.  

2.3. Measurement Results 

The	 chip	 is	 fabricated	 in	 IBM’s	 0.13μm	 SiGe	 BiCMOS	 process	 technology.	

Figure 2.5	 shows	 the	 chip	 micrograph.	 Figure 2.6	 shows	 the	 measured	 VCO	

frequency	 versus	 the	 tuning	 voltage.	 The	 oscillation	 frequency	 ranges	 from	 22-

26GHz	 for	 a	 tuning	voltage	of	1.8V-5V,	which	 corresponds	 to	~16%	 tuning	 range.	

The	 transmitter	 gain	 is	 936A/W,	 which	 is	 calculated	 by	 dividing	 the	 e	 excitation	

current	 by	 the	 VCO	 output	 power.	 The	 receiver	 has	 a	 gain	 of	 244W/A	 which	 is	

calculated	 by	 dividing	 the	 baseband	 output	 power	 on	 a	 50	 load	 by	 the	 detection	

current.	 The	 size	 of	 the	 chip	 is	 1mm	 by	 2mm.	 The	 power	 consumption	 for	 t	 the	

whole	chip	is	385mW.	Table	5.1	below provides a summary of the chip performance. 

The measurement results for the programmable pulse generator are shown below 

in Figure 2.7 Two different pulse width settings of 200ns and 2ns are measured. As can 

be seen on the graph, during the negative edge of the clock, the voltage on the negative 

plate of the capacitor is shorted to the supply voltage. This starts the discharging of the 
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capacitor through the current sources that were enabled by the digital bits. The pulse 

width is then related to the number of current source bits that were enabled, as measured 

and shown in Figure 2.7. The pulse width can be varied from 0.5ns to 500ns. This 

demonstrates the successful functionality of the programmable pulse generator. 

The system operation in the pulse mode is shown below in Figure 2.8. In this 

measurement, the entire transceiver and the programmable pulse generator are 

operational and measured. The measurement in Figure 2.8 shows the probed output at the 

output of the baseband amplifier. The pulse width of the downconverted signal is 1ns, 

which corresponds to the programmed turn-off time for the power amplifiers. This 

demonstrates the successful operation of the 30GHz transceiver in conjunction with the 

programmable pulse generator. 

	

	



	 37	

                         

Figure 2.5 – Chip micrograph of the mm-wave pulse EPR spectrometer. 

 

Figure 2.6 – Measured VCO spectrum showing the tuning range from 22-26GHz 

(16%). 
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Figure 2.7 – Programmable pulse measurement: measured programmable digital 

pulse output showing two pulse widths of 200 ns and 2 ns. 
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Figure 2.8 – System Measurement: measured down-converted baseband signal with 

1 ns pulse width. 
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Table	2.1	–	Performance	of	the	mm-wave	EPR	spectrometer.	

SoC Specifications  
Process IBM 8HP 0.13µm SiGe BiCMOS 
Die specifications 1mm x 2mm, 54 pins (47 I/O, 7 test)  
Power consumption 385mW  

 

Transmitter  
Operation frequency 22-26GHz 
Pulse Frequency 
Pulse Width 
Pulse Resolution 

1-10MHz 
0.5ns-500ns 
0.5ns 

Transmitter Gain  936A/W (excitation current/VCO output power) 
 

Receiver  
Operation Frequency 
LNA Voltage Gain 
LNA Input Noise Current 
Receiver Gain 

22-26GHz 
61dB 

 
244W/A (baseband output power/detection current) 

2.4. Conclusion 

EPR is a powerful tool that measures the spectral signature of materials with 

unpaired electrons. This enables many imaging and spectroscopy applications. EPR was 

previously restricted to specialized laboratories because they were implemented using 

discrete circuit components that were heavy, bulky and costly. This work presents a fully 

integrated, dual-mode EPR system implemented in a 130nm BiCMOS silicon technology. 

The system utilizes an on-chip resonator to study time domain relaxation behavior of 

paramagnetic samples, i.e. materials with unpaired electron spins. The single-chip EPR 

spectrometer consists of an EPR resonator, 22-26GHz tunable VCO, a programmable 
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pulse generation block, RF buffer and power amplifier, a multi-stage LNA, and a down-

conversion mixer all in a 2mm2-size, 130nm BiCMOS silicon chip area. The sensitivity 

of the proposed EPR spectrometer is limited by the TX-RX self-interference signal that 

saturates the receiver. Active cancellation techniques can be used to mitigate this issue, as 

demonstrated in [7]. 
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Chapter 3 

Wireless Synchronization of Widely-Spaced 
Mm-Wave Arrays in 65nm CMOS 

In this chapter, we present the first wirelessly synchronized multichip array 

(WSMA) in 65-nm CMOS. The proposed architecture makes use of a central wireless 

signal to synchronize an mm-wave array, eliminating the need for connecting wires 

between the array elements. Wireless injection locking of a single chip is successfully 

demonstrated, and a 3-dB linewidth of 400 Hz at a carrier frequency of 50 GHz is 

achieved (stability ratio of 8 ppb). In addition, a two-element WSMA with an array 

aperture greater than 20 wavelengths is demonstrated using the proposed transceiver 

architecture. The reported transceiver includes a receiving on-chip antenna, a low-noise 

amplifier, an injection-locked voltage-controlled oscillator, a buffer amplifier, an in-

phase/quadrature generator, a phase shifter, a power amplifier, and a transmitting on-chip 

antenna. The chip is fabricated in a 65-nm CMOS process and occupies an area of 1.7 

mm × 3.8 mm. This work sets the foundation for increasing the array aperture through 
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wireless injection locking, extending traditional array systems into the high-resolution, 

narrow-beamwidth regime.  

3.1. Background and Prior Works 

The distinct advantages of the mm-wave and THz spectrum gave rise to its 

significant presence in state-of-the-art imaging, spectroscopy, and communication 

applications. The strong polar contrast and non-ionizing nature of mm-wave makes it a 

safer alternative to X-rays in conducting biomedical examinations [8], [9]. Mm-waves 

also exhibit high resistance to rain, fog and snow, making it a great complement to 

existing laser scanning technology for automotive radars [10], [11]. Furthermore, this 

spectrum penetrates through clothing and packaging material, making it an ideal 

candidate for concealed weapons detection [12]. In particular, silicon has made way into 

the mm-wave spectrum in the past few years as advanced technology nodes with fT over 

200 GHz became available [13]–[18]. Silicon processes offer the advantages of low-cost, 

high-yield, and small form factor. Additionally, designing mm-wave circuits in silicon 

allows for close integration with the digital signal processor (DSP), which enables real-

time signal processing for industrial applications.  

Perhaps the most pressing challenges in silicon mm-wave are generating 

sufficient power and forming a narrow beamwidth. Higher radiated power extends the 

maximum detectable range in imaging radars, while narrower beamwidth improves the 

angular resolution in imaging systems and enhances the security level in point-to-point 

communication systems. To improve the power and aperture size, on-chip phased arrays 

can be used [19], [20]. These systems distribute a central oscillator signal through power 
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dividers to multiple transmit paths. The array aperture size is increased as a result of the 

coherent spatial combining of each path. Unfortunately, without expanding to a multi-

chip array, these designs were limited to single-chip operation that resulted in low power 

and small antenna aperture.  

To further increase the antenna aperture, researchers have proposed locking 

through a wire connection. The wired locking methods are implemented either in the 

form a phase-locked loop for continuous-wave systems [21], [22] or a digital square-

wave trigger for pulsed systems [23]–[26]. Unfortunately, the need for wires limits the 

scalability of the array, making it unsuitable for airborne, unmanned aerial vehicles 

(UAV), or mobile array systems. In addition, copper wires are a poor medium for 

distributing mm-wave signals and suffer from increased skin resistance with increasing 

frequency. In [27], the authors routed the RF signal off chip through an accurately 

modeled wirebond. While the antenna aperture expanded on the printed circuit board 

(PCB) level, the need for the tightly controlled wirebond results in low yields during 

mass production, and the antenna aperture is further limited by the loss of the high-

frequency RF signal.  

Wireless synchronization lifts the limitations of wired locking. In [28], an optical 

signal generated by a free-space laser locks the on-chip oscillator. However, the narrow 

beamwidth of the laser limits the operation angle and requires high-precision alignment, 

making it unsuitable for low-cost, mobile applications. In contrast, mm-wave wireless 

locking exhibits wider operation angle. In [29], the authors demonstrated the possibility 

of generating a 1.875 GHz local clock signal using a 15 GHz wireless signal. However, 

the range of operation was limited to a few centimeters, and no radiation or spatial 
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combining was performed. In [30], the authors achieved an array aperture size of few 

millimeters due to the lack of an effective frequency tuning mechanism, and lacked phase 

tunability for beamsteering and power combining.  

In order to address the above shortcomings, we propose to use a wireless signal to 

synchronize the widely-spaced elements in a large-aperture array. Previously in [31], the 

design, implementation, and measurements of single-chip wireless synchronization was 

demonstrated with 8 ppb accuracy. This paper extends the work in [31] to further 

demonstrate a Wirelessly-Synchronized Multi-chip Array (WSMA) based on the 

proposed transceiver architecture. The power efficiency of the receiver is improved by 

employing injection-locked voltage-controlled oscillators (IL-VCOs) in the receive path. 

The undesired transmit-receive (TX-RX) feedback is mitigated using orthogonal antenna 

polarization and orthogonal radiation efficiency. As a result, this work achieved an array 

size of >20λ with 120 ppb accuracy. To the authors’ best knowledge, this is the largest 

array size demonstrated to date using a wireless signal. The proposed design enables 

wireless scaling of mm-wave arrays and extends traditional single-chip and wired 

configurations into the wireless, high-resolution regime, as shown in Figure 3.1 and 

Figure 3.2. In addition, the wireless nature of the proposed design makes it suitable for 

constructing mm-wave arrays for UAV, airborne or mobile applications.  
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Figure 3.1 – Mm-wave arrays configured as single chip, multi chip wired locking, 

and multichip wireless locking. 

                         

Figure 3.2 – Beamwidth versus array aperture. A wireless locking system enjoys 

narrower beamwidth due to the large array aperture. 
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3.2. System Requirements 

Medical imaging systems require image resolutions on the order of tens of 

millimeters [32]. Since the resolution of an imaging array is equal to the half-power 

beamwidth of the antenna pattern [33], [34], the imaging resolution can be improved by 

narrowing the antenna beamwidth. For a large, broadside array system, [35] derives the 

following approximation for the half-power beamwidth θH in radians:   

1. ≈
3
4*

2.782
9  

Equation	3.1	–	Beamwidth	expression	of	an	array.	

where N is the number of array elements, d is the spacing between array elements, 

and λ is the wavelength at the frequency of operation. We observe from this equation that 

the beamwidth is inversely proportional to the array aperture N ×d. Assuming a target 

distance of 100 mm and a lateral resolution requirement of 10 mm, the corresponding 

system directivity is 31 dBi. If we further assume dipole and patch antennas directivity of 

∼5 dBi, and a four-element array with 6-dBi gain [19], the multichip array should provide 

20-dBi gain in order to achieve the required system directivity. According to (1), the 

overall system array aperture needs to be >20λ. In this design, we target an array aperture 

of 22λ, equivalent to 13 cm at the carrier frequency of 50 GHz.  

To see how this translates into circuit design requirements, first observe that for a 

fixed wireless synchronization power, as the antenna aperture increases, the distance R 

between the locking source and the array elements increases. This reduces the received 
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power in the array elements at a rate of 1/R2. The receiver thus needs to provide enough 

sensitivity in order to lock to the widely spaced elements. For an array spacing of 22λ and 

a receive antenna beamwidth of 36◦, the injection distance R is equal to 20 cm. Assuming 

the locking source radiates 10 dBm with 20-dBi gain, an on-chip RX antenna gain of −7 

dB at 45◦, the receiver is expected to receive −31 dBm, which is the sensitivity target for 

this design. It is also noteworthy that TX–RX feedback decreases the sensitivity and 

should be minimized. In addition, the IL-VCO should provide enough tuning range to 

compensate for the frequency variation across process, voltage, and temperature (PVT), 

while maintaining sufficient Q to ensure oscillator start-up. The design strategy to 

achieve these goals will be discussed in further detail in Section III.  

In terms of frequency planning, we note that the mm-wave spectrum encompasses 

a great range of frequencies with opposing tradeoffs. Lower frequencies provide better 

penetration depth while higher frequencies achieve higher imaging resolution [36], [37]. 

In this design, 50 GHz was chosen as the transmitting frequency. The frequency of the 

wireless synchronization signal was selected to be at 100 GHz, which is twice the 

oscillator frequency. The benefits at this frequency are twofolds. First, since the resonant 

antenna size is inversely proportional to the frequency, at lower frequencies, the antenna 

becomes prohibitively large (e.g., a half-wave dipole at 25 GHz in silicon is 3-mm long). 

Implementing a nonresonant, inefficient antenna would result in a reduction in 

sensitivity. Second, this frequency allows for direct injection at the tail current source of 

the IL-VCO without the need for power-hungry circuit blocks, such as frequency 

multipliers and power amplifiers. 
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3.3. Antenna and Circuit Design 

The transceiver architecture is shown in Figure 3.3. It consists of a patch antenna 

that receives the wireless injection signal, a dipole antenna at the output that radiates the 

locked mm-wave signal, a four-stage power amplifier, a phase shifter, buffer amplifiers, 

and an injection-locked voltage-controlled oscillator (IL-VCO). The integration of IL-

VCO and phase shifter allows for frequency and phase offset adjustment between array 

elements, respectively. In this design, a low-power 100-GHz signal is used as the central 

injection source. The injected signal is first received by the on-chip patch antenna, 

amplified by the low-noise amplifier (LNA), and then injected into the current source of a 

divider to produce a 50-GHz reference signal. To compensate for the loss of the 

quadrature generator, the output of the IL-VCO is amplified by 12.5 dB before being 

passing through the phase shifter. Finally, the output of the phase shifter is amplified by 

the on-chip PA to 11 dBm and radiated through the on-chip dipole antenna. The 

following sections provide a detailed explanation of the design of the on-chip antennas 

and each circuit block.  

                         

Figure 3.3 – Proposed transceiver architecture. 
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3.3.1. Orthogonal Antenna Design for the Elimination of Self-Oscillation 

Traditional mm-wave transmitters utilize a silicon lens to collect and radiate the 

surface wave power [16], [19], [38], [39]. This significantly increases the cost and the 

complexity of the system. In this design, we achieve high radiation efficiency by 

selecting an optimal substrate thickness for a grounded microstrip antenna. At extremely 

thin substrates (λ0/10), the radiation efficiency of a microstrip antenna is very low due to 

the high conductor loss [40]. It is, therefore, desirable to increase the substrate thickness 

to be comparable to the wavelength. When the substrate thickness is > λ0/10, the radiation 

efficiency becomes dominated by the surface wave power. According to the analysis in 

[41], The TM surface waves are in phase with the space waves and add constructively to 

the total radiated power, while the TE surface waves are out-of-phase and reduce the total 

radiated power. Since the TM0 mode has a cutoff frequency at 0 Hz, the radiation 

efficiency increases as the substrate thickness increases until it reaches the optimum, 

which corresponds to the cutoff frequency of the TE0 mode. In this design, 2.5-D EM 

simulations using IE3D are used to find the optimal thickness. As shown in Figure 3.4, 

the optimal thickness is 430 µm, which is equal to approximately 0.07 wavelengths in air. 

A dipole antenna is selected as the radiating element due to its small form factor. The 

length of the dipole is 900 µm, which is equal to approximately 0.15 wavelengths in air at 

50 GHz.  

As shown in Figure 3.5, a wireless injection locking system suffers from 

multipath and direct feedback from the TX to the RX antenna. Multipath feedback is 

caused by space wave radiation while direct feedback is caused by lateral and surface 

wave coupling. If the feedback is strong enough, the receiver locks to its own transmitter 
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instead of the external synchronization signal, resulting in an unstable system or injection 

pulling [42]. A simplistic design in which the TX and RX antennas are identical would 

lead to maximum feedback. Here, we identify and address all possible feedback 

mechanisms in terms of the TX frequency.  

1. Fundamental:  TX antenna radiates 50-GHz signal that couples back to the RX 

antenna. The strong fundamental signal (∼ 10 dBm) then produces the second 

harmonics at the output of the LNA that desensitizes the receiver and forms a 

feedback loop.  

2. Second Harmonic:  TX antenna radiates undesired second harmonic at 100 

GHz that couples back to the RX antenna, leading to direct interference with 

the 100-GHz synchronization signal.  

3. Higher Harmonics:  Higher odd harmonics (e.g., 150 GHz) could also 

feedback to the RX antenna due to the high antenna efficiency at these 

harmonics.  
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Figure 3.4 – Transmitting dipole antenna radiation efficiency versus h/λ0. The 

optimal thickness is approximately 0.07λ0, or 430 µm. 

                         

Figure 3.5 – Illustration of undesired feedback via lateral, surface, and space waves. 

This effect is mitigated through designing antennas with orthogonal polarization 

and radiation efficiency. 
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In order to eliminate desensitization and self-oscillation, further TX–RX feedback 

suppression is necessary. In this design, we address this issue by: 1) designing the RX 

antenna to be orthogonal to the TX antenna in radiation efficiency and 2) introducing 

orthogonal polarization between the antennas. This is achieved by designing the patch 

RX antenna with an M1 ground plane to change its effective substrate thickness to 8 µm. 

In order to find the optimal patch length, we invoke Hammerstad’s formula [43] that 

states that the frequency of a resonant patch antenna with length L operating in the 

dominant TM10  mode is given by  

:;0 =
<
ε>

1
2 ? + A?  

Equation	3.2	–	Resonant	frequency	of	a	patch	antenna.	

where c is the speed of light, εr is the permittivity of silicon, and ΔL is the length 

accounting for the fringing effect. In this design, ΔL can be ignored due to the extremely 

thin effective substrate, and L is chosen to be 750 µm to receive efficiently at 100 GHz. 

Figure 3.6 shows the simulated impedance of the patch of 57Ω at 100 GHz. As shown in 

Figure 3.7, the TX antenna transmits efficiently at odd harmonics of 50 GHz while the 

RX antenna receives efficiently at even harmonics, achieving orthogonality and 

minimum space wave coupling. Furthermore, since the receiver patch antenna is sensitive 

to an incoming wave with an E-field in the direction of the feed line, which is 

perpendicular to the E-field radiated by the transmitter dipole, as shown in Fig. 8, lateral 

and surface wave couplings are significantly reduced. Based on the numerical simulation 

results reported in Figure 3.8, it is shown that by using a receiving patch antenna instead 
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of a dipole, the isolation is improved by 60 dB at 100 GHz. The implemented layout of 

the antennas is asymmetric and the coupling effect is simulated in Figure 3.9. The 

proposed TX and RX antenna design reduces surface wave, lateral wave, and space wave 

coupling, and therefore minimizes injection pulling and ensures the stability of the 

system.  

                         

Figure 3.6 – Simulated impedance of the receiving patch antenna tuned at 100 GHz. 
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Figure 3.7 – Simulated radiation efficiencies of the TX dipole (solid line) and the RX 

patch antennas (dashed line). The TX peaks correspond to the RX valleys and vice 

versa, resulting in efficiency orthogonality. 

                         

Figure 3.8 – Simulated TX-RX coupling. Dashed: Dipole-dipole coupling. Solid: 

Dipole-patch coupling. 
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Figure 3.9 – Simulated TX-RX coupling. Long dash: symmetric dipole-dipole 

coupling. Short dash: symmetric dipole-patch coupling. Solid: Asymmetric (80µm) 

dipole-patch coupling as implemented in this design. 

 

3.3.2. IL-VCO and LNA 

The choice of employing IL-VCOs in the receive path entails two advantages. 

First, the presence of local oscillators enables independent operation of each transceiver 

chip without a wireless injection signal. Second, the IL-VCO significantly improves 

power efficiency as the input power could be greatly reduced near the oscillator’s natural 

frequency. In this design, the IL-VCO achieves a −3-dBm output power with −47-dBm 

input locking power, a task difficult to achieve without a long cascade of amplifiers.  
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Figure 3.10 – Simplified schematic of the injection-locked receiver. The patch 

antenna uses an M1 ground to form efficiency orthogonality. 
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Figure 3.11 – IL-VCO loaded small-signal tank impedance and admittance. The 

negative loaded conductance and zero susceptance at 50 GHz ensure successful 

oscillator start-up. 

                         

Figure 3.12 – IL-VCO loaded small-signal tank impedance and admittance. The 

negative loaded conductance and zero susceptance at 50 GHz ensure successful 

oscillator start-up. 
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Q of the IL-VCO tank needs to be carefully designed in order to balance between 

tuning range and negative conductance margin. Frequency tunability allows for 

compensation of the free-running frequency due to PVT variations, which are usually 

nonnegligible; negative-conductance margin ensures oscillator start-up at mm-wave 

frequencies despite PVT variations. In this design, the small-signal loaded tank 

impedance Ytank is designed to be −0.8 mS at 50 GHz. The schematics of the IL-VCO and 

the LNA are shown in Figure 3.10. The IL-VCO utilizes a cross-coupled negative-

conductance core with a tail current source, from which the wireless signal is injected. 

The width of each transistor forming the negative conductance core is 15 µm with 1 µm 

per finger width. The varactors are implemented by thin-oxide MOS devices that provide 

an approximate capacitance of 22 fF. The bias can be varied from 1 to 2 V while the 

corresponding quality factor varies from 7 to 2. The resultant IL-VCO operates from 51.3 

to 52.1 GHz. Due to the low quality factor of the MOS varactor at this frequency, the 

matching network of the subsequent buffer stage is designed to keep the real part of the 

tank impedance high enough so oscillation can start. Figure 3.11 and Figure 3.12 show 

the small-signal loaded tank admittance Ytank = −0.8 mS at 50 GHz. The negative 

conductance and the zero susceptance ensure successful oscillation start-up at 50 GHz 

until the nonlinearity of the large-signal transconductance limits the oscillation 

amplitude. The IL-VCO delivers −3.5-dBm power to the buffer load. To prevent an 

undesired common-mode oscillation, a 1-kΩ resistor is placed in series with the 

frequency-tuning node to reduce the common-mode gain.  
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Figure 3.13 – The LNA 1-dB compression point of 6.5 dBm is well above the power 

required to synchronize the IL-VCO. 

                         

Figure 3.14 – Simulated LNA gain and NF. The gain is 2.3dB and the noise figure is 

6.3dB. 
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A single-ended LNA is conjugate-matched using stub transmission lines. It 

amplifies the 100-GHz wireless signal by 2.3 dB and injects the signal at the current 

source of the IL-VCO. A resistor is included in the path of the current mirror to form a 

high impedance path, such that the injected power is directed toward the IL-VCO. In 

order to ensure stability, a parallel RC-network is used in the signal path. This topology 

acts as a high-pass filter, such that the lower frequency signals around the GHz range are 

attenuated. The simulated noise figure (NF), gain, and linearity are shown in Figure 3.13 

and Figure 3.14. As can be seen from the graphs, the NF at 100 GHz is 6.3 dB, and the 

1-dB compression point is 6.5 dBm.  

3.3.3. I/Q Generator and Phase Shifter 

In an injection-locked oscillator, there is a phase difference between the injection 

signal and the free-running oscillator [42]. In general, the phase of free-running 

oscillators is random as it is determined by noise, and the phase of the injection signal 

depends on the distance between the injection source and the chip. To ensure coherent 

combining at a desired point in space, a phase shifter in each transmitter is incorporated. 

As shown in Figure 3.15 and Figure 3.16, an active current-mode phase shifter with in-

phase/quadrature (I/Q) generation network is implemented. A quarter-wave transmission 

line is used to generate the quadrature signal. In order to prevent reflections, both I and Q 

signal paths are first matched to 100Ω using coupled transmission lines with Z0 = 100Ω. 

Then, a 50Ω transmission line matches to the previous buffer amplifier, preventing any 

reflections at the split junction. The quadrature inputs are fed into the phase shifter, which 

takes the linear combination of the two phases in the current domain. The gain and phase 

are controlled by the weights of four input signals that have different phases (0°, 90°, 
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180°, and 270°). The signal is attenuated by 3 dB in this stage, which is compensated by 

subsequent amplification. Continuous phase shifting is achieved by tuning analog 

voltages Vb0 , Vb90 , Vb180 , and Vb270 . Compared with passive phase shifters, such as the 

trombone shifter [44] or the varactor-loaded transmission line [45], the implemented 

active phase shifter consumes less area, provides higher gain, and enables continuous 

phase tuning. The resolution of the phase shifting is limited only by the resolution of the 

digital-to-analog converter (DAC). The phase simulation is shown in Figure 3.17. Due to 

the extra quarter-wave transmission line for the quadrature path in the I/Q generation 

network, the Q voltage is attenuated by 0.9 dB. This can be compensated in measurement 

by adjusting the bias voltages of the phase shifter. 

                         

Figure 3.15 – Schematic of the quadrature generator. 
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Figure 3.16 – Schematic of the linear interpolator phase shifter. 

                         

Figure 3.17 – Output of the phase shifter under the locked condition. The difference 

in magnitude is due to the quarter-wave line and can be compensated by adjusting 

the bias voltages Vb0, Vb90, Vb180, and Vb270. 
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3.3.4. Power Amplifier 

The final stage of the transceiver is a four-stage PA shown in Fig. 13. The PA is 

designed with interstage matching using differential transmission lines that have side and 

bottom ground shields. Each stage is matched using a series capacitor, a series 

transmission line, and a shorted-stub shunt transmission line. The series capacitor and 

series transmission line rotate around the Smith Chart to the optimal conductance 

obtained from load-pull simulations; then, the shunt transmission line acts as an inductor 

to tune out the combined susceptance of the load and the transistor source, achieving 

resonance at 50 GHz. The transistors are progressively sized to provide maximum gain 

and prevent saturation. Metal– insulator–metal capacitors with the values of 280 fF act as 

dc-blocking capacitors to enable independent biasing at each stage. The capacitor has a 

self-resonant frequency of 120 GHz, which is far above the operating frequency. The 

quality factor of the capacitor at the operating frequency of 50 GHz is 37.  
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Figure 3.18 – Schematic of the four-stage PA and the dipole antenna [31]. The dipole 

antenna is above a total substrate thickness of 430 µm. 

                         

Figure 3.19 – Simulated large-signal behavior of the power amplifier. The PA 

achieves 12.5-dB gain, 11-dBm output power, and 6.5% maximum PAE.  



	 66	

The mm-wave amplifiers suffer from severe instability due to the use of high-gain 

transistors and high-quality factor resonant tanks. In addition, at mm-waves, the PCB 

traces and wirebonds become comparable to the wavelength, making the on-chip bias 

nodes non-ideal ac grounds. As a result, the feedback from drain to gate, source to gate, 

or even inter-stage feedback may cause instability. In order to improve stability, several 

measures are taken. First, a parallel RC tank is placed in series with the signal path. The 

R and C values are carefully selected to attenuate low GHz frequencies while passing the 

50-GHz signal. In addition, instead of using high-Q transmission lines, biasing resistors 

are used at the gate to reduce the quality factor at that node. Furthermore, each amplifier 

includes series RC circuits to form a lossy, low-impedance path between bias and ground 

to reduce the undesired feedback. In this design, each amplifier stage incorporates 

multiple series RC tanks in parallel to achieve a total of 7.2-pF capacitance. The k -factor 

of each stage is simulated to ensure unconditional differential and common-mode 

stability. As shown in Figure 3.19, the PA achieves 12.5-dB gain, 11-dBm output power, 

and 6.5% maximum PAE.  

3.4. Measurement Results 

3.4.1. Single-Chip Wireless Synchronization 

The chip was designed and implemented using IBM’s 65-nm bulk CMOS 

technology. The size of the chip, including the on-chip antenna and bond pads, is 1.7 mm 

× 3.8 mm. The measurement setup and the chip micrograph are shown in Figure 3.20 and 

Figure 3.22. As mentioned earlier, in order to maximize the radiation efficiency, a high-

resistivity silicon wafer is attached in between the chip and the PCB ground, producing 
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an effective substrate thickness of 430 µm. The chip consumes a total of 330 mW. Tuning 

range of the IL-VCO was measured using OMLs V-band harmonic mixer and standard-

gain horn antenna WR-15 M15RH. The maximum detectable distance between the chip 

under test and the receiving horn antenna was 100 cm. No lens was used in this 

measurement. Accounting for the respective mixer and the cable losses of 40 and 3.5 dB, 

the calibrated received power was −51.5 dBm. As a result, a radiated power of −5 dBm 

was calculated using the Friis formula.  

                         

Figure 3.20 – Measurement setup for single-chip wireless synchronization.  

In order to demonstrate wireless injection locking, an Anritsu 68369B signal 

generator was used in conjunction with Millitech’s AMC-10-RFHB0 ×6 multiplier and a 

W-band, pyramidal horn antenna SGH − 10-RO to inject the locking signal to the chip. 

The output power of the multiplier was 10 dBm. The distance of the horn antenna and the 

chip was about 5cm. The simulated gain of the patch antenna at (45◦, 0) is −7.7 dBi. 

From the Friis formula, the received power injected into the IL-VCO is calculated to be 

−21.7 dBm. Figure 3.21 shows the spectrum of the IL-VCO in the free-running and 
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injection-locked modes. Based on this measurement, the 3-dB linewidth of the locked and 

unlocked signals is 400 Hz and 500 kHz, respectively; 400 Hz at 50 GHz translates to a 

frequency stability of 8 ppb. As shown in Figure 3.23, the tuning voltage was varied 

from 0 to 1.6 V, and the observed oscillation frequency ranged from 51.3 to 52.1 GHz, 

demonstrating a tuning range over 800 MHz. Figure 3.24 further shows the measured 

injection locking range while keeping the tuning voltage of the IL-VCO constant. As can 

be seen, the frequency of the IL-VCO exhibits a linear relationship with the 

synchronization frequency, demonstrating successful wireless locking. The locking range 

of the transceiver is > 3 MHz. The tuning voltage of the IL-VCO was not varied in this 

experiment. Finally, Fig. 18 shows the phase noise measurements of the free-running 

transceiver, the locked transceiver, and the signal generator. The phase noise is 

significantly reduced (40 dB at 100-Hz offset; 23 dB at 1-kHz offset) upon injection of 

the wireless signal, enabling rapid scaling of the transceiver array. 
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Figure 3.21 – Spectrum of free-running versus wirelessly injection-locked oscillator.  

                         

Figure 3.22 – Chip Micrograph. The design was implemented in 65-nm CMOS and 

occupies and area of 1.7 mm x 3.8 mm.  
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Figure 3.23 – Measured tuning range of the IL-VCO.  

                         

Figure 3.24 – Measured tuning range of the receiver. The tuning voltage of the IL-

VCO was not varied in this experiment. 
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Figure 3.25 – Measured phase noise for free-running oscillator, locked oscillator, 

and injection source. 

3.4.2. Spatial Power Combining Using Wireless Injection Locking 

Upon characterization of the single-chip locking, we proceed to demonstrate 

spatial power combining of two widely spaced chips using wireless injection locking. 

Note that while the actual array implementation requires a dense array in order to prevent 

grating lobes, the goal in this experiment is to determine the maximum distance between 

the two furthest elements in the array. These elements are the most difficult to 

synchronize to and therefore represent the largest array size achievable by the proposed 

design.  
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Figure 3.26 – Measurement setup for power combining to demonstrate maximum 

achievable array aperture. 



	 73	

                         

Figure 3.27 – Measurement setup for power combining to demonstrate maximum 

achievable array aperture. 
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The measurement setup is shown in Figure 3.26 and Figure 3.27. The 

measurement horn antenna was placed 40 cm from the center of the two radiating chips, 

such that they are within the main lobe of the horn antenna. The distance between the two 

chip elements was increased until the chips could no longer be synchronized to, in this 

case, 13 cm (∼22λ0). To compensate for the conversion loss of the W-band mixer, 

Microtech PL−60 lenses (focal length = 60 mm) were used between each chip and the 

receiving horn to focus the received power. In a similar fashion, the second harmonic 

wireless injection path also uses two lenses to focus the power toward each chip. Each 

chip is placed on an angled platform of 25° in order to direct the transmission power 

toward the receiving horn. 

                         

Figure 3.28 – Demonstration of individual locking. 
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Figure 3.29 – Demonstration of individual locking. 

The experiment procedure is as follows. First, we perform the mechanical 

alignment by tuning each IL-VCO, such that their frequencies are widely separated (> 

300 MHz). Then, each chip is, in turn, synchronized to by varying the injection 

frequency. This process is repeated until both radiating elements can be synchronized to. 

The result of this process is shown in Figure 3.28 and Figure 3.29, where each chip is, in 

turn, injection locked. Next, we take note that when the oscillator and injection 

frequencies are closely aligned, less injection power is required to lock to the receiver, 

and the receiver sensitivity is increased [32]. Our strategy, therefore, is to align the two 

oscillator frequencies, and then inject at exactly twice this frequency. In practice, the 

closeness between the two oscillators was limited by the tuning voltage, which had a 

minimum of resolution of 10 mV. To ensure the best overall sensitivity from both 

elements, we inject a frequency at two times the average of the two oscillator frequencies. 

Figure 3.30 shows the overlaid spectrum of the two free-running IL-VCOs prior to 
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tuning them to be close and the power-combined signal after synchronization. The 

spectrum sharpened significantly upon injection of the wireless signal, demonstrating 

effective synchronization and power combining for a wide antenna aperture size.  

                         

Figure 3.30 – Measured spectrum of free-running and power-combined signals 

(resolution bandwidth = 100 kHz). 

The combining efficiency can be characterized by measuring the 3-dB linewidth. 

Figure 3.31 and Figure 3.32 show the power-combined signal and a measured 3-dB 

linewidth of 6 kHz at 50 GHz, equivalent to a ratio of 120 ppb. In this experiment, the 

linewidth is mainly limited by the measurement equipment. A wider array aperture size 

may be achieved by employing a higher power, lower phase noise synchronization 

source. In addition, power supplies with finer resolution will allow for finer frequency 

tuning and result in increased sensitivity for both transceivers. Low phase noise 

oscillators may improve the linewidth of the combined signal at the cost of narrower 
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locking range and aperture size. Table	 3.1 provides a performance comparison between 

state-of-the-art mm-wave transceivers. As can be seen from Table	 3.1, this paper 

achieves the widest antenna aperture using a wireless injection signal and does not 

require costly post processing techniques, such as attaching silicon lenses or substrate 

thinning. This is the first demonstration of coherent WSMA with a wireless signal, 

achieving a wide array aperture size of 13 cm (∼ 22λ0).  

                         

Figure 3.31 – Measured 3-dB linewidth of the combined signal (resolution 

bandwidth = 1 kHz) 
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Figure 3.32 – Measured 3-dB linewidth of the combined signal (resolution 

bandwidth = 1 kHz). 

3.5. Conclusion 

This chapter reports the first demonstration of a coherent multichip system with widely 

spaced elements using wireless injection locking. Wireless injection locking of a single 

chip results in a 3-dB linewidth of 400 Hz at a carrier frequency of 50 GHz, or a stability 

of 8 ppb. In addition, spatial power combining using two widely spaced chips is 

demonstrated with 6-kHz, 3-dB linewidth, representing an array aperture of 13 cm 

(∼22λ0). The proposed architecture requires careful optimization as it exhibits strong 

tradeoff between linewidth and antenna aperture. Nevertheless, this paper sets the 

foundation for increasing the element spacing of an array through wireless injection 

locking, extending traditional array systems into the high-resolution, narrow-beamwidth 
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regime. Furthermore, the wireless nature makes the proposed methodology suitable for 

building an array on non-planar substrates or on mobile platforms.  

Table	3.1	–	Comparison	with	state-of-the-art	mm-wave	transceivers.	

 [38] [39] [15] This work 

Architecture Pulsed Pulsed CW CW 

Locking Mechanism Wired (D2I) Wired  

(AVCO) 

None Wireless  

Injection 

Process 130-nm 

BiCMOS 

130-nm  

BiCMOS 

90-nm  

BiCMOS 

65-nm  

CMOS 

Frequency (GHz) 50 30 530 50 

Lenses used Yes Yes Yes No 

Array Aperture 1.1cm 

(~1.8λ0) 

5cm (~5λ0) N/A 13cm (~22λ0) 

Multi-chip Spatial Combining Yes Yes No Yes 

Power Consumption (mW) 220 106 156 330 

Die Area (mm2) 0.47 2.85 4.2 6.46 
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Chapter 4 

A 500GHz 2×1 Transmitter Array in 90nm 
BiCMOS with Wireless Synchronization 

The WSMA architecture presented in Chapter 3 allows for rapid scaling of a mm-

wave array that enables significant increase in the total radiated power and reduction in 

array beamwidth. Based upon this architecture, in this chapter we present the design and 

implementation of a 500GHz transmitter array in 90nm BiCMOS technology. Each chip 

consists of a 2×1 transmitter array and a single-element wireless synchronization 

receiver. The transmitter utilizes a central 100GHz oscillator and distributes the power to 

two identical 100GHz PA chains. An ×5 frequency multiplier follows each PA chain and 

the power is radiated through an on-chip dipole antenna in each path. The receive path 

consists of a 100GHz dipole antenna, followed by a phase shifter and a frequency 

doubler. The doubled 200GHz signal injection locks the 100GHz injection-locked 

oscillator (ILO). The phase shifter allows for beam steering and phase compensation 

between different chip elements in the array. Each element delivers −8.5 dBm to the 
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antenna, and the 2×1 TX array delivers a total of −5.5dBm to the antenna. The 2×1 TX 

array radiation efficiency is 33% (−4.8dB). Each chip radiates a total power of 

−10.3dBm. This is the highest frequency silicon design demonstrated to date with 

coherent wireless array operation. 

4.1. Background 

One critical challenge at mm-wave frequencies is how to generate and radiate 

sufficient power, which allows for longer detection ranges in imaging radar systems. Due 

to the low gain of on-chip silicon active devices (amplifiers) and the high loss of passive 

devices (inductors, capacitors and T-lines), the total radiated power (TRP) significantly 

reduces as the frequency of operation increases. This relationship is demonstrated in 

Figure 4.1 [13], [14], [46]–[52]. In this graph, a point towards the upper-right corner 

indicates higher performance. The performance target for this work is 500GHz with a 

TRP of −10.3dBm. As can also be seen on the graph, although the works in [14] and [15] 

exhibit similar performances, both lack a mechanism for coherent array operation, 

making the designs unsuitable for scaling to achieve higher power and narrower 

beamwidth.  

Furthermore, it is challenging to increase the array gain in silicon mm-wave/THz 

arrays, which is critical to narrowing the array beamwidth and improving the resolution 

in imaging systems. Due to the costly silicon area, commercial die sizes have very limited 

area, usually on the order of a few mm2. The small silicon area results in a small antenna 

aperture with reduced gain. This issue can be addressed by using the WSMA architecture 

demonstrated previously in [53]. Wireless synchronization enables coherent array 
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operation, which allows the size of the mm-wave array to be scaled up to simultaneously 

increase the TRP and the gain of the array, thereby moving the performance point 

“upwards” as indicated in Figure 4.1. 

                       

Figure 4.1 – State-of-the-art mm-wave transceivers, frequency vs. power. 

Much research has been done to break the power-frequency tradeoff at mm-wave 

frequencies. In [15], the authors used a 170GHz Colpitts oscillator and radiated at the 

third harmonic at 510GHz. However, the 4x4 oscillator array were did not include a 

locking mechanism, thus each oscillator exhibited different free-running frequencies. As 

a result, the oscillator array cannot be used as a coherent array for beam forming or 

communications applications. In [18], the authors used many oscillators in a circular 
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fashion and combined the power in the geometric center of the circle of oscillators. While 

this method maximizes the total power in a given area, it lacks the scalability when a 

larger array aperture is required. In addition, the particular layout limits the possibility to 

place and route on-chip antennas or wirebonds at the point of combined output, limiting 

application practicality. In [17], the authors used the antenna as the immediate load to the 

oscillator core without intermediate buffer amplifiers, achieving a compact and scalable 

mm-wave array. The antenna design, however, proves challenging as it needs to provide 

simultaneous fundamental and second-harmonic matching. At the fundamental 

frequency, the antenna is required to provide resonance at the oscillation frequency and a 

minimum conductance to ensure successful oscillator start-up. At the second harmonic, 

the antenna should provide the impedance that maximizes the power delivery to the 

antenna. Either the fundamental or second-harmonic matching alone can be done 

systematically, however achieving both goals simultaneously proves challenging and 

often entails trading off antenna efficiencies in order to preserve oscillator start-up.  

Wireless synchronization using injection locking is a powerful way to scale the 

array size. As shown below in Figure 4.2, a single free-running oscillator can be locked 

to an external reference ωinj provided that this reference source has sufficient power and 

its frequency close enough to the oscillator free-running frequency. In [16], coupled 

oscillators were used to create a scalable array of oscillator-antenna cores, illustrated 

conceptually in Figure 4.3. This method eliminates the need for external frequency 

synchronization, but the coupling network needs to satisfy a number of conditions that 

are difficult to satisfy at the same time. First, at mm-wave frequencies, the coupling 

network loads the oscillator and may prevent it from successfully starting up. Second, to 
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ensure mutual locking, the coupling network needs to provide maximum power coupling 

between each oscillator core. In addition, depending on the number of oscillators, there 

are multiple possible modes of mutual locking, e.g. in-phase or out-of-phase. The array 

generates less power when it enters undesirable modes. Ensuring in-phase mutual 

injection locking may result in compromising the performance of the coupling network 

and increases the network’s sensitivity to PVT variations. 

 

Figure 4.2 – Single-element locking. 

 

Figure 4.3 – Mutual injection locking. 

 

Figure 4.4 – Array locking using a common reference (proposed in this work). 
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To alleviate the aforementioned issues, in this work we propose to use a single 

reference source to lock to a mm-wave/THz array, shown conceptually in Figure 4.4. 

This obviates the need to design coupling networks that compromise the circuit 

performance as described above. Each oscillator path can thus be individually and 

systematically optimized. The 500GHz 2×1 transmitter array is implemented in 90nm 

BiCMOS technology that incorporates wireless synchronization. This allows for the THz 

array to be scaled without scaling the costly silicon area, and results in increased TRP, 

widened antenna aperture, and reduced beamwidth for the mm-wave/THz array. In order 

to prevent the fundamental and second-harmonic impedance tradeoff mentioned 

previously, the proposed design incorporates a multiplier-last architecture that receives at 

100GHz and radiates at 500GHz. This architecture decouples the oscillator from the 

antenna, allowing for individual, systematic optimization of the matching network to 

meet both conditions for oscillator start-up margin and the antenna radiation efficiency. 

No coupling network is required from this architecture. The transmitter array can be 

scaled by using power dividers and increasing the number of transmitter chains. 
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4.2. Architecture 

                       

Figure 4.5 – The architecture of the 2×1 500GHz wirelessly synchronized 

transmitter array. 
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The proposed architecture is shown in Figure 4.5. The chip receives a 100-GHz 

wireless synchronization signal and radiates −10.3dBm at 500GHz. The required 

injection power level is −30dBm at a 10MHz offset from the free-running frequency of 

the ILO. The TX and RX antennas are placed orthogonally in order to reduce direct 

coupling caused by lateral and surface waves, as described in [53]. The transmit antennas 

are placed 500µm apart for maximum radiation efficiency due to TE surface wave 

cancellation. The synchronization signal is injected at the tail of the VCO to preserve the 

oscillator tank Q. This ensures sufficient oscillator start-up margin and sufficient 

oscillator output power. 

The transmitter block diagram is shown below in Figure 4.6. Due to the high 

losses of on-chip passive elements and the aforementioned difficulty in modeling high-

frequency devices, a conservative 100GHz (well below the ft) was selected as the central 

distribution frequency. This central oscillator divides the power evenly to each 

transmitter path through a T-junction divider. Each path then incorporates buffers, pre-

drivers, and power amplifiers and delivers 1mW to each ×5 multipliers. The conversion 

gain of the multipliers from 100GHz to 500GHz is about -10dB. Each element delivers -

7.6 dBm to the antenna, and the 2×1 delivers a total of -4.6dBm to the antenna. The 2×1 

radiation efficiency is 33% (-4.8dB). The TRP from the 2×1 array is thus -7.6 dBm - 4.8 

dB = -12. 3dBm.The dipole antennas are spaced 500µm apart, which is equivalent to 1.6 

λ0 in silicon at 500 GHz.  
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Figure 4.6 – Architecture of the 500GHz 2×1 transmitter array. A central 100-GHz 

oscillator distributes the power to two identical transmitter chains. 

The block diagram of the receiver is shown below in Figure 4.7. The receiver 

first receives the 100GHz signal through an on-chip dipole antenna. This antenna is 

placed orthogonally relative to the transmit antennas in order to reduce the undesired TX-

RX coupling that causes injection pulling or instability. The receiving frequency is 

chosen to be 100GHz because the cost of external frequency generation increases as the 

frequency increases. The receiver consumes about 130mA from a 1.5V supply, which 

balances the tradeoff between the cost of external frequency generation and on-chip 

power consumption. The phase shifter is incorporated in the receive path, prior to the 
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frequency doubling. Performing the phase shift at lower frequencies allows for more 

accurate device modeling and higher gain. 

 

Figure 4.7 – Architecture of the 100-GHz receiver with on-chip dipole antenna. The 

input signal is phase shifted to compensate for phase differences across different 

silicon dies. The locking frequency is doubled before being injected to the ILO. 

4.3. Chip Implementation 

The chip was implemented in IBM’s 9HP 90nm BiCMOS technology with an ft 

of 300GHz and fmax of 350GHz. There are a total of 10 layers with the top layer being 

aluminum. The chip occupies an area of 2.4mm x 2.5mm. The passive elements including 

the antennas, T-lines, junctions, and capacitors are all modeled with EM simulators to 

ensure accurate modeling of high-frequency characteristics.	

4.3.1. Antenna Design 

Silicon designs below 30GHz often incorporate wirebonds in the signal path as 

the chip-board interface, and subsequently radiate through an array of PCB antennas. The 

PCB antennas often achieve higher radiation efficiency due to the low-loss sand high-

resistivity substrate doping. This method, however, becomes impractical at 100GHz and 
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500GHz. This is because at these frequencies, the length of the wirebond (~1mm) 

becomes comparable to the wavelength (λ=3mm and 0.6mm in air at 100GHz and 

500GHz). The wirebond can thus no longer be modeled as a small inductor, and the large 

variation of the wirebond lengths results in a large variation in impedance, causing 

unpredictable power delivery to the off-chip antennas. The most reliable way to capture 

and radiate the power at these frequencies is thus to use on-chip antennas.  

In this design, an 810µm dipole on a 250µm substrate as the receive antenna at 

100GHz. This achieves a receiving radiation efficiency of 30%. The transmit antennas 

are 290µm in length and 500µm apart from each other. This achieves maximum TE mode 

surface wave cancellation and increases the overall radiation efficiency, as described by 

[41]. This concept is shown below in Figure 4.8. As can be seen from the numerical 

simulation in Figure 4.9, placing two antennas at 500µm apart increases the overall 

radiation efficiency from 27% to 33%. In the WSMA architecture described in Chapter 3, 

the receive frequency (100GHz) is an even multiple of the transmit frequency (50GHz), 

thus necessitating the use of an M1 ground plane to allow for individual substrate 

thickness optimization of both the on-chip receive and the transmit antenna. In this 

design, the frequency of radiation (500GHz) is an odd multiple of the fundamental 

oscillation frequency (100GHz), which allows for us to use the same 250µm substrate 

thickness across the entire chip that achieves simultaneous optimized radiation efficiency 

for both the TX and RX antennas. 
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Figure 4.8 – Transmit antenna design. Left: Direction of surface waves [41]. Right: 

Simulated 3D structure including the differential ground for the dipole antenna. 

                       

Figure 4.9 – Numerical simulation of the radiation efficiency of the transmit 

antenna. The 2×1 dipole array achieves a higher overall radiation efficiency due to 

the cancellation of the TE surface waves. 
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4.3.2. 100-GHz ILO and 200-GHz Doubler 

The ILO oscillator core needs to provide sufficient negative conductance for 

sufficient oscillator start-up margin despite PVT variations. This requires us to maximize 

the oscillator tank Q, which adversely affects the injection locking range. In traditional 

sub-5GHz systems, one design approach is to reduce the tank Q in order to increase the 

injection locking range. Since at 100GHz there is less margin to tradeoff on, we simply 

design the ILO to achieve maximum negative conductance to ensure oscillator start-up. 

As a rule of thumb, the positive conductance that models the tank loss should be half or 

less of the negative conductance provided by the cross-coupled core. In this design, the 

npn’s used in this design have 8µm widths. The feedback ratio C1/(C1+Cpar)=0.7. This 

feedback ratio determines the unloaded negative conductance provided by the cross-

coupled oscillator core. The simulated corss-coupled core and load admittances are 

Ycore=−5.5m+j25m and Yload=3.2m−j25m Siemens at 100GHz. The loaded tank 

susceptance is zero at 100GHz which implies resonance at this frequency. The negative 

conductance is about twice as the positive conductance, which provides sufficient 

oscillator start-up margin despite PVT variations. The schematic of the ILO is shown 

below in Figure 4.10. 

It is critical to fully simulate the EM effects of matching network to ensure 

successful oscillator start-up. The T-junction that connects the series and shunt 

differential T-lines is about 50µm × 50µm in dimensions, which is equivalent to about 

0.03 guided wavelength in silicon at 100GHz. It also has an asymmetric structure and 

contributes to the matching network. The junction should therefore be included in the 

matching network to ensure proper matching and oscillator start-up. This simulated EM 
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structure of the junction is shown in Figure 4.11. The signals are implemented on the 

top-level metal, with side connecting through the second-from-the-top metal through 

vias. Transmission line parameterized cells (p-cells) are used to converge to a coarse 

design point. Both the junction and the T-lines are simulated in IE3D to achieve accurate 

fine tuning. 

To achieve maximum accuracy, we extracted the ILO core structure into IE3D in 

order to perform full 3D simulations, shown below in Figure 4.12. Unfortunately, the 

large number of ports, vias and the complex routing structure takes up a significant 

portion of EM simulation memory and could not be run due to server memory 

constraints. In order to simplify the simulation while achieving acceptable accuracy, in 

this design Calibre’s xRC was used to extract the resistances and capacitances as our best 

approximation. If time permits, this structure can be simplified to allow for full-3D EM 

simulation. Figure 4.13 below shows the simulated output power spectrum of the loaded 

100GHz ILO. Due to the asymmetric T-line junction shown in Figure 4.11, the ILO has 

an asymmetric output spectrum. The positive and negative single-ended output powers at 

100GHz are −8.8dBm and −6.9dBm, respectively. Incorporation of the EM models for 

the matching network allows for accurate simulation of the oscillator start-up margin as 

well as optimized matching to achieve maximum power delivery. 
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Figure 4.10 – Schematic of the 100-GHz injection-locked oscillator. 
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Figure 4.11 – Inter-stage matching for the 100-GHz injection-locked oscillator. 

                       

Figure 4.12 – EM simulation of the 100-GHz ILO. 



	 96	

     

                    

Figure 4.13 – PSS simulation of the 100-GHZ ILO. Top: steady-state transient 

simulation. Bottom: output power spectrum. The asymmetry is due to the junction. 
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Figure 4.14 – Large-signal simulation of the 200-GHz frequency doubler. The design 

point has an input power of −5dBm, output power of −25dBm, and corresponds to a 

conversion gain of about −19dB. 

 

4.3.3. 100GHz PA and 500GHz Multiplier 

The schematic of the 100GHz PA and the 500GHz multiplier is shown below in 

Figure 4.15. It incorporates 3-element matching for each PA stage. It consists of a series 

capacitor that decouples the DC of each stage and provides clockwise matching around 

the Smith Chart, a series transmission line that further rotates clockwise, and finally a 

shunt transmission line that rotates counter-clockwise along the constant conductance 

circle to cancel out the negative reactance of the active device. At high frequencies, the 

capacitor interconnects contribute to parasitic inductances and lead to reduced self-
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resonant frequency (SRF). Small capacitances (<100fF) are selected in order to ensure 

that the operating frequency is much lower than the SRF. This improves the model 

accuracy of the capacitors at mm-wave frequencies. Since the capacitor provides limit 

tuning freedom, most of the matching is performed using the series and shunt T-lines. 

The typical matching methodology is shown below on the Smith Chart in Figure 4.16. 

Each element delivers −8.5dBm to the antenna, and the 2x1 TX array delivers a total of 

−5.5 dBm to the antennas. 

Differential tub structures are used to perform inter-stage matching for the PA and 

the ×5 multiplier. The tub structure is the equivalent of the coplanar and microstrip T-line 

structures with vias that short the coplanar grounds and the bottom ground shields. This 

structure provides excellent isolation compared to either coplanar or microstrip T-line 

structures alone [54]. The junctions need to be carefully simulated at mm-wave 

frequencies in order to achieve optimal matching, similar to those presented in 4.3.2. The 

odd-mode impedance can be estimated by the following equation: 

BC,CEE =
?CEE

'CEE + 2'F
 

Equation	4.1	–	Expression	for	odd-mode	impedance	of	the	differential	tub	T-

line	structure.	

where Zo,odd is the odd mode impedance, Lodd is the odd-mode unit-length 

inductance, Codd is the odd-mode unit-length capacitance due to the ground shield, and CC 
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is the unit-length coupling capacitance between the differential lines. The odd-mode 

characteristic impedance of the implemented structure is 47 Ω. 

 

Figure 4.15 – Schematic of the 100-GHz power amplifier and the ×5 multiplier. 
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Figure 4.16 – PA matching methodology. 

 

The 3D EM structure of the antenna and ×5 frequency multiplier matching 

network is shown below in Figure 4.17. The matching network for the multiplier uses 

only a 2-element matching network, namely a shunt and a series transmission line. 

Introducing a third, shunt transmission line matching adds the benefit of a more 

optimized matching since the multiplier needs to tune impedances at both 100GHz and 
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500GHz to optimize the conversion gain and the output power at 500GHz. However, the 

use of a T-junction introduces significant loss and asymmetry at 500GHz, In addition, at 

500GHz the transmission lines have very high loss. These mechanisms significantly 

offset the benefits of a third matching element. Using the matching network shown below 

in Figure 4.17, we can extend the shunt transmission line on the other side of the dipole 

antenna, thus achieving two-element matching network and avoiding the use of a lossy 

and asymmetric T-junction. 

For mm-wave design above 50GHz, it is important to model the passive elements 

with EM simulators to ensure the best accuracy. The device models provided in the 9HP 

design kit matches physical measurements only up until 50 GHz. Beyond this frequency, 

the models are extrapolated and less accurate. In particular, the capacitors (regardless of 

type) are only modeled with capacitances and resistances, but not inductances, making it 

difficult to predict the behavior beyond the capacitor’s self-resonance frequency (SRF). 

In order to ensure the most accurate simulation at 100/500GHz, we can select a capacitor 

structure that can be fully simulated with EM simulators. This rules out the use of MIM 

capacitors that includes active layers that are difficult to simulate. In this design, the 

vertical natural capacitor (vncap) can be simulated with fairly good accuracy and is an 

excellent candidate for mm-wave/THz frequencies. This structure utilizes inter-digitated 

layers of metals to create the capacitance. The interconnect layouts are critical as it 

affects the SRF (and thus the high-frequency characteristics) of the capacitor. One 

practical issue that arises with this structure is the large array of vias between layers, 

which take up substantial memory during simulations. Since the vias contribute to a non-

negligible amount of capacitance, we can merge the vias in simulation in order to 
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simplify the meshed structure. To compensate for the overestimated capacitance, we use 

a slightly larger structure that provides tolerance from the extra capacitance as a result of 

merging the vias.  

 

Figure 4.17 – 3D view of the EM model for the 500-GHz on-chip dipole antenna 

including shunt and series stub matching. Symmetry is preserved by using only two 

T-lines to perform the output matching.  

The 3D EM structure of the wirebond is shown below in Figure 4.18. In 

traditional sub-5GHz RF, the wirebond can be accurately modeled using ideal inductors. 

At mm-wave frequencies, however, the size of the wirebond is on the order of the 

wavelength and needs to be fully EM-simulated. The simulated wirebond structure 

exhibits multiple resonances at 30GHz, 60GHz, and so forth. This wirebond model is 

used to ensure common-mode stability for all power amplifiers and multipliers. As will 

be discussed later, the wirebond simulation is particularly important for single-ended 

circuits such as the frequency doubler in the RX section of this design.  
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Figure 4.18 – Simulated 3D structure of the wirebonds, which exhibit multiple 

resonances. 

Figure 4.19 and Figure 4.20 below shows the standalone TX system-level 

simulation without turning on the RX. The system-level simulations include the junction 

and T-line EM models for every matching network. Due to the high frequency of 

simulation and the high complexity of the structure, the EM models were simulated only 

at harmonics of 100GHz up to the fifth harmonic of 500GHz. Due to these constraints the 

circuit simulation uses ideal current sources at 100GHz in place of the actual ILO since 

the ILO cannot be tuned to oscillate at exactly 100GHz. The positive and negative nodes 

of the PA-multiplier chain are slightly asymmetric due to the T-line junction of the 

matching network in the PA stage. The asymmetry is minimized in the last stage by using 

a two-element stub matching as shown in Figure 4.17. Each element delivers −8.5 dBm 

to the antenna, and the 2×1 transmitter array delivers a total of −5.5dBm to the antenna. 

The 2×1 radiation efficiency is 33% (−4.8dB). The total radiated power is thus −5.5 dBm 

− 4.8 dB = −10.3dBm. 
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Figure 4.19 – PSS simulation at the output of the multiplier: steady-state transient 

simulation.                

 

Figure 4.20 – PSS simulation at the output of the multiplier: spectrum of the output 

power delivered to the TX antenna. Each multiplier delivers a single-ended power of 

−8.5dBm to the antenna. 
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Figure 4.21 – Large-signal simulation of the ×5 multiplier. The points represent 

single-ended output power of the multiplier. In this design, the saturated output 

power at 500GHz is −11.5dBm when the input is 8.5dBm at 100GHz, corresponding 

to a conversion gain of −20dB. 

 

4.3.4. I/Q Generator and Phase Shifter 

In radars or imaging systems, the ability to perform electronic beamsteering is 

critical to achieve high-resolution scanning as well as avoid costly mechanical setups. 

The resultant phase of an injection-locked oscillator under the locked condition is the 

vector sum of the phases of the free-running oscillator and the injected signal [42]. 

Therefore, in order to enable the coherent power combining of the signals at a desired 
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point in air, the phases of each element in the multi-chip array needs to be tuned. This can 

be accomplished using an I/Q generator and a phase shifter.  

Mm-wave phase shifters can be broadly classified into passive and active 

topologies. Passive phase shifters are often utilized when linear phase is required. This 

minimizes the inter-symbol interference (ISI) in broadband signals and maintains the 

integrity of the transient signal in a pulsed communication system [24]. In addition, 

passive phase shifters exhibit high input-output linearity since they don’t employ active 

transistors that compresses easily as the signal amplitude increases. In this design, since 

neither linear-phase or linear input-output are important, an active, linear interpolator 

phase shifter was adopted in order to provide additional gain in the RX path, which 

improves the sensitivity and increases the maximum mm-wave antenna size and aperture. 

The linear interpolator consists of four differential amplifiers with current sources.  

The current sources control the weights of each phase. The outputs of the amplifiers are 

combined in the current domain to obtain the desired phase. The outputs are conjugate 

matched when two arms of the phase shifter are on in order to provide the maximum 

power gain. The resolution of the active phase shifter is also higher compared to that of 

the passive phase shifter since the resolution is limited only by the resolution of the DAC 

and not by the core of the phase shifter itself. The schematic of the linear interpolator is 

shown below in Figure 4.22. 

The I/Q generator utilizes a T-junction to equally split the power into the in-phase 

and quadrature paths. The quadrature path employs a quarter-wave transmission line to 

delay the signal by 90 degrees. Wilkinson power dividers are often used to perform 

power splitting since it provides input and output matching and port-to-port isolation. 
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However, these dividers require a resistor connected in between the two divided arms in 

order to provide port-to-port isolation, which often proves difficult to implement at mm-

waves. In addition, the interconnects between the resistor and the divided arms are 

difficult to model and are lossy at mm-waves. Due to these reasons, the Wilkinson power 

divider provides at most marginal benefits compared to the T-junction divider. Therefore, 

in this design the T-junction was adopted as it provides input matching and equal power 

split. The output mismatch results in a reduction in delivered power but can be tolerated 

in this case since the active phase shifter provides additional gain. To improve the 

sensitivity of the RX design, the quadrature signals are buffered before being fed into the 

phase shifter. The schematic of the I/Q generator is shown below in Figure 4.23. 

The simulated output of the phase shifter under the locked condition is shown 

below in Figure 4.24. Four different phases are shown: 45, 135, 225 and 315. Two of the 

phases 135 and 315 exhibit slightly smaller amplitudes due to the attenuation by the 

quarter-wave transmission line, which can be subsequently compensated for in the 

measurements by adjusting the weights of the current sources. The layout of the phase 

shifter is shown below in Figure 4.25. The quadrature signals are fed symmetrically from 

the sides, and the phase-rotated signal is combined at the center. The T-lines at the center 

are included as part of the output matching network.  
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Figure 4.22 – Schematic of the linear interpolator phase shifter. 
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Figure 4.23 – Schematic of the quadrature generator. T-lines are used to perform 

power splitting. The quadrature outputs are buffered before being fed into the 

phase shifter. 
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Figure 4.24 – Output of the phase shifter under the locked condition.  
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Figure 4.25 – Layout of the 100GHz phase shifter. The quadrature phases are fed 

symmetrically from the sides, and the phase-rotated signal is combined at the 

center. The T-lines at the center are included as part of the output matching 

network. 
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4.3.5. Chip Layout 

At mm-waves, the ground layout requires careful consideration to ensure 

amplifier stability and to avoid matching networks from being detuned due to ground 

interconnects or wirebond parasitics. The PCB ground represents the true analog ground 

due to its large area. There are two major choices in terms of ground layout design: 

1. Isolated on-chip grounds: The grounds are isolated on-chip but connected on 

the PCB through wirebonds. The circuit model is shown in Figure 4.23. 

2. Connected on-chip ground: The grounds are connected on-chip, forming a 

single large ground plane. The circuit model is shown in Figure 4.27. 

In the first case, inter-stage feedback is effectively eliminated due to the large PCB 

ground acting as an AC short for the feedback signal. This method however introduces 

both AC and DC non-idealities. DC non-ideality is caused by each amplifier stage having 

only one ground wirebond, which results in a raised ground due to the high bias currents, 

on-chip layout parasitic resistances and wirebond resistances. AC non-idealities are 

caused by the lack of an ideal on-chip ground, which results in the amplifiers effectively 

connecting to the wirebond inductance first before reaching the PCB ground. This leads 

to detuned or degenerated amplifiers. Another important drawback is that mm-wave 

differential amplifiers often rely on series RC circuits connecting from Vdd to Ground to 

provide a low-impedance path to ground in order to reduce the common-mode gain, 

which improves the common-mode stability. This common-mode path cannot assume 

zero impedance or infinite impedance, as this will reflect the common-mode signals 

without improving the common-mode stability. A low resistance value in the range of 5-



	 113	

30 ohms is typically optimal to provide a low-impedance path to “absorb” the common-

mode signal. The isolated on-chip ground method lacks an ideal on-chip ground, and thus 

the effect of common-mode de-Qing is severely limited, leading to unresolvable 

common-mode oscillations. For example, a 1nH wirebond at 10GHz introduces 63 ohms 

impedance, which is far greater than the optimal low-resistance required to ensure 

common-mode stability. The second method eliminates the off tuning or degeneration 

caused by the wirebonds in the first method, provided that the on-chip ground be laid out 

such that it resembles an ideal AC ground. This can be done by increasing the number of 

wirebonds and increasing the size of the on-chip ground. 

The connected on-chip ground was adopted in the layout of this design in order to 

achieve accurate matching network tuning and more stability. This is particularly 

beneficial for single-ended-output circuits, such as the frequency doubler in the RX path. 

To maximize the effectiveness of the connected on-chip ground, we maximize the area of 

the ground plane on chip and the number of bondpads that connect to this single ground 

plane. In this design, more than 40 ground pads are included to create a near-ideal on-

chip ground. As shown below in Figure 4.27, a large on-chip ground will make Lgndà0 

and a large number of wirebonds can make Lwbà0, forming an effectively ideal on-chip 

ground. The layout is shown below in Figure 4.28. The prototype PCB used to test the 

chip is shown below in Figure 4.29. A large ground plane that encompasses the chip 

creates the ideal AC ground and allows for short ground wirebonds. Each supply trace is 

4-mil in width to ensure reliable wirebonding. The lengths of thin traces are minimized to 

reduce the trace inductance. Each trace uses three surface mount (SMT) capacitors to 

cancel out the trace capacitance and improve stability. 
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Figure 4.26 – Isolated on-chip ground: Circuit Model. 

 

 

 

 

Figure 4.27 – Connected on-chip ground: Circuit Model. 
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Figure 4.28 – Layout of the 500GHz transmitter array chip with wireless 

synchronization. 
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Figure 4.29 – PCB prototype design. 
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Figure 4.30 – Chip Micrograph of the 500GHz 2×1 Transceiver.	

4.4. Conclusion 

In this chapter, we present a 500GHz 2×1 transmitter array based on the WSMA 

architecture. The chip is designed and implemented in 90nm SiGe BiCMOS technology. 

Wireless synchronization allows for coherent operation of the THz array and enables 

rapid scaling of the radiated power and narrowing of the array beamwidth. The RX 

consists of an on-chip dipole antenna, a phase shifter, buffers, and a frequency doubler. 



	 118	

The TX consists of an injection-locked oscillator, buffers, power amplifiers, ×5 frequency 

multipliers and on-chip dipole antennas. Substrate cancellation enhances the array 

radiation efficiency. The multiplier-last architecture enables systematic and optimal 

design of the oscillator and the antenna. An output power of −10.3dBm at 500GHz is 

demonstrated in simulation. The chip size is 2.2mm × 2.4mm. 

	

	

 

	



	 119	

Chapter 5 

Conclusion 

Mm-wave/THz design in silicon is a rapidly growing field with promising 

applications. This thesis addresses a few of the most critical challenges in this area 

including the miniaturization of silicon electronics for mobile applications, scaling the 

array size to increase the total radiated power and narrowing the array beamwidth for 

long-range, high-resolution radar applications.  

In Chapter 2, an integrated transceiver for time-domain electron paramagnetic 

resonance (EPR) spectroscopy is implemented using a 0.13µm SiGe BiCMOS 

technology. The system utilizes an on-chip resonator to study time domain relaxation 

behavior of paramagnetic samples, i.e. materials with unpaired electron spins. The single-

chip EPR spectrometer consists of an EPR resonator, 22-26GHz tunable VCO, a 

programmable pulse generation block, RF buffer and power amplifier, a multi-stage 

LNA, and down-conversion mixer all in a 2mm2-size chip area. Time-domain transceiver 
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operation is successfully measured with a 1-nS pulse width. This is the first 

demonstration of a fully-integrated, time-domain mm-wave EPR transceiver in silicon. 

In Chapter 3, the design of a Wirelessly Synchronized Multi-chip Array (WSMA) 

in 65-nm CMOS is introduced. The proposed architecture makes use of a central wireless 

signal to synchronize a mm-wave array, eliminating the need for connecting wires 

between the array elements. Wireless injection locking of a single chip is successfully 

demonstrated and a 3-dB linewidth of 400 Hz at a carrier frequency of 50 GHz is 

achieved (stability ratio of 8 ppb). In addition, a 2-element WSMA with an array aperture 

greater than 20 wavelengths is demonstrated using the proposed transceiver architecture. 

The reported transceiver includes a receiving on-chip antenna, a low-noise amplifier, an 

injection-locked voltage-controlled oscillator, a buffer amplifier, an in-phase/quadrature 

generator, a phase shifter, a power amplifier, and a transmitting on-chip antenna. The 

chip is fabricated in a 65-nm CMOS process and occupies an area of 1.7 mm x 3.8 mm. 

This work sets the foundation for increasing the array aperture through wireless injection 

locking, extending traditional array systems into the high-resolution, narrow-beamwidth 

regime. �

In Chapter 4, a 500GHz 2×1 transmitter array based on the WSMA architecture is 

designed and implemented in 90nm SiGe BiCMOS technology. Wireless synchronization 

allows for coherent operation of the THz array and enables rapid scaling of the radiated 

power and narrowing of the array beamwidth. The RX consists of an on-chip dipole 

antenna, a phase shifter, buffers, and a frequency doubler. The TX consists of an 

injection-locked oscillator, buffers, power amplifiers, ×5 frequency multipliers and on-

chip dipole antennas. Substrate cancellation enhances the array radiation efficiency. The 
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multiplier-last architecture enables systematic and optimal design of the oscillator and the 

antenna. An output power of −10.3dBm at 500GHz is demonstrated in simulation. The 

chip size is 2.2mm × 2.4mm.  

Further research can help push the performance of silicon mm-wave/THz 

systems. For example, in the proposed WSMA architecture, a feedback loop to optimize 

the coherent combined power can help close the loop and enable fully automated WSMA 

operation. Techniques that increase the RX sensitivity or improve the IL-VCO locking 

range can further widen the array size and improve the output power and narrow the array 

beamwidth. 
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